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PREFACE

Analog Integrated Circuits deals with the design and analysis of modern
analog circuits using integrated bipolar and field-effect transistor technologies.
This book is suitable as a text for a one-semester course for senior level or
first-year graduate students as well as a reference work for practicing engin-
eers. Advanced students will also find the text useful in that some of the
material presented here is not covered in many first courses on analog circuits.
Included in this is an extensive coverage of feedback amplifiers, current-mode
circuits, and translinear circuits. Suitable background would be fundamental
courses in electronic circuits and semiconductor devices.

This book contains numerous examples, many of which include commercial
analog circuits. End-of-chapter problems are given, many illustrating practical
circuits.

Chapter 1 discuses the models commonly used to represent devices used in
modern analog integrated circuits. Presented are models for bipolar junction
transistors, junction diodes, junction field-effect transistors, and metal-oxide-
semiconductor field-effect transistors. Both large-signal and small-signal
models are developed as well as their implementation in the SPICE circuit-
simulation program.

The basic building blocks used in a large variety of analog circuits are
analyzed in Chapter 2; these consist of current sources, dc level-shift stages,
single-transistor gain stages, two-transistor gain stages, and output stages. Both
bipolar and field-effect transistor implementations are presented.

Chapter 3 deals with operational amplifier circuits. The four basic op-amp
circuits are analyzed: (1) voltage-feedback amplifiers, (2) current-feedback
amplifiers, (3) current-differencing amplifiers, and (4) transconductance ampli-
fiers. Selected applications are also presented.

In Chapter 4 feedback amplifiers are discussed. A detailed analysis pro-
cedure for various feedback configurations is developed and numerous
examples of feedback circuits are presented. Stability considerations and
methods for compensation of feedback amplifiers are also discussed.
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Chapter 5 deals with translinear circuits; these are circuits that exploit the
linear relationship between the transconductance of a transistor and either its
current or voltage. Applications of translinear circuits include implementation
of analog functions and generation of trigonometric functions. These circuits
find use in communications, signal processing, and control systems.



Chapter 1

Models for Integrated-Circuit
Devices

In the analysis, design and simulation of integrated circuits, models are used
to represent the electrical behavior of the devices in the circuit. Consequently,
the accuracy to which the actual circuit performance is predicted depends
directly on the suitability and accuracy of the models used to represent the
devices. It is important that the circuit designer understand the limitations and
range of applicability of the device models and the approximations used in their
derivation.

In this chapter we discuss the models commonly used to represent devices
in analog integrated circuits: bipolar junction transistors, junction diodes, junc-
tion field-effect transistors, and metal-oxide-semiconductor field-effect transis-
tors. Included will be models as implemented in the circuit simulation program
SPICE.

1.1 Bipolar Junction Transistor

A bipolar junction transistor (BJT) is formed with two pn junctions in close
proximity to each other. Shown in Fig. 1-1 is a cross-sectional view of a typical
silicon bipolar transistor structure used in modern integrated circuits. Depicted
is an npn transistor comprised of a heavily doped (N ") emitter region, a lighter-
doped (N ™) collector region, and an intervening (P) base region. Electrical
contact to the base region is provided by the P* polysilicon layer, and the P
contact enhancement region (which reduces series parasitic base resistance),
and contact to the collector region is made through the N buried layer (which
reduces the series parasitic collector resistance), the N~ layer, and the N contact
enhancement region. Isolation from other devices in the circuit is provided by
the insulating silicon dioxide (SiO,) layer (which completely surrounds the
device laterally) and by the p-type substrate (which forms a pn junction—nor-
mally reverse biased—between the collector region and the substrate).

E. W. Greeneich, Analog Integrated Circuits 1
© Chapman & Hall 1997



2 Chapter 1 - Models for Integrated-Circuit Devices

Figure 1-1 Cross-sectional view of an npn bipolar integrated-circuit transistor.

The active portion (also termed the intrinsic portion) of the transistor is the
vertical N* /P/N ™ layer structure shown beneath the emitter metallization. A
one-dimensional representation of this intrinsic device portion is shown in Fig.
1-2(a). Under normal operation, the emitter-base junction is forward biased and
the collector-base junction is reverse biased. In this configuration, carriers
(electrons for an npn transistor) are injected into the base by virtue of the
forward bias on the emitter junction. These carriers move by a combination of
drift and diffusion through the base to the collector junction, where, due to the
reverse bias on this junction, are swept into the collector region, giving rise to
a current in the collector. This current, originating in the emitter, is thus
controlled predominantly by the emitter-base junction bias and accounts for this
structure being an active (transistor) device.

Figure 1-2(b) shows the circuit symbol for an npn transistor and the sign
convention for voltages and currents. Under normal operation (in which the
device is operating in the forward-active region), V. is positive, V,. is negative,
and currents flow in the directions depicted in the figure. A one-dimensional
representation of the intrinsic portion of a pnp transistor is shown in Fig. 1-2(c)
and its circuit symbol is illustrated in Fig. 1-2(d). For a pnp transistor operating
in the forward-active region, V,. is negative, V,. is positive, and currents flow in
the directions depicted.

Ebers—Moll Static Model

A relatively simple, but yet adequate for many cases, large-signal model for
the bipolar transistor is the Ebers—Moll model [1]. It describes the transistor
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Vbe

.
B O- Vce

I
b Vpe -

(b) (d)

Figure 1-2 (a) One-dimensional representation of the intrinsic portion of an npn
transistor structure; (b) npn transistor symbol and sign convention; (c) pnp tran-
sistor structure; (d) pnp transistor symbol and sign convention.

currents in terms of the two pn junction currents and their respective junction
voltages and is illustrated in Fig. 1-3. The emitter-base and collector-base
junction currents are given by

Tep = Igs (7™ — 1) (1-1)
Ieg=Ics (e = 1) (1-2)

where Igs and I are the reverse saturation currents of the emitter-base and
collector-base junctions, respectively and k7T'/q is the thermal voltage.
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Figure 1-3 (a) Emitter and collector junction currents used in the Ebers—Moll
model of the bipolar transistor. (b)) Common-base Ebers—Moll static model of an
npn transistor.

The total collector current (I¢) is comprised of the collector junction current
(Icg) and the fraction of the emitter junction current (/gg) reaching the collector.
This current arises from the carriers injected from the emitter into the base and
their subsequent transport through the base to the collector. This fraction is
denoted a and represents the ratio of the collector to emitter current when the
transistor is operating in the normal (forward-active) mode of operation; that
is, with the emitter-base junction forward biased and the collector-base junction
reverse biased. Typical values for o in modern integrated-circuit transistors are
0.98-0.995. With reference to the circuit model shown in Fig. 1-3(b), the
terminal collector current is

Ic=oplgr — I (1-3)

Likewise, the total emitter current (Iz) is comprised of the emitter junc-
tion current (fgr) and the fraction oz of the collector junction current reaching
the emitter. oy represents the ratio of the emitter to collector current when
the transistor is operating in the inverse (reverse-active) mode of operation
(collector-base junction forward biased and emitter-base junction reverse
biased). Owing primarily to the large difference in the impurity doping
concentrations in the emitter and collector regions of the transistor, o is
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smaller than oy, with typical values ranging from 0.5 to 0.9. From Fig. 1-
3(b),

Ig = Igr — aglcy (1-4)
Applying Kirchoff’s current law for the base current (I = Iz — I.) gives
I =1 —ap) I+ (1 — og) Icr (1-5)

It can be shown from reciprocity conditions applied to the emitter and
collector junctions [2] that

aples = ag Ics = I (1-6)
where I the saturation current of the BIT and is given as
Dyn; A
Is= 9Csni Ae (1-7)
Os

Dy is the diffusion constant for minority carriers in the base (electrons for an
npn, holes for a pnp), n; is the intrinsic carrier concentration of the semicon-
ductor, Ag is the area of the emitter-base junction, and Qp is the number of
majority carrier charges per unit area in the base (holes for an npn, electrons
for a pnp). Typical values for I in an integrated-circuit transistor range from
about 10”7 A for a small-geometry, low-current device to 10~ A for a large device
such as might be used in the output stage where large currents are required.
Using Eq. (1-6) in Eqs. (1-3) and (1-4) gives for the Ebers-Moll equations:

I
IC — IS (quBE/kT _ 1) _ _i(quBC/kT _ 1) (1-8)
OR
1
IE — _S_ (quBE/kT _ 1) _ IS (e‘IVBClkT — 1) (1'9)

AF
These equations describe the large-signal behavior of the bipolar transistor and,
as such, there is no restriction on either the magnitude or polarity of the
junction voltages. They can thus be used to describe transistor operation in
four regions of operation:

(i) Forward-active. Here, the emitter-base junction is forward biased (Vgg posi-
tive for an npn, negative for a pnp) and the collector-base junction is reverse
biased (Vgc negative for an npn, positive for a pnp). If the reverse bias on the
collector junction is at least several kT /q in magnitude, then the exp (qVac/kT)
terms in Egs. (1-8) and (1-9) are much smaller than — 1 and can be neglected.
This gives for forward-active region:

I
Ie=I(e™ " — 1)+ L (1-10)
Qp
IS qVee/kT
Ir=—"(e -1+ (1-11)

QF



6 Chapter 1 - Models for Integrated-Circuit Devices

Equation (1-11) can be used in Eq. (1-10) to express the collector current
in terms of the emitter current:

Ic=aplg+ 1o (1-12)
where

o= Is(1 —arag) (1-13)
QAR
Ico is the collector current obtained with the emitter open circuited (/= 0). At
room temperature (27°C), Ico is small (typically in the range of 10~ "> A-10~ ' A) and
can usually be neglected. However, for silicon, /o doubles for about every 8°C
increase in temperature and so may not be negligible at high temperatures.
Normally in the forward-active mode the base-emitter bias is at least several
kT/q in value so that exp (qVge /kT) is => 1. Neglecting the — 1 and I terms in
Egs. (1-10) and (1-11) gives

IC ~ IS quBE/kT (1_14)
and
IS qVee/kT
15""""0(—6 (1'15)
F

as commonly used expressions for the collector and emitter currents.

(ii) Reverse-active. In this region, the emitter-base junction is reverse bi-
ased and the collector-base junction is forward biased, which results in carriers
being injected from the collector region (which now acts like and emitter) into
the base where they transport through the base and are collected by the reverse
bias on the emitter (which now acts like a collector). The transistor is operating
in an inverse mode and the directions of the emitter and collector currents are
now reversed from that depicted in Fig. 1-2.

For |Vggl <<— kT/q, |Vgel = kT /q, and neglecting the reverse bias leakage
current, we have from Egs. (1-8) and (1-9)

15

Io=~ —a—e"v"“’” (1-16)
R

IEz _Isqusc/kT (1_17)

(iii) Saturation. Here, both junctions are forward biased and hence both are
injecting carriers into the base. Each junction acts both as an emitter and
collector, and the net behavior can be described by a superposition of forward-
active and reverse-active modes.
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| 1 |
IBE _ S (quBE/kT _ 1)’ IBC — S (qusc/kT _ 1)’ ICE — IS‘BE (quBE/kT _ quBc/kT)’
F

Be Br

Figure 1-4 Common-emitter Ebers—Moll static model of an npn transistor.

For |Vggl > kT /q and |Vgcl >>kT /g, again neglecting the reverse leakage cur-
rent,

IC ~ IS quBE/kT _ ﬁ_ quBC/kT (1'18)
QR
IS qVee/kT qVec/kT
Ip=—ce —Ise (1-19)
OF

I and I; may both be positive or negative, depending on which junction injects
more heavily. The base current is always positive (flowing into the base for
an npn transistor and flowing out of the base for a pnp transistor) because it
is supplying carriers to the base for injection back into the emitter and collec-
tor regions due to the forward bias on each junction.

(iv) Cutoff. In this region, both junctions are reverse biased and the only
currents that flow are those which comprise the small reverse leakage currents
of the two junctions. For For |Vgel <—kT/q and Vel <— kTlq,

Ie~ —Is(1 = 1/ag) (1-20)

A common-emitter configuration of the Ebers—-Moll model is shown in Fig.
1-4. This form is used in many circuit simulation programs (e.g., SPICE [3])



8 Chapter 1 - Models for Integrated-Circuit Devices

to model the large-signal static characteristics of bipolar junction transistors.
From the model, the terminal currents are

1
IC_:[s(e‘leglkT_ 1) —15‘(1 _l_E_) (qusc/kT__ 1) (1_22)
R
Ig=1s (1 + BL) @ = 1) = I (™" = 1) (1-23)
F
I = I Vel _ |y 4 I aVeckT _ ¢ 1-24
B_E;(e ) —B—;(é’ ) (1-24)

Br is the forward common-emitter current gain, I-/Iz at Ve = 0, and is related to
the forward common-base current gain ar as

QF

Br=

B l—aF

(1-25)

Bk is the reverse common-emitter current gain, — I/Ip at Vg = 0 and is related
to the reverse common-base current gain oy as

QR

Br=

B l—aR

(1-26)

Figure 1-5 shows simulated I~V characteristics of an npn transistor using
Egs. (1-22) and (1-24), illustrating the behavior in the four regions of oper-
ation. Note that in the saturation region, Vg is small. A bipolar transistor

operating in this region is often modeled by assuming a constant voltage,
Ve (sat), typically 0.1-0.2V in value, to represent the saturation condition.

12 I
i Ib = 100 pA
10 E
I 80
8 pA
< [ 60
E S L
o I 40 pA
L
[ 20 pA
2
| Ib=0
0
ol T
-1.0 -0.5 0.0 0.5 1.0

Vce (volts)

Figure 1-5 Simulated common-emitter output characteristics for an npn transistor
at 27°C. Device parameters are Is=2 X 10 TI6 A, Br =100, and B¢ = 10.
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Cie == = Cpe SZ* 18:12

OE

Figure 1-6 Common-emitter Ebers—Moll large-signal model of an npn transistor.

Ebers—Moll Dynamic Model

Charge storage in the bipolar transistor is modeled by adding capacitances to
the equivalent circuit. These capacitances model the charges associated with
the junction depletion regions and the neutral regions of the device. Figure 1-6
shows the large-signal common-emitter Ebers—-Moll model with these
capacitances added. Cjg and Cjc represent the space-charge capacitances of the
emitter-base junction and collector-base junction depletion regions, respective-
ly. They vary in accordance with the bias voltage applied to the junction and
can be adequately modeled for reverse and small forward bias as

GO _
Ce (Vi) = = e (127
Coe (Voo = —£ O (1-28)

(1 = Vac/do)™

Ciz (0) and Cic (0) are the values of the emitter-base and collector-base junction
capacitances at zero bias (Vgg =0 or Vzc = 0), g and ¢ are the emitter-base and
collector-base junction barrier potentials, and m; and m are the emitter-base and
collector-base junction gradient factors. For a uniformly doped step junction,
m is }, whereas for a linearly graded junction, m is L. In practice, actual junctions
will have a value for m between these values, the specific value dependent on
the particular impurity dopant concentration profile. It is common to choose
either 1 or 1 to represent a given junction, the choice being made based on
whether the junction doping profile appears closer to a step grade or to a linear
grade. In SPICE [4], if the Ebers—-Moll model is used, the value for m is fixed
at ;.
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Equations (1-27) and (1-28) are written for an npn transistor, where Vgg and
Vac are negative for reverse bias. For a pnp transistor, use Vg and Vg in Eqgs. (1-27)
and (1-28), respectively.

To prevent infinite values for the junction capacitances at forward voltages
equal to the junction barrier potentials, SPICE limits the forward bias for
which Egs. (1-27) and (1-28) are used to F &z and Fc e, where F¢ is a factor
between 0 and 1 (SPICE default = 0.5). For forward biases larger than these
values, the junction capacitances are modeled by a linear extrapolation:

Ci (0 V,
ch(vBE)=—£Q+T,(1 —Fe(l +mp) + 2 BE) for Vgg = Fedr  (1-29)
(1=Fo E
Cic (0 V
CjC(VBC) z%(l)w<l —Fc(l +mc)+ e BC) f01' VBC—>—FC¢C (1‘30)
(I1-Fp c

Charge storage due to the mobile carriers injected into the neutral regions
of the transistor are modeled by the diffusion capacitances Cpg and Cpc. Cpg
represents the capacitance associated with injection at the emitter junction and
Cpc represents the capacitance associated with injection at the collector junction.
They are given as

4
Coe (Vi) = w%eqv“’” (1-31)
_ gl qVec/kT
Coc (Vae) = 'TR—kT e (1-32)

where 7 is the forward transit time across the neutral base region from emitter
to collector, and 7 is the reverse transit time across the neutral base region
from collector to emitter. Under reverse bias, the diffusion capacitance is small
compared to the junction capacitance and is usually neglected.

Base-Width Modulation

As depicted in Fig. 1-5 the Ebers-Moll model gives a constant collector
current with respect to Vg for a transistor operating in the forward-active or
reverse-active regions. In practice, the collector current is seen to increase with
increasing collector—emitter voltage, as illustrated in Fig. 1-7 for forward-
active bias. This increase in collector current is a result of a change in the
neutral base width with collector junction bias. An increase in the reverse bias
on the collector junction increases the width of the collector-base depletion
region, which, in turn, causes the width of the neutral base region to decrease.
The effect of this base-width modulation on the collector current (called the
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Figure 1-7 Common-emitter output characteristics illustrating the effects of base-
width modulation (Early effect) on output conductance.

Early effect [5]) can be seen from Egs. (1-7) and (1-14), which combine to
give

I.= qDBn?AE equE/kT (1-33)

0

for the collector current in the forward-active region. Recall that Qp is the
number of majority carrier charges per unit area in the base and is equal to
the volume density of this charge times the width of the neutral base region.
A reduction in base-width reduces Qz and thereby increases Ic.

For modeling purposes, a linear fit to the output characteristics is often made.
The extrapolated curves then intersect the negative Vg axis at a point which is
defined as the Early voltage, V,, as shown in Fig. 1-7. Using this parameter, the
slope of the collector current—voltage characteristics is given by

alc _ 1c(0)

Ve Va
where 1. (0) is the value of the collector current at Vg = 0, given by Eq. (1-14).
It should be remarked that a similar effect occurs for a transistor operated in
the reverse-active mode. Here, the base width is modulated by the reverse bias
on the emitter-base junction, and the increase in current with collector voltage
is characterized by the reverse Early voltage, V. The corresponding model
parameters in SPICE for the forward Early voltage and the reverse Early
voltage are VAF and VAR, respectively.

Equation (1-34) defines the output conductance which can be incorporated
into the large-signal model for the forward-active region, shown in Fig. 1-8
for both common-emitter and common-base configurations. In Fig. 1-8,
o Va Va
- 1-(0) - IsquBE/kT

(1-34)

R, (1-35)
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Figure 1-8 (a) Large-signal static common-emitter model for forward-active re-
gion; (b) common-base model.

The collector current is

Vee Ve kT Vee
Ie=1p+ =[N 1+ — 1-36
c F R, s€ vV, ( )

EXAMPLE. Figure 1-9(a) shows a simple common-emitter amplifier circuit,

driven by a current of 5 wA. Determine the collector current I and the output

voltage V,. The transistor parameters are Iy =5 X 10~ ' A, B =100, and V, =50 V.
From Eq. (1-36) and the model depicted in Fig. 1-8(a),

Ic=Brlg(1+ Vce/Vy)
where from the circuit

Vee = Vo= Ve — IcR¢
which combined with the previous equation gives

_ Bely(1+Vec/Vy) _ (100)(5X 107 (1 +15/50)
1+ BrIzRcIV, 1+ (100)(5 X 10 "% (10 X 10°) /50

Ic 591 pA
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Vee (15V) Vee (15V)
Rc S (10kQ) Re'S (10kQ)
Ig I
) B \)
— o > 0
KIC + /Ic
5pA Vin

(a) (b)

Figure 1-9 Example common-emitter amplifier circuit: (a) current driven; (b)
voltage driven.

and
V,=15—(0.591mA) (10k)) =9.09V

Figure 1-9(b) shows the same amplifier circuit driven by a voltage source.
Determine and sketch (a) I as a function of the input, V,, for V;, ranging from
Oto 1V and (b)V, as a function of V.. Take room temperature, kT/q = 26 mV.

Here, Vg =V, so

Is yosr  5%107'
—e =——¢
Br 100

Iy = Val0026 _ g v () 18 pYu/0026

This result is plotted in Fig. 1-10(a). Note the steep increase in base current
with base-emitter voltage for Vg beyond about 0.7 V. This is, of course, due to
the exponential current—voltage characteristic. As an approximation to the circuit
model, the base-emitter voltage is often taken to be constant for a transistor
operating in the active region. For a silicon bipolar transistor operating at room
temperature this voltage, denoted Vg (on), is typically in the range of 0.7-0.8 V.

For the voltage drive (b),

Vv,
Ie=TIge™" |1+ 2
C N VA
which combined with V, = Ve — I-R( gives

_ I5-=(5X 1079 (10 X 10%) "% _15-(5X 107 12) gVal0026
1+ (X107 (10X 105" /50 1+ (1 X 10 )"0

0

This result is plotted in Fig. 1-10(b) for the portion of the curve labeled “for-
ward-active region.” At V,, equal to approximately 0.75V the transistor enters
the saturation region (both emitter and collector junctions are forward-biased)
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|
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(b)

Figure 1-10 (a) Base current and (b) output voltage as a function of V,, for
example common-emitter amplifier circuit.

and the collector-to-emitter voltage, Vg (and hence V, in this example), saturates
at a small value, typically 0.1-0.2'V, as illustrated in the figure. Also note that
for V,, less than about 0.6 V the output remains high (at Vc), even though the
transistor is still operating in the forward-active region. This is because the
collector current at these base-emitter voltages is small such that /¢ Re < Vce.

Small-Signal Models of Bipolar Junction Transistors

In some applications, the magnitudes of the signals in a circuit are small
compared to the bias voltages and currents. In these situations, linear circuit
models for the device may be used to determine the circuit response to these
small signals. The advantage of doing this is that now a linear circuit is to be
analyzed instead of a nonlinear circuit.
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Io=Ic+ig
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Figure 1-11 (a) Decomposition of transistor currents and voltages into dc and
small-signal components. (b) Common-emitter small-signal equivalent circuit
model.

Figure 1-11(a) illustrates the decomposition of transistor currents and volt-
ages into dc (quiescent) and small-signal components. Base drive to the tran-
sistor consists of the dc bias voltage Vg connected in series with the signal
voltage v, giving a total base-emitter voltage Vi, = Vgg + Vi, and a corresponding
total base current I, = Iy + i,. The convention followed here is to represent dc
quantities by uppercase symbols and subscripts, and small-signal quantities by
lowercase symbols and subscripts and total quantities by uppercase symbols
and lowercase subscripts.

A common-emitter small-signal equivalent circuit model for a bipolar tran-
sistor operating in the forward-active region is shown in Fig. 1-11(b). Its
parameters are determined as follows:

Using Eq. (1-36),

dl,

&n = dVbe

kT

— q_lsquBE/kT(l + ﬁ) = qIC (1-37)

e =0
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8w the transconductance and its value is seen to depend linearly on the collector
dc bias current.
Figure 1-8(a) and Eq. (1-37) can be used to determine the variation in base
current with base-emitter voltage.
dl, ARy 1 dl. g,

S L A B L (1-38)

B W | dVee | BrdVe Br

The approximation here is that 8 remains constant for small-signal variations
in Vi, which is generally true. Hence, the small-signal base resistance is

ro=—=-—r (1-39)

The small-signal output resistance r, results from the variation in collector
current with collector bias voltage (Early effect). Using Eq. (1-36),

1 1 Ige™™" 1
—=g,= dl. = 1s€ =< (1-40)
r, che Vee =0 VA VA
r, models the variation in base current with collector bias voltage:
1 dl Ip/ 1 dl. 1
— =g, =— _ 4By 1 = (1-41)
M dvce Vee =0 che BF dvce BF ¥

r, is typically a very large resistance and in most cases is neglected in the
small-signal model.

The capacitance C, is the diffusion capacitance Cpg in parallel with the emitter-
base junction capacitance Cg:

1
C, = Tp%e‘”“’” + Cie (Vag) = gnTr + Cie (Vi) (1-42)

With a reverse-biased base-collector junction, the diffusion capacitance Cpc is
negligibly small, so the capacitance C,, is just the base-collector junction
capacitance

Cuz Cjc(VBc) (1-43)

Generally, the diffusion capacitance is much larger than the junction space-
charge capacitance so that C, is usually much larger than C,.

An alternate form of the common-emitter small-signal model is the com-
mon-base configuration illustrated in Fig. 1-12. Here, the input is applied to
the emitter and the output is taken at the collector. In application to a circuit
in which a transistor is connected in a common-base configuration, this form
of the model is often more convenient to analyze. Either form of the model
is valid, however, and may be used irrespective of the particular circuit
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Figure 1-12 Common-base small-signal equivalent circuit model.

configuration. With reference to Fig. 1-11, the small-signal emitter current is

1 ce
i, = (——+g,,,)v] + 2= 4 5o (1-44)
r1T [
From Fig. 1-12,
=2t Yo 4 e,y (1-45)
re r()

Equating Eqs. (1-44) and (1-45) gives the value of the small-signal emitter
resistance

1 1 (s 52

= ):__
"r

T

(1-46)

r,=

Parasitic Elements in Integrated-Circuit Bipolar
Transistors

The fabrication process for integrated circuit transistors introduces other circuit
elements (parasitics) in addition to those associated with the intrinsic portion
of the device. Figure 1-13 illustrates the origin of these parasitic elements for
an npn transistor. Table 1-1 identifies each element.

A simplified model which combines the principal parasitic elements affect-
ing circuit performance is illustrated in Fig. 1-14. With reference to Fig. 1-13,
re=Rg, rs=Rs +Rp, rc=Re + Ro + Re + RS . In addition, Cpe and Cye
can be combined with Cjc. Typical values for the parasitic resistances in an
integrated circuit BJT range from a few ohms for rz to a few hundred ohms
for r and rc. The ohmic emitter resistance ry; is often neglected; rz and r¢ can be
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Figure 1-13 Principal parasitic circuit elements associated with an integrated-
circuit BJT.

intrinsic transistor "e
E

Figure 1-14 Simplified equivalent circuit which retains the principal parasitic
elements.

neglected if they are small in relation to the other resistances in the base circuit
and collector circuit, respectively.

Transistor Cutoff Frequency
A useful figure-of-merit to characterize the frequency performance of a bipolar

transistor is the cutoff frequency, f7, which is defined as the frequency at which
the common-emitter small-signal short-circuit current gain is equal to unity. A
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Table 1-1 Parasitic Elements for an Integrated-Circuit BJT

Element Description
Rp Ohmic base resistance of the active transistor
R; Resistance of the extrinsic base region
Rai Ohmic collector resistance of the active transistor
RpL Lateral resistance of the buried layer
Rer Vertical resistance of the extrinsic collector region
RS Resistance of the collector contact region
R: Ohmic emitter resistance of the active transistor
Che Bottom wall junction capacitance of the extrinsic base-collector region
Cic Side-wall junction capacitance of the extrinsic base-collector region
Cic Junction capacitance of the base contact and extrinsic collector region
Cic Base metallization-substrate capacitance
Ces Buried layer-substrate capacitance
Cés Collector metallization-substrate capacitance
Cic Collector-base junction capacitance of the active transistor
Ci Emitter-base junction capacitance of the active transistor
+Vee
Rbias
(large)
iin(®)
(a)
ib r Cu ic
B c
> j =
i + l
lin I V4 ﬁ: Cr ImV1 ro T Cos
e J_— ac short
(b)

Figure 1-15 (a) Circuit for determining the common-emitter cutoff frequency fr.
(b) Small-signal equivalent circuit, neglecting rg, rc, r,, and Ry,

circuit used to determine this cutoff frequency is shown in Fig. 1-15(a) and the
corresponding small-signal equivalent circuit is shown in Fig. 1-15(b). From Fig.
1-15(b), the small-signal current gain [denoted B (jw)] is found to be

gntx(1 —jo CLlgy)
1+jor.(C,+C,)

(i) = B () = (1-47)
b
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Figure 1-16 Magnitude of the small-signal short-circuit current gain versus fre-
quency.

At low frequencies, B (jw) = g, 7 = Br. Because C, is usually much larger than
C,., the second term in the numerator of Eq. (1-47) (which represents the feed-
forward current in C,,) is small and can be neglected. Thus,

. Br ]
Blw)= 1+ jor, (C, +C,) (1-48)

The variation in the magnitude of the small-signal current gain with frequency
is illustrated in Fig. 1-16. The corner frequency wg is the frequency at which

IB (jw)!l is down by 3dB (lﬁ ) from the low-frequency value Br. From Eq.
(1-48),

I gnm

=8 (1-49)
Br C.+C,

wg

At high frequencies, where f (jw) approaches unity, the 1 in the denominator
of Eq. (1-48) can be neglected and

B (jeo) = j—wﬁlj (1-50)
which has unity magnitude at
w=wr=—2"  =Brw, (1-51)
C,+C,
and the cutoff frequency is
fr=_8n (1-52)



1.1 Bipolar Junction Transistor 21

P pPPPCL Ll Eqn. (1-53)

actual
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> I

Figure 1-17 Variation in f; with collector current.

Using Egs. (1-37) and (1-42),

1 1
fr= 2w | kT (1-53)
TIK (Cet C) t1r

The cutoff frequency is seen to increase with collector current at low currents
due to the increased charge and discharge rates of Cjz and C,.. At high currents,
fr is dominated by the base transit time Tr and according to Eq. (1-53) ap-
proaches a constant value 1/2wT,. In practice, the neutral base width of a
bipolar transistor widens at high currents (Kirk effect [6]), causing an increase
in 17 with current and a subsequent fall-off in f7 at high currents. This behavior
is illustrated in Fig. 1-17.

EXAMPLE. A bipolar transistor has a cutoff frequency of 4 GHz, measured
at a collector current of 1 mA. It is used in an amplifier circuit at 500 pA.
Determine (a) the elements of the common-emitter small-signal equivalent
circuit of Fig. 1-11(b) and (b) the transistor cutoff frequency. The transistor
has the following parameters: B = 150, V, = 100V, Cjz = 0.2 pF and Cjc = 0.1 pF.
Take room temperature k7/g =26 mV.

Unknown is the forward transit time 75. Using Eq. (1-53) for the known value
of fr at I-=1mA,

1 kT
= —-—(Cg+ C;
TF 21TfT qIC ( JE jC)
yielding
1 26 mV

(02+0.1) X 10~ *F=32ps

TF

T 2m@x10)  1mA
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(a) From Eq. (1-37) the transconductance at I = 500 p.A is

and from Eq. (1-41), the collector-base resistance is
r. = Brr, = (150) (200k)) = 30MQ
From Eq. (1-42), the small-signal base-emitter capacitance is
Ca=gnTr+ Ce=(192X10"*A/V)(32X 107%s) + 0.2 X 10~ "*F
=8.14X 10" "F=0.814pF
and, finally, from Eq. (1-42), the small-signal collector-base capacitance is
C.=Cic=0.1pF
(b) The new cutoff frequency from Eq. (1-52) is

&m 192mA /V

= = =3.34GHz
2w (C,+C,) (2m)(0.814+0.1)pF

Ir

1.2 Junction Diode

Any of the pn junctions that comprise the bipolar transistor structure may be
used as an integrated-circuit junction diode: the base-emitter junction, the
base-collector junction, and the collector-substrate junction all produce viable
diodes, each with differing characteristics [7]. The most common diode struc-
ture for analog integrated circuits is produced by connecting the base and
collector terminals of an npn transistor, as illustrated in Fig. 1-18(a). There are
good reasons for fabricating diodes in this form: With the base and collector
shorted, Ve = 0; from Eq. (1-8), we have for the diode

Ip=I("""" - 1) (1-54)
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BIE v

= Vg \Z Td Cyq

(a) (b)

Figure 1-18 (a) Integrated-circuit junction diode formed from an npn transistor.
(b) Small-signal equivalent circuit.

The diodes are fabricated concurrently with the npn transistors, and thus they
both have identical reverse saturation currents (I5), except as scaled by their
respective emitter areas [see Eq. (1-7)]. Hence, for example, if an equal-area
diode and bipolar transistor are connected in a circuit in which Vj, and Vg are
equal, then the diode current and the collector current of the transistor will be
the same (neglecting transistor base current and Early effect). This behavior
(as we shall see later) can be quite useful in analog circuits.

The small-signal equivalent circuit of the junction diode is shown in Fig.
1-18(b). Directly from the small-signal bipolar transistor model (Fig. 1-12) we
have

' 1
ra=rllr,=— (1-55)
Em

and

C,=0C, (1-56)

1.3 Junction Field-Effect Transistor

A junction field-effect transistor (JFET) is a device whose operation results
from the modulation of a conducting channel by a voltage applied to a gate
control electrode. Unlike the bipolar transistor where current transport involves
both majority and minority carriers, current transport in the JFET is by ma-
jority carriers only; hence, it is termed a unipolar device. Shown in Fig. 1-19
is a cross-sectional view of an integrated-circuit p-channel junction field-effect
transistor. The active region of the device consists of the thin p-type layer
bounded on top and bottom by n-type regions, forming two pn junctions
between the gate (top and bottom) and the channel (P region). The two heavily
doped P" regions provide ohmic contacts to the source and drain ends of the
conducting channel.
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Figure 1-19 Cross-sectional view of an integrated-circuit p-channel junction field-
effect transistor.

Device Characteristics

Figure 1-20 illustrates the active region of the p-channel JFET with normal
biases applied. The thickness of the depletion region surrounding the gate-
channel pn junction is determined by the voltage across the junction, in this
case being a function of the gate-source bias (Vgs) and the drain-source bias (Vps).
Vs is normally positive and Vpg is negative, resulting in a reverse-biased gate
junction. This produces essentially zero gate current—just a small reverse-bias
junction leakage current. The undepleted portion of the p-type layer provides

Vgs(pos)
+

—O " [
Source Gate Drain
l " 41— D
depletion ' ;, N:77777711177777?7LL// *
region A, //////f Yosine)
W%ﬁ%ﬁ% =
N Bottom Gate

hd

Figure 1-20 Active region of a p-channel JFET with normal biases applied. The
reverse bias on the gate-channel junction is largest at the drain end of the channel
and smallest at the source end, resulting in a variation in the thickness of the
conducting channel region.
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the conducting channel, whose thickness (and hence its conductance) is con-
trolled by both Vs and Vps. Drain current I, flows out of the drain terminal.

With reference to Fig. 1-20, several operating points are worthy of note: As
Vs is increased, the thickness of the depletion layer increases, narrowing the
conducting channel. At a sufficiently large value of Vps the depletion layer will
extend completely through the channel to the bottom-gate pn junction. Because
Vps is negative, the reverse voltage across the gate-channel junction is smallest
at the source end of the channel and is largest at the drain end of the channel.
Thus, if the channel is depleted at the source end, then the entire channel
region will be depleted (pinched off) and no conduction will occur. The
transistor will be turned off. For the p-channel device depicted in Fig. 1-20,
this occurs at a gate-source voltage of

qNAtz

V =
I 2.

—bi=Vp (1-57)

where N, is the doping concentration of the p-type channel (assumed constant),
t is the thickness of the P layer, €, is the dielectric permittivity of the semicon-
ductor, and &, is the barrier potential of the gate-channel junction. Also as-
sumed in this calculation is that the doping concentration of the N gate region
is much greater than that of the P-channel, so that the depletion layer at the
top gate appears mostly on the p-side of the junction. In addition, with the
P-channel doping concentration larger than the N~ bottom gate, the depletion
layer thickness on the p-side of bottom gate junction is negligibly small. This
voltage [Eq. (1-57)] is denoted the pinch-off voltage Vp, and represents the
gate-source voltage at which the device is cut off. When Vps = Vs — Vp, the
depletion region of the top gate extends through the channel to the bottom gate
just at the drain end of the channel, resulting in the channel being pinched off
at that point. This voltage is denoted the saturation voltage

Visae = Vas — Vp (1-58)

For Vps less than V), the drain current in the JFET is controlled by both Vs and
Vbs; for Vps greater than Vps(sat), the drain current is relatively independent of Vs
and depends mainly on Vgs. To keep the gate-channel junction reverse biased,
the maximum gate-source voltage is zero and thus the maximum drain current
occurs for Vgs = 0. At Vps = Vg, this maximum current is denoted Inss and for a
uniformly doped channel region is given by

(Ve + b)) — 1"
(Vo— )"

2
Inss = Gy Vp—g (1-59)
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Figure 1-21 1Idealized I-V characteristics of a p-channel JFET.

where

_ qppNatW

Go 2

(1-60)
and represents the conductance of the complete undepleted channel.

Figure 1-21 shows the idealized I — V characteristics of a p-channel JFET,
illustrating the three regions of operation: cutoff, saturation, and triode. For a
detailed analysis of the JFET, the reader is referred to one of the many
references in the literature, such as Refs. 2 and 8. A simple quadratic model
[9] has been found to adequately describe the characteristics of JFET devices,
independent of their particular doping profile.

In the triode region, the drain current is approximated by

VGS VDS VDS 2
Ip=1Ipss|2|1— - - - 1-61
-t e
fOr VDS > VGS - Vp.
In the saturation region, the drain current is approximated by

Vos\
Ve

ID=ID55(1 - (1-62)
for Vps = Vs — Vp.

Actual JFET devices operated in the saturation region do not show a con-
stant drain current — drain voltage characteristic, as depicted in Fig. 1-21, but
rather I, is seen to increase with increasing Vps. This behavior is brought about
by a decrease in the effective channel length resulting from the increased
gate-drain depletion region for |Vpsl > |V, |. This channel-length modulation with
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Vas Vps = Vbsat Vas Vbs > Vpsat
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Figure 1-22 TIllustration of channel length modulation in a JFET. (a) At Vs = Vg,
the channei is pinched off just at the drain end of the channel. (b) For Vs> Vg, the
channel pinch-off point moves back toward the source, resulting in an effective
channel length L' that is less than the geometrical channel length L.

drain voltage is illustrated in Fig. 1-22 and is analogous to the base-width
modulation (Early effect) in a bipolar transistor. Figure 1-23 illustrates the
actual characteristics for a p-channel JFET. The slope in the drain current
characteristics are characterized by the Early effect voltage V,, and for oper-
ation in the saturation region, the drain current is approximated by

Vs Vbs
Ip=Ipss|1— 1- 1-63
D DSS( v, ) ( V. ) ( )

For FET devices, it is common practice to use the channel-length modulation
parameter A in place of the Early voltage. For a p-channel JFET, A = — 1/V,,

Figure 1-23  Actual characteristics of a p-channel JFET illustrating the effects of
channel-length modulation. The finite slope in the drain current is characterized
by the Early voltage V,.
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Figure 1-24 Circuit symbols and sign conventions for (a) p-channel and (b)
n-channel JFET.

and the drain current characteristics in the saturation region are thus expressed
as

V.
ID=IDSS(1 - VGS

P

2
) (1 + AVps) (1-64)

Figure 1-24 shows the circuit symbols and sign conventions for p-channel
and n-channel JFETs. For an n-channel JFET, the pinch-off voltage is negative
and the parameter \ is positive; in normal operation, the gate-source voltage
is negative, the drain-source voltage is positive, and current flows into the
drain terminal. Thus, Eqgs. (1-61) and (1-64) may be used to model the n-
channel characteristics provided Vg < Vs — Vp for operation in the triode region
and Vps = Vs — V, for operation in the saturation region.

Large-Signal Model

The large-signal static model of an n-channel JFET is shown in Fig. 1-25. With
negative gate voltage, the gate-source and gate-drain pn junctions are reverse
biased, resulting in negligible gate current and I, = Ips. In the SPICE simulation
program, the large-signal static drain current is modeled as

0 for VGS - Vm <0
Ins = BVps[2(Vos — V) — Vsl (1 + NVps)  for Vgs— V> Vps >0 (1-65)
B (Vas = Vi)' (1 + AVps) for Vps=Vgs— V>0

where Vp, (threshold parameter) = V, and is taken as negative for both p- and
n-channel JFETs. The parameter  is given as

— IDSS
Vi

B (1-66)
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7y'o

D

Igs ™

Iop = Is (€™ = 1), Igs =Is(e™ ™" 1)

0 for Vgs=Vp
Ins =\ Ipss[2(1—Vgs/Vp) (—Vps/ Vp)—(Vps NP)Z]) for Vgs—Vp>Vps>0
Ipss (1 — Vs /V)’ (1 4+ AVps) for Vps=Vgs — Ve

Figure 1-25 Large-signal static model of an n-channel JFET.

It may be readily shown that the two forms given in Egs. (1-64) and (1-65)
for operation in the saturation region are equivalent. The SPICE model adds
the channel-length modulation term (1 + AVps) to the characteristic for operation
in the triode region to avoid a discontinuity in the drain current at Vps = Vs — Vo
In practice, of course, there is no channel-length modulation in this region; the
error, however, is small.

EXAMPLE. Figure 1-26 shows a simple common-source JFET circuit. Deter-
mine the drain current /), and the output voltage V,. The transistor parameters
are Vo= —5V, Ipss=1.5mA, and A=0.03V .

Not known is the operating region of the device. Vgs= —2V>Vj, so the
JFET is not turned off. It is, therefore, operating in either the triode or
saturation region. We will assume initially that it is in saturation and see if
the results are consistent with that assumption.

From Eq. (1-64)

Ip=Inss (1 = Vs /Vp) (1 + AVy)
where from the circuit

Vo=Voo—IpRp
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Vpp (+10 V)

Rp é (5 kQ)
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Figure 1-26 Example common-source JFET circuit.

yielding
Ip = Ipss(1 = Vas/Ve) [1 + X (Vop — IpRp)]
Solving for I, gives

p _Ioss (1= Vas/Ve)' (1 + N\Vpp) _ (1.5)(1 = 2/5)*[1 +(0.03)(10)] _
P+ Mpss Ry (1 — Vs /Ve): 1+ (0.03)(1.5)(5)(1 —2/5)°

049mA

and
Vo=10—(0.649)(5)=6.75V

Here, Vps =V, =6.75V > Vs — Vo =3V, so the device is operating in the satura-
tion region.

EXERCISE. Determine the value for R), in the previous example for which
the JFET just enters the triode region. (Ans. 11.9 k()

Large-Signal Dynamic Model of the JFET

Charge storage in the JFET is modeled by the space-charge capacitances
associated with the gate junction. With the gate junction reverse biased, the
diffusion capacitance is negligibly small and can be neglected. Figure 1-27
shows the large-signal dynamic model of an n-channel JFET. The capacitances
Cgs and Cgp are the capacitances associated with the gate-source and gate-drain
junctions and are modeled as

Cos (0)
Cos(Vgs) = ——m———— 1-67
as (Vas) (1 — Vas/b)" ( )
Cep (0
Con (Vop) = — 2O (1-68)

(1 = Vop/d)"



1.3 Junction Field-Effect Transistor 31

Do 1
Cap ‘d

=

IGD —>
G
o—t <+ IDS

—>
Ig N
L
Igs—»
i
c
GS s°¢ls

Figure 1-27 Large-signal dynamic model of an n-channel JFET.

where Cgs (0) and Cgp (0) are the zero-bias values of the gate-source and gate-drain
junction capacitances, respectively, and m is the junction grading coefficient.
In SPICE, m is set to 0.5 and cannot be changed.

For a p-channel JFET model, reverse the two diodes and the current source,
reverse the directions of the terminal currents in Fig. 1-27, and change the
signs in the denominators of Egs. (1-67) and (1-68) from minus to plus.

Small-Signal Model of the JFET

Figure 1-28 shows the small-signal equivalent circuit for a JFET operating
either in the triode or saturation region. The transconductance is found from
Egs. (1-61) and (1-64):

2Upss

d TIZ,_ VDS for VDS < VGS - VP
gm = d = ( 1 -69)
dVis |v=o 2Ipss Vas
_——_—— 1 - (1 + )\VDS) fOI' VDS = VGS - VP
Vp Vp

The small-signal output resistance is determined using Egs. (1-61) and
(1-64):

21 DSS VGS VDS
- -1 for Vps<Vgs—V
v, \ v, v, DS GS P

= (1-70)

vis = Vas \*
=0 )\IDSS(I— VGS) for Vps= Vgs— Vp

P

1 dl,

r_a —8T dvds
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Figure 1-28 Small-signal equivalent circuit model for a JFET.

If ANVps << 1, the output resistance in saturation may be approximated as

1
~— 1-71
RSV (1-71)
The values of Cgs and Cgp, are determined from Egs. (1-67) and (1-68), evalu-
ated at the dc operating point.

Parasitic Elements in Integrated-Circuit JFETs

The principal parasitic elements associated with integrated-circuit junction
field-effect transistors are the ohmic resistances of the source and drain contact
regions, denoted ry and rp, respectively, and the junction capacitances associated
with the bottom gate. Figure 1-29 illustrates the origin of these parasitic

Figure 1-29 Principal parasitic circuit elements associated with an integrated-
circuit JEFT.
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Figure 1-30 Adding parasitic circuit elements to the JFET.

elements for a p-channel JFET: Cspg is the capacitance between the source and
bottom gate, Cpg is the capacitance between the drain and bottom gate, and Cgss
is the capacitance between the bottom gate and substrate.

In practice, only the top gate is driven, which gives the highest frequency
response [10]. The bottom gate can either be connected to a separate dc bias
voltage or connected directly to the source terminal; for the latter, the JFET
including the parasitic elements can be represented as shown in Fig. 1-30.

Transistor Cutoff Frequency

The unity-gain cutoff frequency fr for a JFET is calculated in a fashion similar
to that for the bipolar transistor. The small-signal equivalent circuit for this
analysis is given as shown in Fig. 1-31, from which the current gain is found
to be

1y = S JOCe0 S (172
lg jo(Cgs+ Cop)  jw(Cos t Cop)

where in the last term the feed-forward current in Cgp has been neglected in
relation to g,. From Eq. (1-72), the unity-gain frequency is found to be

8m
= °" 1-73
fr 2w (Cgs + Cop) ( )

EXAMPLE. Determine the cutoff frequency for an n-channel JFET operating
at Ip =1 mA and Vps = 5 V. The device parameters are Ipss = 1.5mA, Vp= — 3V,
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Figure 1-31 Small-signal circuit for determining cutoff frequency f; of the JFET.
The parasitic source and drain resistances, rs and rp, are normally small compared
to 1/g, and are neglected here.

A=0.02V ', Css(0) =025 pF, and Cgp, (0) = 0.1 pF. For this device, b; =0.8V and

:l
m= ;.

From Eq. (1-64), the gate-source voltage, assuming operation in the satura-
tion region, is

Ip ‘/ 1
Ves=Vp|ll — | ——————|= —3(1 — = —0.665V
. ( Toss (1 + NVpy) ) 3( [5(1+002%5) )

Here, Vps =5V > Vs — Vo =234V, so the JFET is in saturation.
From Eq. (1-69), the transconductance is

21 1. 665\'7
gn= -2 (o Yos) o @USmA) [ 0 =0.778mA IV
Vp Vp - 3 V 3
From Eq. (1-67), the gate-source capacitance at Vgs= — 0.665V is

Ces (0) 0.25pF
Cos = m 7
(1= Vgs/dy) (1 +0.665/0.8)

The gate-drain voltage is

=0.204 pF

Vap = Vgs — Vps = —0.665V -5V = —5665V
Using Eq. (1-68), the gate-drain capacitance is

Csp (0) 0.1pF
Cop = CI 73
(1= Vgp/d) (1 +5.665/0.8)

The cutoff frequency from Eq. (1-73) is

= 0.0498 pF

_ &m _ 0.778 X 10 *
2m(Cgs + Cop)  (2) (1) (0.204 + 0.0498) X 10 *

Jr =488 MHz
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Figure 1-32 Cross-sectional view of an n-channel MOS integrated-circuit transis-
tor.

1.4 Metal-Oxide-Semiconductor Field-Effect
Transistor

In the metal-oxide-semiconductor field-effect transistor (MOSFET), the gate
control electrode is physically separated from the conducting channel by a thin
insulating dielectric layer. The voltage applied to the gate electrode modulates
the concentration of mobile carriers in the channel and hence its conductance.
Like the JFET, the MOSFET is also a unipolar device. Shown in Fig. 1-32 is
a cross-sectional view of an integrated-circuit n-channel MOS transistor. This
structure, as with most modern MOSFETs, utilizes a polysilicon layer as the
gate electrode in place of a metal layer; they are still referred to as metal-
oxide-semiconductor (MOS) transistors, however. A thin (typically 30 — 80 nm
thick) silicon dioxide layer separates the gate from the channel region, which
extends laterally between the N source and drain contact regions.

Device Characteristics

Figure 1-33 illustrates the active region of the n-channel MOSFET with normal
biases applied. With zero voltage applied to the gate, there is no conducting
channel between the N* source and drain regions; " the device acts like two
back-to-back pn junctions and only a small reverse-leakage current flows from

* There is a class of MOSFET devices in which a conducting channel exists even in the absence
of an applied gate voltage. These are called depletion-mode devices and a negative gate voltage
(positive for p-channel devices) is required to turn them off.
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Figure 1-33 Active region of an n-channel MOSFET with normal bias applied.

source to drain. The gate-oxide-semiconductor sandwich acts like a parallel-
plate capacitor; with a positive gate voltage Vgs applied to the structure,
negative charge is induced in the top surface region of the semiconductor
beneath the gate oxide. If the gate voltage is large enough, this induced
electron concentration will exceed the background hole concentration of the
p-type semiconductor, creating an n-type region (inversion layer) at the
surface, and there is now a complete n-type conducting channel between
source and drain. The gate voltage required to create the inversion layer is
termed the threshold voltage Viyy; for Vs less than Vi, no conducting channel
exists and the device is turned off.

In normal practice, the semiconductor body (substrate) is connected to the
source. In some applications, however, the body is connected to separate bias
voltage. This bias changes the semiconductor channel potential and hence the
charge that is induced by the gate. The effect on the threshold voltage is related
to the body-source voltage Vs and is modeled as

Vin= Vo +v(/2bp — Vas — | 205) (1-74)

where Vr, is the threshold voltage for Vs = 0. The parameter vy is given as

y= Y2l (1-75)

’
Cox

Céx is the capacitance per unit area of the gate-oxide region, given by

Cox=—— (1-76)
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where €0 is the dielectric permittivity of the oxide and fox is its thickness. ¢ is the
Fermi potential of the semiconductor, given by

kT
¢p=—1n
q

n;

N") (1-77)

With Vs > Vg, a conducting channel exists and the drain current I, increases with
increasing drain voltage Vps. As Vps is increased, the potential in the channel
increases, being largest at the drain end of the channel. When Vps = Vs — Vi, the
voltage across the gate oxide at the drain (Vgp = Vs — Vps) is no longer large enough
to create the n-type inversion layer and the channel is pinched off at that point.
This value of drain voltage, denoted Vp,, is given by

Vs = Vos — Vn (1-78)
and the corresponding drain current, denoted Ipq,, is given by

2Cox W
Vs = “—%(vss — Vi)’ (1-79)

where p, is the electron mobility in the channel, and W and L are the channel
width and length dimensions, respectively (as illustrated in Fig. 1-33).
For values of Vpg less than Vp,, the drain current is well approximated by

Men C(SX W

Ip 7

1
VGS - VTH - 3 VDS VDS (1‘80)

for Vs << Vigs — Vi and describes operation in the triode region [11]. Note that the
drain current is proportional to the channel width — channel length ratio W/L;
this is analogous to the variation in collector current with emitter area Az in a
bipolar transistor.

For Vps larger than Vi, the device is operating in the saturation region and the
current is given by

— Men C(’)X W

L (Vas = V)™ (1 + \Vps) (1-81)

Ip

for Vps = Vs — V. In Eq. (1-81) we have included the channel-length modulation
parameter \, which models the narrowing of the inversion channel length as Vbs
is increased beyond Vpg,. Figure 1-34 illustrates the I-V characteristics for an
n-channel MOSFET. In a p-channel MOSFET, Viy is negative (positive for a
depletion-mode device), Vs and Vg are negative, and current flows out of the drain.
Figure 1-35 illustrates the circuit symbols and sign conventions for n-channel
and p-channel MOSFETs.
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Figure 1-34 I - V characteristics of an n-channel MOSFET. Actual devices show
a finite output conductance in the saturation region, characterized by the channel-
length modulation parameter A.

i e
+ +
G°+—| Vds G°+—-| Vds
Vgs . Vgs .
s

S

n-channel p-channel

(a)

A gt

G °-+—| B Vds G °‘+—1 B Vds
Vgs - Vgs -
s s
n-channel (b) p-channel

Figure 1-35 Circuit symbols and sign conventions for n-channel and p-channel
MOS transistors. (a) Normal symbols for body connected to source. (b) Symbols
for separate body connection.
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In the SPICE simulation program, the drain current is modeled as

w 1
KP—— VGS - VTH - VDS VDS (1 + )\VDS) for VGS - VTH > VDS >0
ID =
KP )
- 7o Vos = V) (1 + NVpy) for Vps=Ves = Vin >0
2 L2, (.52)

KP is the transconductance parameter and is equal to p,, Cox. X is the distance by
which the gate electrode overlaps the source and drain regions (2X; = Lg — L in
Fig. 1-33), and L is the gate length (labeled L in Fig. 1-33). The threshold voltage
V1 is modeled after Eq. (1-74) using the zero-bias threshold voltage parameter Vi,
and the body-effect parameter +y. Alternately, in place of v, the channel mobility
Mr (W, for the p-channel), oxide thickness #,x, and channel doping concentration N,
(Np for the p-channel) may be used as model parameters.

EXAMPLE. An NMOS transistor is to be used as a "linear resistor” (Fig. 1-36).
Find the gate bias V};, to give a maximum nonlinearity in the resistance charac-
teristic of 5% at Vp =1V and determine the resulting resistance value. The
transistor parameters are Vg =2V and ., Cix W/L = 100 p.A V2.

In a region where Vi is small relative to Vigg — Viy, the I, — Vs characteristic is nearly
linear, given approximately from Eq. (1-80) as

w
Ip = p, C(')x‘f(VGs = Vi) Vs

Linearity will be characterized by the fractional deviation in current between the
ideal resistance characteristic and the actual drain current at V, =1V, as illus-
trated in Fig. 1-36. This gives

W

“‘nC(SX_—VD
o1V Cé Wv V=LVl 2(Viies — V —lv
n Cox L bias TH 2 p|Vp bias ™5 VD

AID
Ip

Solving for the required gate bias yields
Vbias =105+ VTH =125V
and the corresponding resistance is

1 1

R= =
(100X 10 °A/V?(10.5V)

=9520

, W
P Cox z (Voias = Vu)
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Figure 1-36 (a) Linear resistor example. (b) Ideal versus actual characteristic.

MOSFET Capacitance

There are numerous capacitances associated with the MOSFET structure; the
origin of these capacitances is illustrated in Fig. 1-37. The total gate-to-source
capacitance Cgs is comprised of

Cas = Cos + Cas (1-83)

where Cggs is the gate-oxide capacitance associated with the source region of the
intrinsic transistor structure and is modeled as [12]

VGS - VTH - VDS
2(Vgs — Vrw)mVps

2
Céx WL[I —{ ] ] triode region
C[GS =

(1-84)
?C ox WL saturation region

Figure 1-37 Origin of principal capacitances associated with a MOSFET.
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Cds is the parasitic capacitance resulting from the overlap of the gate and source
and is given by

Cés = Cox WX (1-85)
In SPICE, the gate-to-source per unit-length capacitance Cgso is used, so
Cés = CosoW (1-86)
where
Caso= CoxL (1-87)
The total gate-to-drain capacitance Cgp is comprised of
Cap = Cop + Cép (1-88)

where CgD is the gate-oxide capacitance associated with the drain region of the
intrinsic transistor structure and is modeled as [12]

VGS - VTH
2 (VGS - VTH) - VDS

2
C(’,XWL[I —[ } ] triode region

d
CGD_

(1-89)
=0 saturation region

C&p is the parasitic capacitance resulting from the overlap of the gate and drain
and is given as

Co= CoxWX; (1-90)
In SPICE, the gate-to-source per unit-length capacitance Cgpo parameter is used,
giving

Cép = Copo W (1-91)
where

Copo = CoxL (1-92)

Csp and Cpp represent the pn junction capacitances formed between the source and
body (substrate), and the drain and body regions, respectively. They can be
modeled as

_ Cs0 )
Csp (Vsg) = 1+ Vgg /¢‘,)”2 (1-93)
and
Cpg (0
Cos (Vo) = or (0 (1-94)

(1+ Vpgld)'?

where Csg (0) and Cpg (0) are the zero-bias capacitances of the source-body and
drain-body pn junctions, respectively.
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Included in the SPICE model is the capacitance between the gate and body
formed by the overlap of the gate oxide beyond the intrinsic region in the width
(W) dimension. This parasitic capacitance is modeled as

Cag = CgpoL (1-95)

where Cgpo is the gate-body (substrate) overlap (beyond W) capacitance per unit
length. This capacitance is normally quite small compared to the other parasitic
capacitances and is neglected here.

Small-Signal Model of the MOSFET

Figure 1-38 shows the small-signal equivalent circuit for a MOSFET operating
either in the triode or saturation region. The transconductance is found from Eqs.
(1-80) and (1-81):

2 CoxW
dl, —u—%‘ Vs for Vps <Vgs— Vmu
T R T A

(Vgs — Vi) (1 + NVpg) for Vps= Vgs— Vi

L (1-96)

In the saturation region, the transconductance can be expressed in terms of

the drain current as
21, w
= o Co— 1-97
8 Vos — Van Mn Cox I D ( )

where we have made use of Eq. (1-81) and assumed that N\ Vps << 1. Note that the
transconductance is proportional to the square root of the drain current; contrast

. C .
i g GD g
— - —

g + d

CGs—|—"1 ImV 1 fo

- k -

Css —[—
S

b

LI

Figure 1-38 Small-signal equivalent circuit for a MOSFET.
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this with the bipolar transistor in which g, is linearly proportional to the collector
current—see Eq. (1-37).
The small-signal output resistance is determined from Egs. (1-80) and (1-81):

“’n C(’)XW

1 di, L (Vs = Vou — Vps) for Vps<Vgs— Vg

AID for VDS = VGS - VTH
(1-98)

The values of Cgs Cop, Csp, and Cpy are determined from Eqgs. (1-83), (1-88), (1-93)
and (1-94), respectively, evaluated at the dc operating point.

Transistor Cutoff Frequency

The unity-gain cutoff frequency f; for the MOSFET is similar to that for the
JFET:

8m
= 1-99

fr 27 (Cgs + Cop) ( )
Using Eq. (1-96) for g,, in the saturation region (and assuming \Vpg << 1), f; can be
expressed as

Bn (Vs = Vi)
1 X,
4ml’|—+L
T (3 L
where Eqgs. (1-83) — (1-85) and Egs. (1-88) — (1-90) have been used for the
capacitances Cgs and Cgp. Equation (1-100) indicates that the high-frequency be-
havior of a MOSFET varies as the square of the channel length L; a fabrication
process that reduces the channel length has a significant effect on device, and
hence circuit speed.

EXAMPLE. A MOSFET with a channel length L of 3 um has a unity-gain
cutoff frequency fr of 800 MHz. A new fabrication process allows the channel
length to be reduced to 2 wm. Determine the new cutoff frequency, assuming
that X;; remains at 1 pm.

From Eg. (1-100)

sz for VDSZVGS_ VTH (1'100)

11
3um)’|—+—
fr<2um>:(”m)(3 3) s
Sfr(3 pm) @ }.Lm)2 (% +%>

giving

fr=1(1.8) (800 MHz) = 1.44 GHz
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Problems

For all problems assume room temperature, kT/q =26 mV.

1.1

1.2

13

14

1.5

1.6

1.7

(a) Using the Ebers — Moll model for a transistor operating in the saturation
region, show that

1 1 I

kT |an  Bels

VCE(sal) =— lﬂ M
q - I
Br Ip

(b) What is Vg g for Ic—0?
(c) At a constant base current I, what is I for Veg gy — 07

Determine the elements of the common-emitter small-signal equivalent
circuit of a bipolar transistor used in a circuit with Vg =0.75V and
Ve = 2.5 V. The transistor has the following parameters: Is =2 X 10~ A,
Br =75, V4 =100V, 7 =20 ps, Cs (0) = 0.15pF, and Cic (0) = 0.2 pF. Assume
that the value of Cig at 0.75 V forward bias is twice its zero-bias value. Take
¢c=0.7V and mc =1

For the transistor in Problem 1.2, determine and sketch a plot (using log
scales) of the magnitude of the common-emitter small-signal current gain
as a function of frequency from 1 MHz to 10 GHz.

Using the common-base small-signal equivalent circuit (Fig. 1-12), find
the frequency w, at which the short-circuit common-base current gain
(i./i.) (jw) is down by 3 dB from the low-frequency value ay. Neglect the
output resistance r,,.

Figure 1-39 illustrates two ways of implementing a two-diode string using
npn transistors. Derive the forward-bias I~V characteristic for the two
configurations, assuming identical transistors and that B>> 1. At a constant
forward-bias current, which diode string has the largest voltage drop V?

An n-channel JFET has the following data, measured in saturation:
Ip(Vos= —2V, Vps=5V) =275 pA

Ip(Vgs= —2V, Vps=10V) =300 pA

Ip(Vgs =0, Vps =10V) = 1.2 pA.

Determine the parameters V, Ipgs and \ for the JFET.

Repeat the example given in Fig. 1-26 for R, = 15k().
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y ¥

(a) (b)

Figure 1-39 Two-diode interconnections for Problem 1.5.

Show that the transconductance of a JFET in saturation is proportional to
the square root of Ip.

Determine I, and V, in the circuit of Fig. 1-40. The JFET parameters are
Vp = _4V, IDSS: ZmA, and A =0.

Vpp (+10 V)

Figure 1-40 Circuit for Problem 1.9.

A p-channel JFET is to be used as a “pinched resistor” in an integrated
circuit. In this application, the gate and source of the JFET are connected
together and the device functions as a two-terminal nonlinear resistive
element. (a) Use Eq. (1-61) to derive the resistance R, as a function of Vpg.
(b) Using Ipss = 500 wA and Vp =4V, determine and sketch a plot of R,
versus Vps for Vs ranging from 0 to — 5'V. What is the range of Vi such that
the nonlinearity in resistance does not exceed 10%?

Determine I and Vj, in the circuit of Fig. 1-41. The MOSFET parameters
are w, CoxWIL =200 uA/V?, Viy= —2V,and A= —0.02V .
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VDD (+5 V)

ALy,

RpS (68 k)

Vgg (-5 V)

Figure 1-41 Circuit for Problem 1.11.

An n-channel MOSFET has the following parameters: W= 12 um,
L=15um, X; =05um, C5x =5% 10" *F/em’, Viy =1V, A =004V "', and
CDB(O) =0.1 pF
Determine and sketch the small-signal equivalent circuit for this transistor
used in a circuit with Vs = 2.5V, Vps =3V, and Vi = 0. Take p,, = 600cm’/
V-sand ¢,=0.8V.

A useful figure-of-merit for a transistor which relates its gain and bias
current is the transconductance /current ratio g,,/I. (a) Determine this fig-
ure-of-merit for a bipolar transistor (operating in the forward-active re-
gion) g,,/I¢ and for a MOSFET (operating in the saturation region) g,, /1.
Compare the two at room temperature, taking Vs — Vg = 1V for the MOS-
FET. (b) An n-channel MOSFET is to be designed to give the same
transconductance as a BJT, both operating at a current of 1 mA. Deter-
mine the channel width W required to achieve this transconductance; the
fabrication process gives L = 1.5 wm and fox = 60nm. Take p,, = 600 cm’/V-
sand €ox = 3.45 X 10~ " F/cm. Is this a realistic size for a modern integrated-
circuit device?

Determine the I~V characteristic for each of the two MOSFET “diode”
connections illustrated in Fig. 1-42. The two NMOS transistors in Fig.
1-42(a) are identical and both the NMOS and PMOS transistors are
enhancement mode devices. Use B, = ., Cox W, /L, and Vyy to represent the
NMOS transistors, and B, = w,Cox W, /L, and V7, = Vpy to represent the PMOS
transistor. For each ot the two configurations sketch the I-V characteristic
for V> 0.

The induced charge per unit area in the channel of a MOSFET is given by

Ocn(x) = Cox [Vgs — Vi — V()]

where V (x) is the channel potential equal to zero at the source end (x = 0)
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(a) (b)
Figure 1-42 (a) Series NMOS and (b) series PMOS and NMOS for Problem 1.14.

and equal to Vps at the drain end (x = L). The channel potential as a
function of position is related to I, and Q¢y as

1
y=— o4
W, Qcu (%)

The total charge stored in the channel is
L
Ocu= Wj Qén (x) dx
0
Using

dQcw
dVss

1
Cos=

show that the gate-to-source capacitance in saturation given in Eq. (1-84)
results.
Hint: In saturation, take Vps = Vgs — Vg and use Eq. (1-79) for I),.
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Chapter 2

Analog Integrated-Circuit Blocks

A typical analog integrated circuit is composed of several pieces of circuitry,
each of which performs a specific circuit function contributing to the overall
operation of the circuit. These basic circuit building blocks are common to a
large variety of analog circuits and it is convenient to consider them individually.
Figure 2-1 shows a two-stage operational amplifier circuit (Op-Amp) and illus-
trates the individual building blocks that make up the circuit.

In this chapter, many of the circuit blocks commonly found in analog integ-
rated circuits are discussed: current sources, dc level-shift stages, gain stages,
and output stages.
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Figure 2-1 A two-stage operational amplifier circuit illustrating its component
circuit blocks.
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(a) (b)

Figure 2-2 Basic current mirror (a) using BJTs and (b) using MOSFETSs.

2.1 Current Sources

Current sources provide currents that are relatively constant and independent of
device parameters and voltage; they can also be made relatively independent of
temperature and power-supply variations as well. In analog circuits, current
sources are used for dc biasing and as load elements in amplifier stages. In a
current-source circuit, a reference current in one branch is reproduced or mir-
rored in another branch; hence, these circuits are also called current mirrors.

Basic Current Mirror

Figure 2-2(a) shows the basic current mirror fashioned with bipolar transistors.
In the circuit, both transistors have the same base-emitter voltage. Thus, if the
transistors are identical and the output transistor Q, is operating in the forward-
active region, then the collector currents of the two transistors will be equal
(neglecting Early effect) and the output current I, will be approximately equal to
the reference current /. For each transistor, operating in forward active, we have
from Eq. (1-36)

Ic=Ie®™ ™ (1 + Vg /Vy) (2-1)

The transistor saturation current /5 is proportional to emitter area [see Eq. (1-7)].
In an integrated-circuit process, the two transistors (and others) are fabricated
simultaneously and, hence, will have identical values of I, except as scaled by
their respective emitter areas (designer specified); they will also have other
closely matched device parameters, such as current gain B and Early voltage V.
In the current mirror, we have for Q, and Q, at equal Vg,

ICI — ICZ
A (1+VeelVa)  Ay(1+ Ve /Vy)

(2-2)
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Figure 2-3 Output current characteristics of (a) the BJT current and (b) the
MOSFET current mirror of Fig. 2-1.

where A, and A, are the emitter areas of Q, and Q,, respectively. In the circuit,

I I A, 1 1 A
la=Io+In +In=Ig+ oy o Ao la_, h) +—(1 +—2)
Br Br Br Al Br Br i
(2-3)
which used in Eq. (2-2) gives for the output of the current source
A 1 1+ Ve IV
L= | ———— ( e /V") (2-4)
ol —1 +—i) BE oA
F 1
If B> 1 and V, > V(, then Eq. (2-4) reduces to
A,
= —'Ire 2-5
2=y e (2-5)

The output characteristic of the basic BJT current mirror are illustrated in Fig.
2-3(a).

EXAMPLE. Find the output current at V, = 10V of the simple current source
shown in Fig. 2-4. Except for emitter areas, the transistors are identical with
BF =100 and VA =50V. Az = %Al Take VBE = VBE(on) =0.7V. Repeat the

calculation if base current and the Early effect are neglected.
From the circuit,
Voo — VBE(on) _ 15V-0.7V
R 10kQ

=1.43mA

Iref =
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Vee (+ 15 V)
I
I"”‘ R (10 kQ ) ‘
+
v
)
Q, Q

Figure 2-4 Simple current-source example.

Using Eq. (2-4),

1
I =?(1.43 mA)

+1
1 ) (1 0/50)=834}LA

1 1 1+0.7/50
T+ | — {1+ =
100 2

A,
I, A,
EXERCISE. In the above example, determine the actual base-emitter voltage
Vae. Take I; =5 X 107" A at room temperature. What is the value of I at
the actual value of Vg, (Ans: Ve = 0.745V, I = 1.426 mA)

Multiple current sources may be fashioned using a single reference, such as
illustrated in Fig. 2-5. The output current of an individual source (neglecting
base current and Early effect) is given as

Neglecting Iz and V,,

1
la = (143mA) = 715 pA

A
I.z_ilre 2_6
3= e (2-6)

1

where j=2,3,---, N,

)

il

‘13 ¢IN
Qy

Figure 2-5 Multiple current sources using a single reference.
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This technique is commonly used in analog circuits where several bias cur-
rents are required—see Fig. 2-1 for example. As additional current-source tran-
sistors are added, however, additional base current must be supplied by the
reference current, which detracts from the reference transistor’s collector current
I¢,. This can lead to significant error, especially for low-beta transistors. The use
of base-current compensation—to be discussed later in this section—can reduce
this error.

For the MOS version of the current mirror [Fig. 2-2(b)], the drain current in
saturation is given by Eq. (1-81):

_ W Co W

I
P 2L

(Vs = Vaw)* (1 + \Vps) (2-7)
Here, I,.; = Ip,, which when combined with Eq. (2-7), yields

I, (2-8)

_(WIL), . [1+\Vpg
(WIL), ™\ 1+ \Vgs

In the MOS current mirror, the output current scales with the channel width-
to-channel length ratios W/L of the transistors. Normally, the channel length L
is fixed for a given fabrication process and the channel width dimension W is
varied.

EXAMPLE. Determine the output current at V, =35V for the current source
given in Fig. 2-6. The transistors have the following parameters: ,Cgy =
20uA/V?, Ve =1V, A=0.02V "', (W/L), = 10, and (W/L), = 15.

From the circuit,

Vop — Vs
R

Iref =

VDD (+ 15 V)

Iref¢ R (15 kQ) ¢12
+

M4 l—-‘——' Mo Vo

Figure 2-6 MOS current-source example.
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The gate-to-source voltage is found using Eq.(1-79):

Ves = Vi + | 2
SN W, CL(WIL),

which combined with the previous equation yields a quadratic equation in /:

Irzef _ [2(VDD; VTH) + & (‘%V/L) Rz]lref+ ( VDD; VTH)2 =0
p“n ox 1

Substituting for the device and circuit parameters gives
I — 1911414+ 0.8711=0
which yields
Is=0.750 mA

The corresponding gate-to-source voltage is

(2)(0.75mA)
Vas=1V + =374V
o8 (0.02mA /V?) (10)
Using Eq. (2-7),
15 1 +(0.02)(5)
L=—(0.750mA)|——————""_|=1.15mA
2= 7 (0-750m )( I+ (0.02)(3.74)) m

Base-Current Compensated Current Mirror

A primary source of error in the basic current mirror of Fig. 2-2(a) arises from
the finite base currents, which results in I, differing from I —Dby a factor of
[1+(1+A,;/A)/BF]. In high-beta transistors (say 100 or greater), this difference
is small; however, with smaller gain devices (such as with lateral pnp transis-
tors), the difference can be significant. The base-current error can be reduced
by adding current gain to the reference transistor Q, as illustrated in Fig. 2-7.
The difference between I, and I, is now equal to the base current of Q;, which is
less than I, + I5,. Assuming identical transistors, except for emitter areas, we have

IE3 IBI IBZ
L=Icy+Igps=1Ic + Byt I¢ Brtl Bt (2-9)
With I = Br1Ip and, neglecting the Early effect, I, = (A,/A}) Iy, this leads to
=l
lLi=Iq|1l+ ———|14+— (2-10)
v BF(BFH)( A,

giving a factor of 8+ 1 improvement in the base-current error.



2.1 Current Sources 55

Vee
Iref‘ IB3
— Q, *Iz
I
IC1¢ ‘ E3
Q4 - —> Q2
Iy I'g

Figure 2-7 Base-current compensated current mirror.

The collector currents of the reference and output transistors scale as

e _ I Q2-11)
A (1 +2Ve/Vy)  Ax(1+ Vg /Va)
which combined with Eq. (2-9) gives
+
L="21, 1 [ Veala) )
A 1 ( Az) 1+ 2Vee/Vy
1+ ——— 1+
BF + BF Al

For a reasonably large value of beta, the base-current terms can be neglected,
giving
Az

L=221,
2 A] f

(2-13)

1+ VCEZ/VA
1+ 2Vge/V,

Cascode Current Source

A second source of error in current sources arises from the finite output resis-
tance of the current-source transistors, which results in a variation in output
current with voltage, as depicted in Fig. 2-3; this variation in current with
voltage is characterized by the effective output resistance of the current source
R,. In the simple current source using the basic current mirror, this output
resistance is simply the output resistance r, of the transistors. Several modifica-
tions to the basic current mirror can provide current sources with increased
output resistance; one example is the cascode current source, illustrated in Fig.
2-8 for bipolar transistors. In this circuit, Q; and Q, form a basic current mirror,
and a second mirror stage consisting of Q, and Q, is added in series. In this
connection, Q, and Q, form a common-base : common-emmiter cascode pair;
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Vee
Iref&é R *Iz

Ic1+

Qq

9,

X/
¥ \

Ica Ly

N L~
N

Figure 2-8 Cascode current source.

diode-connected Q, provides a Vg level shift to ensure that Q, remains in the
foward-active region.
With reference to Fig. 2-8, assuming identical transistors,

Iref
Io=——— 2-14
I+ 208, @149
and, neglecting the Early effect,
IE]
[ o= =] 2-15
STTF 218, c4 ( )
Using
Br
I.-= 1 2-16
T 10
leads to
L=1 ! =] ! (2-17)
2 4( 1) “1+4/BF
1+ —(1+—
Br F

which shows a factor-of-2 improvement in beta sensitivity over the simple
current source.

The output resistance R, of the cascode current source is calculated from its
small-signal equivalent circuit, shown in Fig. 2-9. In this calculation, a small-
signal test current i, is applied to the output port of the current source and the
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+
rpo Svo d} ImaVa o2 + test current
Me1 ) ‘
ot

+
Fe3 rna Svyg CYBQ"MVA' % ros -
- ~

Figure 2-9 Small-signal equivalent circuit of the cascode current source for cal-
culating output resistance.

resulting response v, is measured; the ratio of the two v, /i, then gives R,.” With
reference to Fig. 2-9, several points are worthy of note: The current in r,4 is small
relative to the current g,,, v, and, because 7., is not connected to the output, will be
neglected; the reference current resistance R is usually much larger than the
emitter resistance r, and will be neglected; 7.4, Which is in parallel with r.s, is the
larger of the two by a factor of B+ 1 and can be neglected; all four collector
currents are approximately equal; thus, r,, = 7.3, both denoted ., and g,; = gms, both
denoted g,,. With these approximations, the simplified equivalent circuit in Fig.

2-10 results.
+
\
- ImVa o2
44"

r + Vo - v Vx C‘)ix

ImVs

— l

Figure 2-10 Simplified circuit of Fig. 2-9.

* An equally valid method is to use a test voltage v, and measure the response current i..
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Summing the currents at the node connecting the emitter of Q, and the
collector of Q, gives

Vv 1% 1%
lx gm v4 r. 2re gm V4 r‘" gm (V4 BF) ( )

where in the second expression we have assumed r, > 2r,.
The current in r,, is i, — g, v,, giving

v.rz(ix—gm‘)Z)rOZ-i-v (2-19)
Because r, = Brr,, vs= — v,/Brand v, = — v. This, combined with Egs. (2-18)
and (2-19) gives
ve=i |1+ Br ro,+ Br (2-20)
2 28m

The last term on the right-hand side of Eq. (2-20) is r,,/2, which is much smaller
than Brr,,/2, and is neglected; also /2 >> 1, yielding

R,=—"=~"F (2-21)

The output resistance of the cascode current source is thus a factor of Bz/2
greater than that of the simple current source.

Wilson Current Source
Another current source that achieves a high output resistance is the Wilson

current source [1], illustrated in Fig. 2-11. In this configuration, the diode-
connected reference transistor Q; operates as a negative feedback element in the

Figure 2-11 Wilson current source.
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output circuit of the source, which tends to stabilize the output current I, to I,
To see this, suppose that the output voltage of the source is raised, causing I, to
increase; this, in turn, increases I and thereby Vg, causing I, to increase. This
increase in I¢; subtracts from I, causing I, to decrease, thereby decreasing
I¢,. The output current thus remains nearly constant, giving a high output resis-
tance. A small-signal analysis of the circuit gives an output resistance of

R,=—r, (2-22)

similar to the result obtained for the cascode current source.
The Wilson current source also has low-beta sensitivity. From the circuit,
L=l + I +1p—2p~1y (2-23)

which shows a high degree of base-current cancellation. A detailed analysis,
assuming identical transistors and taking V, = o, gives

2 2
L=I4ll - ———— =4l —— 2-24
o B%+2BF+2) ( Bi) =
for B> 1. This gives a factor-of-B » improvement over the basic current source.
EXAMPLE. Determine the current and output resistance of the Wilson current
source of Fig. 2-11 with V¢ = 18 V and R = 10k{(). The transistors are identical
with B =100 and V, =75 V. Take Vgge, =0.7 V.
The reference current is
VCC - 2VBE(0n) _ 18 V - (2) (07 V)
R 10kQ

=1.660mA

Iref =

Using Eq. (2-24),
I, = (1.66mA) [1 — 2/(100)°] = 1.6597 mA
Using Eq. (1-40),

giving
100
R,= 5 (45.19k) =2.26 MQ

In the Wilson current source of Fig. 2-11, Vg, = 2Vgg, whereas Vigs = Vg;
this difference in collector-emitter voltages gives a slight mismatch in collector
currents due to the finite output resistance of the transistors. The two collector
voltages can be equalized by adding a diode-connected transistor in the reference
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Vee
I
ref R *12
Q4 Q,
Q4 Qs

Figure 2-12 Improved Wilson current source. With this circuit, Vg = Vgs, S0 a pre-
cise match between I, and I; is obtained.

side of the current source, as illustrated in Fig. 2-12. With this arrangement, /¢, and
I; are made equal and, neglecting the output resistance of Q,, I, is exactly equal to I,
Both versions of the Wilson current source can be implemented in MOS
technology as well; Fig. 2-13(a) illustrates an NMOS Wilson current mirror and
Fig. 2-13(b) illustrates the improved current mirror with NMOS transistors. A
small-signal analysis of either circuit gives for the output resistance

R,~

1+ (1+ gm ro.)—gﬁ] Fur (2-25)

m3

For identical transistors, this reduces to R, = (2 + g1 7,1) T'o2-

et} I fret! I
—”: My My :“—L——”i M2

" Pl—ﬂ:im " fjk—ﬂ:ﬂa
| - e

(a) (b

Figure 2-13 (a) NMOS Wilson current mirror. (b) Improved Wilson current
mirror using NMOS,.
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One drawback to the MOS Wilson current source is the minimum output
voltage required to keep both M, and M; operating in the saturation region; for
identical transistors, this minimum voltage is equal to 2Vgs — Vu. In some
applications, this can severely limit the dynamic range of the current source,
especially with low power-supply voltages.

Resistor-Ratioed Current Source

An additional method by which currents can be scaled is to place resistors in
the emitter legs of the basic current source; such an arrangement, illustrated
in Fig. 2-14, is called a resistor-ratioed current source. The voltage dropped
across each of the resistors leads to differing base-emitter voltages for the
transistors and, hence, differing collector currents. With reference to Fig. 2-14,
summing the voltages around the base-emitter loop, neglecting base currents,
gives

Veg1 + It Ry — LR, — Vg, = 0 (2-26)

where, assuming V, = o«

kT 1
VBe12 = 7111 ( CI’Z) (2-27)

ISI,Z

Substituting Eq. (2-27) into Eq. (2-26) and rearranging leads to

R, q AT
L=—14|1+ 2-28
2 RZ ' Irele ( )
Vee
Iref¢ Rret ¢12
Qq Qs
R Rz

Figure 2-14 Resistor-ratioed current source.
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+
(re1+Ry) IR g 2SS vsp ImaV2 STo2

Z i
v Vix X
Ra

Figure 2-15 Circuit for calculation of output resistance.

+

The reference current is determined from

Iref — VCC VBEI (2_29)
R+ R,
If the voltage drop across R, is made large—say, on the order of Vge—then the
second term inside the square brackets of Eq. (2-28) is negligibly small relative
to the first term and the currents become related by the ratio of the two resistor
values:

L= %]m (2-30)
which, to first order, is independent of temperature. Also, if Q, and Q, are
scaled such that A,/A| = I, /I, then the logarithmic term is zero and Eq. (2-30)
results.

The resistor R, in the emitter of Q, provides negative feedback and thereby
raises the output resistance of the current source. The small-signal equivalent
circuit for calculating the output resistance is shown in Fig. 2-15. Summing
the currents at the emitter node of Q, gives

_ Vv + Vv
R, (ras + R)NRp + 1z

where (r.; + R))IIR,¢ denotes the parallel combination of resistances r,, + R,
and R.. Assuming that the ratio of the two currents I, and I, are within a factor
of 10 or so, then r,; is small relative to r,, and can be neglected in Eq. (2-31).
This gives

(2-31)

I

(RIIR s+ ra) R,
= i,
R|I|R|—ef+R2 + 1£%)

(2-32)

and

_ r'r:ZRZ i
R|”Rref+R2+ 1) *

(2-33)

Vv, =



2.1 Current Sources 63

Summing the voltages around the output loop gives

Vi = (lx —8&m VZ) Yoz +v (2'34)
and using Eqs. (2-32) and (2-33) yields
of Trm) Ry
v =i, + BrR, i\r., (RiNR s + r) R, i (2-35)
R;||R,ef+R2+r,,2 RIHR,-ef‘l"Rz‘l'r«nz

If Br 7,2 > (RilIRs + rny), then the second term on the right-hand side of Eq. (2-35)
is negligibly small, yielding

BrR,
R1”R,-ef + R2 + 1259

R,= (1 + o (2-36)

EXAMPLE. Find the output current and output resistance of the resistor-
ratioed current source of Fig. 2-14 with Vcc =10V, R, = 1k, R, =4k}, and
R.;=10kQ. Take for the transistors, By =100, V, =75V, I =5X 10" '°A,
I,=25X10""%A, and A, = 24,.

Equation (2-28) is transcendental and will be solved iteratively for I,. I is
not known until Vg, is determined; Vgg, will be assumed initially to be equal to
0.7 V and this value will be used to determine an initial value for 1., which,
in turn, is used in Eq. (2-28) to determine an initial value for I,; from this
value, an updated value for Vg, is determined and the procedure is repeated until
a converged solution is obtained. Fortunately, the non linearity in Eq. (2-8) is
logarithmic and so two or three iterations are usually sufficient to achieve a
converged solution of adequate accuracy. Using Eq. (2-29),

_10V-07V

i~ Y A
S lokarikq O8Sm

which, used in Eq. (2-28), gives an initial value for I, of 215.7 w.A. Using this
value in Eq. (2-27), gives

215.7%x107°

Viea = 0026 In| =2 "=
w2 =0 n( 25%10° "

)V=O.715V

which is used in Eq. (2-26) to obtain an updated value for Vgg,:

VBEI = VBEZ + Iz R2 - Irele =0.715V + (02157 mA) (4 kﬂ) - (08455 mA) (1 kQ)
=0.732V

This value is used in Eq. (2-29) to obtain a new value for I of 0.8425 mA. A
second iteration cycle is sufficient, giving the final values:

I ;= 0.8426 mA, I, =215.0pA
VBEI =0.732 V, VBEZ =0.714V
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The ratio of I, to I is

L, _ 02150mA
L¢ 0.8426mA

which is close to the value of 0.25 predicted by Eq. (2-30).
For the output resistance,

=(0.2552

% 75
rp=—2t=_" " =348 8k
I, 0215mA
and
100
ro=Br =12.1kQ

gm 0.215mA/0.026V
which, combined in Eq. (2-36), gives

(100) (4k2)
R,=|1+ 348.8k()) = 8.55M()
’ (10kQH(1 k) +4kQ + 12.1kQ ( )

Widlar Current Source

Figure 2-16 shows a special case of the resistor-ratioed current source in which
the resistor in the emitter leg of Q, is omitted. This configuration, called the
Widlar current source [2], is useful in providing very low output currents, but
without a commensurately low reference current, which would require a large
(and therefore impractical) reference resistance. Setting R, equal to zero in Eq.
(2-28) gives for the output current of the Widlar current source;

kT AZ lref
IL=——In|—
qR, A I

(2-37)

Vee

I ref* ; Rref ‘I 2
Q4 ;—‘ Qy

Figure 2-16 Widlar current source.
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where

Vee = Vi
I= _cc  TBEL (2-38)
Rref
Likewise, setting R, = 0 in the anaiysis previously carried out for the resistor-
ratioed current source gives for the output resistance of the Widlar current
source:

Vo2 =

R,={1+ (2-39)

rel”Rref‘i'Rz + V'

BFRZ )

1 + gm2R2
rO
1+ gmsz/Bp 2

where in the second equation we have neglected r,, in comparison with r., and
assumed that B> 1. Further, if g,, R, << Bp, then

R,=(1+gmR)rs (2-40)

2.2 DC Level-Shift Stages

In integrated circuits, large-value capacitors are impractical, and as a result,
successive stages in a circuit are dc coupled. DC level-shift stages are used to
provide voltage-level compatibility between the output of one stage and the
input of the next stage to which it is connected. There are a variety of
techniques available to accomplish the required level shift; some of the more
commonly used ones are discussed briefly in this section.

Vse Voltage Shift Stages

The base-emitter voltage of a forward-biased bipolar transistor can provide a
convenient, well-controlled voltage-level shift. Figure 2-17 illustrates some
commonly used level-shift stages based on the Vg drop. In Fig. 2-17(a), an
emitter follower stage provides a single Vgg-level shift:

Vo=V, — Vgg (2'41)
where
kT (1
Veg = —In (—0) (2-42)
q I

An added benefit of this stage is the relatively high input resistance provided
by the emitter follower which reduces the loading at the output of the previous
stage to which it connects; most level-shift stages employ an emitter follower
(or source follower with MOS transistors) buffer as part of the level-shift
circuit.
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Vee Vee
V1 01 V1 01 V1
Vo
Io D4
= b,
(a) \
Dn
Va
(c)
Io

Figure 2-17 DC level-shift stages using the base-emitter voltage drop: (a) single
Ve emitter follower; (b) multiple Vg diode string; (c) Vgz multiplier.

Multiple diode-connected transistors can be used to provide level shifts
larger than Vge. In Fig. 2-17(b),

V2 = V] - (n + 1) VBE (2'43)

where it is assumed that the n diode-connected transistors are idential to the
emitter follower transistor Q,. As each diode requires a separate isolation region
in its fabrication, the diode string level-shift circuit can require sizable chip
area if several diodes are used. Additionally, a silicon pn junction shows a
negative voltage-temperature coefficient of about 2 mV per degree Kelvin; the
diode string will have an overall temperature coefficient of approximately
2(n+ 1)mV/°K, which can represent a significant temperature dependence if
many diodes are used.

An alternative to multiple series diodes is the Vg multiplier stage, illustrated
in Fig. 2-17(c). The current in R, is equal to Vg, /R, and, neglecting base current,
is the same current in R, giving

Vo=V, — Vg, — Ve (1 + R, /R>) (2-44)
If the currents in R, and R, are small relative to I, then Vg = Vpp,, giving
Vo=V, —2+R,/Ry) Vg (2-45)

for the level shift.
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Figure 2-18 Level-shift stage using cascade emitter follower.

Cascade Emitter Follower Level-Shift Stage

Figure 2-18 shows a level-shift stage comprised of two emitter followers
connected in cascade. From the circuit, neglecting base currents,

Vo=Vi—=Ves —IoR; — Vi (2-46)

If the output is connected to a high-impedance point, then the emitter current
of Q, will be low, causing Q, to operate in a region where it exhibits low
current gain 35. A resistance (R,) connected in the emitter leg of Q, will raise
its emitter current; choosing a value of R, to give I, = I, produces Vgg; = Vgg, and,
for identical transitors, yields

V2 = Vl - ZVBE - IDRI (2'47)
where
kT (I
Ve =—1In (—ﬂ) (2-48)
q I

Composite npn-pnp Level-Shift Stage

Both npn and pnp transistors can be combined to form level-shift circuits [3].
Figure 2-19 shows a commonly used stage. With approximately equal base-
emitter voltages for Q, and Q,, the voltage at node a is equal to V,, and the
current in R, is (Vee — V) /R, which equals I, + I5,; neglecting base currents,
Icy =1y and I, = I,. The level-shifted voltage V, is equal to I, R,, which yields

R
V,= R—Z(Vcc —V)— IR, (2-49)
1
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Figure 2-19 Level-shift stage using composite npn—pnp.

This level-shift stage has a nonunity voltage gain (Ay = — R,/R,) unless R, and
R, are made equal. If R, is eliminated, the circuit becomes a voltage-controlled
current source with

Vee—V
L=—2"'"_1, (2-50)
R,

MOS Level-Shift Stages

Figure 2-20 shows two commonly used level-shift stages using NMOS tran-
sistors. Transistor M, operates as a source follower and M, provides the bias
current. The level shift is equal to Vg, and as long as V, = (Vpp + Vi), M,
operates in the saturation region. Using Eq. (1-81), neglecting channel-length
modulation (A =0), we have for the circuit of Fig. 2-20(a):

| [,

V] (W/L)l
—__VTH _.—__/Z_
14+ [ WD) 1+ WD
(W/L), (WIL),

For (W/L), << (W/L),, the radical terms in Eq. (2-51) are negligible and the
level shift is approximately

V,= (2-51)

V2 = V] - VTH (2'52)

For the special case in which (W/L), = (W/L),, the circuit functions as a voltage
divider with

1
V,= > V, (2-53)
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Figure 2-20 NMOS source follower level-shift stages.

In the circuit of Fig. 2-20(b), M, is in saturation provided
| (W/L)z
Vi WIL),
+ | (W/L)z / (W/L)z
(WIL), (W/L),
L
/(W/L)z _ | (W/L), Vi (2-55)
(W/L), (W/L),

Vo=V = Viis (2-56)

Vbias =

(2-54)

and the level shift is

For (W/L), = (W/L),,

2.3 Single-Transistor Gain Stages

Single transistors, combined with either resistive or active loads, produce the
simplest circuits which can provide useful amplification in analog circuits.
Although more complex circuits can provide improved characteristics, these
basic single-transistor gain stages are utilized in certain portions of many
analog integrated circuits. The three singie-transistor configurations utilizing
bipolar and fieid-effect transistors are briefiy discussed in this section, each of
which has a particular set of input resistance, output resistance, and gain
characteristics.
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Vee

load element

Figure 2-21 Common-emitter gain stage with resistances added in the base and
emitter legs. R; and R, represent the small-signal equivalent input and output resis-
tances, respectively. r, is the smal-signal equivalent resistance of the load element.

Common-Emitter Gain Stages

A common-emitter (CE) stage, illustrated in Fig. 2-21, provides voltage gain
and exhibits both high input and output resistances. In this configuration, the
input is applied to the base and the output is taken at the collector. The
resistance Ry added in the emitter leg produces emitter degeneration [4]. In
actuality, this resistance causes negative feedback for the common-emitter
transistor; the input voltage to the transistor (V,.) is reduced from the input
signal (V)) by the voltage drop across Ry, which is proportional to the output
current (Ic). As a result, both the input resistance and output resistance of the
stage are increased by the feedback; correspondingly, the voltage gain is
reduced. The resistance R added in the base leg represents the output resistance
of the signal source (V,) driving the stage.

For the transistor operating in the forward-active region, we have for the
collector current

I.= Ise"v""”(l + V—) (2-57)
Va
or, in terms of base current,
VCB
I.= BFIb(l + ) (2-58)
Va
where
i V
fy=— YV (2-59)

" Ra+ Br+ DR,
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Figure 2-22 Small-signal two-port equivalent circuit of the common-emitter gain
stage.

and
kT 1
Vie =Eln (1—) =——ln(BF ”) (2-60)
q s q I
Substituting Eq. (2-59) into Eq. (2-58) yields
g2 ) Tl @-61)
R+ (Br+ 1)Rg Vi

The two-port equivalent circuit shown in Fig. 2-22 may be used to represent
the small-signal behavior of the common-emitter stage. The small-signal input
resistance R; can be obtained directly from Eq. (2-59):

dV,  dVie

dl, di,

+Rp+(Br+ 1Re (2-62)

Using 1. = Br1I,, noting that dV,./dl. = 1/g,, and that B, = g, r,, we obtain
Ri=Rg+r,+(Brt DRg (2-63)
which, for B> 1, can be written as
Ri=Rz+r,(1+g.Rp) (2-64)

The small-signal equivalent transconductance can be obtained from Eq. (2-61);
assuming that V, > V.,

: +
L _dVi_dVe Ryt (Bt DR (2-65)
G, dI. I Br
which evaluates to
G, = Em (2-66)

Ra (Bt DR
£ L

1+
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Rp

+

Figure 2-23 Small-signal equivalent circuit of CE stage for calculation of output
resistance.

which, for B> 1, can be expressed as

G, ~ + (2-67)
r‘lT
The output resistance r¢ seen looking into the collector of the CE transistor is
evaluated from the small-signal test circuit shown in Fig. 2-23; this circuit is
the same as that used to evaluate the output resistance of the resistor-ratioed
current source (Fig. 2-15) with (r,, + R))!/IR. = Rp and R, = R;. From Eq. (2-36)
R
re=(1+ _ BeRe ) (2-68)
RB + RE + I'n

where r, is the small-signal output resistance of the transistor, given by V,/I.

The total small-signal output resistance is

Ro= rcllrL (2'69)
Common-Emitter Gain Stage with Resistive Load

A common-emitter gain stage utilizing a fixed resistance as a load element is
shown in Fig. 2-24. Here, V, = V¢ — I. R and V.. = V,. Using this, with R =0, in
Eq. (2-61), the large-signal voltage transfer relation is obtained:

Rc
Vee — BF(Vi - Vbe)?
B

V,= 2-70
1+ BF(V:"‘ Vbe)RC ( )

VaRsg

This relationship holds for the transistor operating in the forward-active region.
If we take the base-emitter voltage to be a constant Vpgn for the active region,
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Vee

Re

Y
Rg °

Figure 2-24 Common-emitter gain stage with resistive load.

then for V; < Vg, the transistor is off and the output voltage is at Ve, As V;
increases, V, (and hence the collector voltage V.) decreases; when V,,. becomes
positive, the transistor enters the saturation region, giving V, = Vgeay. This occurs
at an input voltage

Vee — Vg R
Visay = Veeen + < S ( 2 ) (2-71)
1+ Vepeay /Va \ BFRc
Because V, > Vg, Eq. (2-71) simplifies to
Ry
Visay = Viron T Ve — Versan) 5 (2-72)
BrRc

The large-signal voltage transfer characteristic for the CE stage is sketched in
Fig. 2-25. The characteristic in the active region is linear for V, = .

The small-signal voltage gain of the resistive-loaded CE stage is calculated
from Fig. 2-22:

A,=—= —-G,R, (2-73)

where, with R set to zero in Eq. (2-66), the equivalent transconductance is

8m
G,=—=>= 2-74
1+ RB /r,, ( )
and from Eq. (2-69),

R,=r,lIRc (2-75)

which combine to give

IR

A = — 8n(0lIRS) (2-76)

1+R3/r,,
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Figure 2-25 Output voltage versus input voltage for resistive-loaded CE stage.

EXAMPLE. Determine the small-signal voltage gain at room temperature of
the CE amplifier in Fig. 2-24. In the circuit, Rz = 1k}, R = 10k{}, and the
transistor is biased at /. = 500 wA. The transistor parameters are B = 100 and
Va=T75V.

The transistor transconductance is

Using Eq. (2-76), the voltage gain is

192mA/NV  (150kQ)(10k€) _

== — 151
1+ (1kQ/521kQ) 150kQ + 10k{)

Common-Emitter Gain Stage with Active Load

From a practical sense, the voltage gain of the resistive-loaded gain stage is
limited by the load resistor, R in the circuit of Fig. 2-24. Large gains require
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Vee
Q, Qa2
Ie2
Iref+ ic Vo
Ic1
Vi a;

Figure 2-26 Common-emitter gain stage with active load.

large resistance values, which, in turn, require a sizable chip area. The output
resistance of a transistor can be utilized as an effective load element, replacing
a fixed resistive load. Figure 2-26 shows a common-emitter gain stage with
an active load provided by a pnp current-source transistor, Q,; the effective
load resistance is r,,, which when combined with the output resistance r,; of the
CE transistor Q, provides a high overall output resistance for the stage.

For the collector current of transistor Q, in Fig. 2-26,

Vo
L, =1 qu-”‘T(1 + v—) (2-77)
Al

Assuming that the two pnp transistors, Q, and Q;, are identical and noting that
VbeZ = Vbe}y we have

1
‘2/ S ; (2-78)
R
VAZ VA3

where the pnp Early voltages, V,, and V,;, are taken as positive quantities. Now,
Ve = Ve — V, and V.3 = V5. Neglecting base current, we have I3 = I, and
assuming that V,; > V., Eq. (2-78) becomes approximately

1+ u) (2-79)
2

ICZ = Iref

Vi

Equating I, and I, and solving for the output voltage gives

I
Vee + Vi (1 - I—SI- qu'/kT)

ref

(2-80)

Vo= Vi 1
|+ 22 dst avinr
VAl Iref
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Vo
A
Q4 off, Q5 sat
Vee- VCE2(sat) -ﬁ
Vece Q4,Q 5 active

1+ Va2/ Va1

LQ1 sat, Q, active

VeEt(sat) §-------- w -
i
I
k(;rl n( ref \
\Ig )

Figure 2-27 Output voltage versus input voltage for active-loaded CE stage.

The voltage transfer characteristic is sketched in Fig. 2-27. At low input
voltage (V; less than about 0.7 V), Q, is off and Q, is saturated (albeit at very
low current), and V, = Ve — Vepaea- At high input voltage, Q, is saturated, Q, is
active, and V, = Vg At I, = I.¢, which occurs at an input voltage of

kT (1.
v,:——ln( ‘) (2-81)

the output voltage is

Vee

Vy=— < 2-82

If the npn and pnp Early voltages are equal, then at this operating point,
Vo= Vec /2.

The small-signal voltage gain with no load connected to the output can be
obtained by differentiating Eq. (2-80):

_av, _ 9 Vi Va v
dv, KT Vi + Vo (I ) €™

ﬁeqv,/kr + Vee + Var 1 — (U /) eq%/kT)
Lo Vi + Vaolsi Hce™ ™

(2-83)
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At Is exp (qVi/kT) = I, Eq. (2-83) simplifies to

_ _q_ Var Va 1+ Vee
Y kT VAl + VAz VA] + VAZ

The second term inside the brackets of Eq. (2-84) is normally << 1; this gives

(2-84)

A~ -2 YuVe (2-85)
kT \ V4 + Vyy
Using the relatonship V, = I.r,, Eq. (2-85) can be recast as
A, = = gu(rallry) (2-86)

which is identical to the voltage gain obtained from a small-signal analysis of
the circuit in Fig. 2-26.

As an example of the potentially large voltage gain obtainable with the
active-loaded gain stage, consider the CE stage with Vs = V4, =100V. At room
temperature, Eq. (2-85) calculates to

_ 1 ((lOOV)(lOOV) — 1923

" 0,026V | 100V + 100V

Common-Source Gain Stage with Resistive Load

Figure 2-28(a) shows a common-source (CS) gain stage using NMOS transis-
tors. Here, a "diode”-connected transistor (M,) is used as a nonlinear resistive
element, which eliminates the additional process steps required to fabricate
separate integrated-circuit resistors. The voltage transfer characteristic is
sketched in Fig. 2-28(b). For V; < Viy, transistor M, is off, transistor M, is in
saturation (at negligibly small current), and the output voltage is at Vpp — V. As
V, is increased above Vry, M, tumns on, operating intially in the saturation region;
M, operates always in saturation. Because M, presents a relatively low value of
effective load resistance to the CS transistor M,, the effects of channel-length
modulation can be neglected; in this region of operation,

LCh (W
Iy= B o 2 (—E)l (Vi = Viw)® (2-87)
and
n C(;X W
I,~+ (—) Voo — V= Vig)? (2-88)
2 L /)2
Equating /,; and I, yields
W/L
Vo= Voo — Vi — |1y (2-89)

(WIL),
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VO
v A
PO 1" M [ off, M, sat
Vpp- Vo
1
1
1
1
' M1,M2 sat
:
1
1
Vbs(sat) -1 N M , triode,M,, sat
1 1
i } > Vi

(a) (b)

Figure 2-28 (a) Common-source gain stage with saturated transistor load. (b)
Output voltage versus input voltage.

The output voltage is seen to vary linearly with the input voltage; the approxi-
mate small-signal voltage gain can be obtained from the slope of this charac-

teristic:
dv, [ (W/L),
= = — 2-90
A, dv; (W/L), ( )

Thus, for a voltage gain greater than unity, (W/L), must be made larger than
(W/L),; usually, M, is made with a short channel length (L) and a wide channel
width (W), and M, is made with a long channel length and a narrow channel
width. In practice, constraints on chip area limit gains to about 10.

At larger input voltage, M, comes out of saturation and enters the triode

region. This occurs at,
[ (WIL),
Vbt |7V
DD (WIL), TH

Vi = Vi(sat) = (2'91)
1+ [ (WIL),
(WIL),
and the corresponding output voitage
Vop — V-
Va = Va(sa() = = T (2-92)

1+ | (WIL),
(WIL),
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Figure 2-29 Small-signal equivalent circuit of the common-source gain stage.

The small-signal equivalent of the common-source gain NMOS gain stage
is shown in Fig. 2-29. Summing the currents at the output node gives

Vo Vo
&m Vi + ng Vo + + = 0 (2'93)
Fo1 o2
which evaluates to
vo gml
A="= — 2-94
Vi gm2+1/r01+1/r02 ( )

Normally, g,,>> 1/r,, in which case Eq. (2-94) reduces to

A~ =S (2-95)
ng

which, using Eq. (1-96), can be easily shown to be identical to Eq. (2-90).
The small-signal output resistance of this gain stage is

R, = 1 ~ _1_ (2-96)

1 m
gmt Uiry + Em2

o2

EXAMPLE. Determine the small-signal voltage gain and output resistance of
the CS amplifier in Fig. 2-28. In the circuit, Vpp = 10V and the transistors are
biased at V,=5V. The NMOS parameters are ., Co, = 20 nA/V 2 V=1V,
(W/L), =60, and (W/L), = 1. The transistor output resistances may be negle-
cted.

Using Eq. (2-90), the small-signal voltage gain is

6
A= - ,TOZ -175

From Eq. (1-96), the transconductance of M, is

w
Gm2 = Pon Ci (T) (Voo = Vo — Vi) = (20 pA /N (1) (10 — 5= 1) V=80 pA/V
2
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The output resistance from Eq. (2-96) is

1

R,, =————=125 kQ)
80X 10 °A/V

Common-Source Gain Stage with Active Load

The MOS equivalent of the active-loaded common-emitter gain stage depicted
in Fig. 2-26 is shown in Fig. 2-30(a), in which the PMOS current source
transistor M, provides the active load for the NMOS common-source transistor
M,. Here, as with the bipolar counterpart, the high output resistance of the load
and gain transistors—when tiey are operating in the saturation region—com-
bine to give the stage large gain. The voltage transfer gharacteristic of the
active-loaded common-source stage is sketched in Fig. 2-30(b). For V; less than
Vv, the threshold voltage of the NMOS transistor, M, is off and M, is operating
in the triode region (at essentially zero current and zero voltage drop V,,); the
output voltage in this region is at Vpp. As V; is increased beyond Viy, M, begins
to conduct and the output falls; in this region, M, operates in saturation and M,
remains in the triode region. When the output reaches Vpp — Vsgs — Vip, Where Vip is
the threshold voltage of the PMOS transistors, M, enters the saturation region
[identified as point 1 in Fig. 2-30(b)]. In this region of maximum gain, the
drain current of M, is given as

n CO’X W
Lo =F D) (V= Vi (1 + 0 V) (2-97)
2 L/
A M off, M, triode
Vpp | / M, sat, M 2 triode

1
1
|
1

VDD ___:___‘ M1yM2 sat

° 14+ Xq/ 22 r

| i
1 1

Vps(sat) 1= "r-""1 M triode, M, sat

t---

ZIref

M Cox (W/ L),

<
2

(a) (b)

Figure 2-30 (a) Common-source gain stage with active load. (b) Output voltage
versus input voltage.
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The PMOS current mirror currents are related as

L Iy

= (2-98)
1 + )\2 Vsd2 1 + )\3 Vsd3

Now, Is=Ie, Vp=Vpp—V, and V3=V, << 1/h;, which used in
Eq. (2-98) gives

I = It [1+ N (Voo — V)] (2-99)

Equating I, and I, and solving for the output voltage results in

1 2Cox (W
Voo + = |1 =+ (T) Vi~ VTN)Z}
V,= 2)\ & fefW ‘ (2-100)
Mon Cox 2
1+ —|(V,=V
Ny 2y (L )1( )
At
ﬂCO,X W
s 2 (T), (Vi= Vi)’ =1 (2-101)
the output voltage is
VDD
V,=_ 0 2-102
1+ N/, ( )

which occurs at an input voltage

21ref
Vi=Vpy+ |— 2-103
™V pa CH(WIL), (2103

As V; is increased further, M, comes out of saturation and enters the triode
region [labeled point 2 in Fig. 2-30(b)]. The normal range of operation on this
gain stage is between points 1 and 2 where both the gain and load transistors
are operating in saturation

The small-signal voltage gain with no load attached to the output can be
obtained by differentiating Eq. (2-100):

Ao G )WL) (Vi= Vi)
CUAVe NN (G 2L (WIL) (V= Vi)

N1 A2 Vop + Ny [1 = (W Cou 2Led) (WIL) (Vi = V)]
N2+ N (o Coxf2Le) (WIL), (Vi = Vi)

1+ (2-104)
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At

Bon Cox

5 (WL (Vi = Vi) = L

which is at an operating point where I, = I.;, Eq. (2-104) simplifies to

A = (2-105)

_ (o Co /i) (WIL), (Vi = Vi) 1+ A A, Vi
AN, AN+

The second term inside the square brackets of Eq. (2-105) is normally << 1
and can be neglected. This gives

L] Cox (W/L), (V; = V)

A=
It (N1 + Ny)

(2-106)

The numerator on the right-hand side of Eq. (2-106) is equal to the transcon-
ductance g,, of transistor M,. Using Eq. (1-98) to relate the output resistance of
transistors M, and M, to the operating current /. and their respective channel-
length modulation parameters A, Eq. (2-106) can be expressed as

| 1)_
Av= _gml( + ) |= _gml(r()IHrOZ) (2'107)

L T2

which is identical to the result obtained from a small-signal analysis of the
circuit in Fig. 2-30(a). The corresponding small-signal output resistance is

1-\,0= rolllroz (2'108)
Common-Collector (Emitter Follower) Gain Stage

A common-collector (CC) stage with a resistive load is illustrated in Fig.
2-31(a). This configuration in which the input is applied to the base and the
output is taken at the emitter is also referred to as an emitter follower. This
stage does not exhibit voltage gain—it does have current gain—but finds
application primarily as a buffer circuit owing to its high input resistance and
low output resistance. Unlike the common-emitter configuration in which the
load resistance is connected only to the output circuit, in the common-collector
configuration the load resistance is common to both the input and output
circuit. For this reason, both the input and output resistances of the stage
depend on the value of the load resistance (and on the value of the input source
resistance Ry as well). From Fig. 2-31(a) the output voltage is

VOZV,'_I[,RB'“ Vbe (2'109)
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Figure 2-31 (a) Common-collector (emitter follower) stage. (b) Voltage transfer
characteristic.

where for V; =0, the transistor is operating in the forward-active region, giving

Ibzivi_ (2-110)
Rp+ (Brt DR
with
kT [, kT V,
Vbe=—1n(—)=—1n(—————) @-111)
g \Is)] q \Is(A+1/BpRg

Substituting Egs. (2-110) and (2-111) into Eq. (2-109) yields the transfer
characteristic

kT 1 vV, 1
V0+—- In = Vi
q + Rg Is(1+ 1/Bp)Re Rg
Brt DRe Br+ DRe
(2-112)

It should be remarked that for small values of the input Vi, will be small,
resulting in a small collector current and a near zero output voltage. As an
approximation, we assume the transistor to essentially be turned off until V;
reaches Vi The voltage transfer characteristic is sketched in Fig. 2-31(b). For
small and moderate values of V,, the logarithmic term in Eq. (2-112) is small
and the characteristic is nearly linear with a slope of approximately

dav, 1

~ (2-113)
dv; 1+ Ry
Brt+ DR
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(b)

Figure 2-32 (a) Small-signal equivalent circuit of the common-collector (emitter
follower) configuration. (b) Circuit for calculating the small-signal output resis-
tance.

which approaches unity gain for small values of R, and /or large values of R;.
The upper limit on the output is reached when the transistor enters the satu-
ration region, giving V,(max) = Ve — Vg

Figure 2-32(a) shows the small-signal equivalent circuit of the common-
collector stage from which the input resistance and voltage gain are calculated.
The transistor output resistance r, is in parallel with Rg and as, normally, r, >
Rpg, it is neglected. From the circuit

vi=i,(Rg+ry)+v, (2-114)
where
Vo=, Re= (i, + gnv) R (2-115)
and
Vi=lptn (2-116)
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which combine to give
vi=ipy(Rg+ ry) +iy(Re+ gn=Rg) (2-117)
The small-signal output resistance, noting that g, 7= = B, is
Ri=—i=Ry+rs+Br+ DRy (2-118)
Ip
For B> 1, this is approximately
R;~Rg+r.(1+g,Rg) (2-119)
From Eq. (2-115) the output voltage can be written as
vo=(Br+ 1)i,Re (2-120)
which, when combined with Eq. (2-118), gives the small-signal voltage gain

gzt L (2-121)
V; Ry +r,

1+
(Br+ DR;

The voltage gain is less than unity; however, if (87 + 1) Rg > Rp + r,, the gain
can be close to unity.

The circuit for calculating the small-signal output resistance is shown in Fig.
2-32(b). Here, it is more convenient to use a test voltage v, and calculate the
resulting current response i,. Summing the currents at the emitter node gives

Vx

gmVi T i, = RE+i‘ (2-122)
where
i\ = Rsi:rﬂ (2-123)
and
VI= — Iy (2-124)

Combining Eqs. (2-123) and (2-124) into Eq. (2-122) gives the output resis-
tance

R,=—~=R; (2-125)

RB + Iy
Brt+1
The two-port equivalent circuit shown in Fig. 2-33 can be used to represent

the small-signal behavior of the common-collector (emitter follower) stage,
where R;, A,, and R, are given by Egs. (2-118), (2-121), and (2-125), respect-
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Figure 2-33 Small-signal two-port equivalent circuit of the common-collector
(emitter follower) stage.

ively. Because the voltage gain of the emitter follower is usually close to unity,
the dependent voltage-source form of the two-port equivalent circuit is more
appropriate than the equivalent G,, form, shown in Fig. 2-22.

EXAMPLE. Determine the input resistance, output resistance, and voltage
gain of the emitter follower stage in Fig. 2-31. In the circuit, Rz = 1k{},
R = 2k{), and the transistor is biased such that V,=1V. Assume room tem-
perature and take B = 100.

The dc collector bias current is

Br \[Vo| [(100\[1V
Io=[—2F ) [2o) = [ 22 1Y)~ 9495 mA
¢ (BF+1)(RE) (101)(2k9) 0.495m
kT (0.026V

T Pr 10495 mA

)(100) =525k
qlc

The input resistance is from Eq. (2-118):
R; = 1kQ + 5.25kQ + (101) (2k€Q2) = 208 k()

The output resistance is from Eq. (2-125):

( 1k} + 525k

=60.0Q
101

R, = (2kﬂ)'

The voltage gain is from Eq. (2-121):

1
= =097
4, |4 1KD+525k0 0970

(101) (2k€2)

EXERCISE. For the previous example, determine the input bias voltage re-
quired to give a dc operating point of V,=1V. Take for the transistor
Is=2x10""°A. (Ans. 1.75 V)
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Figure 2-34 Emitter follower stage with active load.

Emitter Follower Stage with Active Load

The linear range of the common-collector (emitter follower) stage can be
extended by using an active load in place of a resistive load. In Fig. 2-34, Q,
and Q; comprise a current source which sets the emitter bias current of the
emitter follower transistor Q,. This fixes the base-emitter voltage of Q; to a
constant value and

Vo=Vi= Vi (2-126)
where
KT (1,\ kT (I,
vbﬂ:—ln( ')z—ln( ‘) (2-127)
q I q I

Using 1,, =1, and taking I, = I.;, the transfer characteristic becomes

kT (I
V,~V,——1n (—f> (2-128)
q I

The linear range extends over the region in which both Q; and Q, are operating
in the forward-active region; this range is Vg < Vo < Ve — Vg

Common-Drain (Source Follower) Gain Stage

Like its bipolar counterpart, the common-drain (source follower) configuration
finds primary application as a buffer circuit. Figure 2-35(a) shows a source
follower stage with a resistive load. The output voltage is given by

V,=1,Rs (2-129)
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Figure 2-35 (a) Common-drain (source follower) stage. (b) Voltage transfer char-
acteristic.

where, for Viy <V, =< Vpp + Vqy, the transistor is operating in saturation with a
drain current (neglecting \) given by

_ G
2

Substituting Eq. (2-129) into Eq. (2-130) and solving the resulting quadratic
equation for the output voltage yields

1 (%) Vi=V,= V)’ (2-130)

1 w
Vo= Vi~ Vi +*—V_[1 - \ﬁ + 2u,.co'x(f)Rs(v,~— vm]

nCO,x - R
K ( L) s

(2-131)

This characteristic is sketched in Fig. 2-35(b). For very large values of Ry, the
characteristic is nearly linear with a slope of unity.

A small-signal analysis of the source follower circuit [Fig. 2-35(a)] yields a
voltage gain of

Ay:ﬁ:__l_ (2-132)
v, 1
1+
8m RS
an input resistance
Ri= (2-133)
and an output resistance
,=—|Rs (2-134)
8m
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Figure 2-36 Source follower with active load.

Source Follower Stage with Active Load

The linearity of the common-drain (source follower) stage may be improved
by current-source biasing. Figure 2-36 shows a source follower circuit with an
active load. The current source, consisting of M, and M, sets the bias current
in M, and hence its gate-source voltage. For the circuit,

Vo = vi - vgsl (2’135)

where, noting that I, = I, = I,

2Iref
Vaa=Vgg+ | ———— 2-136
s L, CL(WIL), (2-136)

Common-Base Gain Stages

A common-base (CB) stage, illustrated in Fig. 2-37, provides voltage gain and
exhibits a low input resistance and a high output resistance. In this configur-
ation, the input is applied to the emitter and the output is taken at the collector.
The resistance Ry represents the output resistance of the driving source and the
resistance Rp added in the base leg produces base degeneration (in the same
fashion as the emitter degeneration resistance in the common-emitter stage).
Unlike the CE stage, however, in which the driving source supplies an input
base current, the input current to the CB stage is a much higher emitter current.
For this reason, the common-base configuration is not as widely employed as
the common-emitter configuration; it does have a couple of features which
make it attractive in certain applications: (1) The base-collector capacitance
(Cp) in a CE configuration provides negative feedback from the output to the



90 Chapter 2 - Analog Integrated-Circuit Blocks

Figure 2-37 Common-base gain stage with resistances added in the emitter and
base legs. R; and R, represent the small-signal input and output resistances, respect-
ively. r; is the small-signal equivalent resistance of the load element.

input; the feedback is enhanced by the gain of the stage (the Miller effect [5]),
resulting in a much degraded frequency response. In the CB configuration, this
capacitance appears at the output only, resulting in a much higher frequency
response. (2) The reverse-bias breakdown voltage between collector and base
is considerably higher than that between collector and emitter [6]; with the
same transistor, the CB configuration can provide higher output voltages,
which may be required in some high-voltage applications.

For the transistor operating in the forward-active region (which requires V;
to be negative), we have for the collector current in terms of the input emitter
current

_ ]e(l + Vcc/VA)

I 2-137
¢ 1 Vee ( )
4+
(s 73] VA
where
Vit Vi
I,=— 2-138
R+ Rp/(Br+ 1) ( )
and
kT 1,
Vee=—-—In (EF—) (2-139)
Is
Substituting Eq. (2-138) into Eq. (2-137) yields
+ 1+ V./V
= (Vi+ Vo) A (2-140)

C Re+Ro/(Br+ 1) 1lar+ VulV,
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Figure 2-38 Small-signal two-port equivalent circuit of the common-base gain
stage.

The unilateral two-port equivalent circuit shown in Fig. 2-38 may be used
to represent the small-signal behavior of the common-base stage; note the
direction of the collector current source relative to that in the CE two-port
equivalent circuit of Fig. 2-22. The small-signal input resistance R; can be
obtained directly from Eq. (2-138):

Vi Ry dVe

R;= = — 2-141
d, " Bet1  dl, ( )
Using I, = a1, noting that ar/g, = r,, results in
Ry
Ri=Rpg+r.+ (2-142)

Brt+1

The small-signal equivalent transconductance can be obtained from Eq. (2-140);
assuming that V, > V.,

; + +
L _dVi _Re#Ry/Bet D) dVe (2-143)
Gm dlc (6523 dIc
which evaluates to
Em (2-144)

G,=
1+RE/re+RB/(BF+ ])re

The output resistance r¢ seen looking into the collector of the CB transistor is
evaluated from the small-signal test circuit shown in Fig. 2-39; the common-
base equivalent circuit (Fig. 1-12) is used to model the transistor with the
collector current source being expressed in terms of the current i, in r,. The
voltage v, is equal to the voltage drop across r, plus the voltage drop across Rg:

Vo=@, —opi)ry+t[i,+ (1 —ap)i]Rg=i,(r,+ Rp) +i,[(1 — oap) Rg—arpr,]
=(,—Qpi)r, (2-145)

for r,>=> RE
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Figure 2-39 Small-signal equivalent circuit of CB stage for calculation of output
resistance.

The current i, is

i = Vp — Ve _ (o= 1DiRg—[i, + (A +ap)i]Re (2-146)

r. re

which, substituted into Eq. (2-145) gives

T :_ - [ TAa —aof:;ERB R | @140
which can be expressed alternately as
rc=(1 + 1/g,,,+(1:1£+ RE)/Bp)r” (2-148)
Note, that for Ry large,
re>@BrtDr, (2-149)
The total small-signal output resistance is
R,=rclir, (2-150)

Common-Base Gain Stage with Resistive Load

A common-base gain stage utilizing a fixed resistive load is shown in Fig.
2-40(a) and the voltage transfer characteristic is sketched in Fig. 2-40(b). For
V:> — Vggwny the transistor is off and the output is at Vec. As V; is increased
negatively beyond this point the transistor conducts, operating initially in the
active region, and the output falls. When V, becomes negative, the base-
collector junction is forward biased and the transistor enters the saturation
region; in this region, the output saturates at — Vgcen, Where Vpcen i the
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Figurz 2-40 (a) Common-base gain stage with resistive load. (b) Voltage transfer
characteristic.

“turn-on” voltage of the base collector junction (about 0.5 V for a silicon
integrated-circuit BJT).

Taking the base-emitter voltage to be a constant Vgg, for operation in the
active region and setting Rz =0, we have from Eq. (2-140)

V. +
L= — arp(V; VBE(on)) 1 +& (2-151)
Rg V4
where
Vce = Vc - Ve = Vo + VBE(on) (2'152)

Substituting 1. = (Ve — Vo) /R and Eq. (2-152) into Eq. (2-151) and solving for
the output voltage gives

R VBE(on
Vee +ap(V; + VBE(on))R—C (1 + %)
V,= £ A (2-153)
1— ap(Vi+ Vigen) Re
VaRg
For negligible Early effect (large V,), Eq. (2-153) simplifies to

Rc
Vo= Vec+ ap (Vi + Vigon) —R_ (2-154)

E

The small-signal voltage gain of the CB stage in Fig. 2-39(a) is
Vo

A,=—=G,R, (2-155)
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where, setting Rz =0 in Eq. (2-144),

— 8m - 8m ~ 8m
1 +RE/r(, 1 +ngE/aF 1 +ngE

m

and
Rg =Trc 1] RC
where, from Eq. (2-148),

R ngE

re=
The small-signal input resistance is, from Eq. (2-142),

oF
Ri=RE+re=RE+——
8m

lt———|r, =1+ —"—r,
I/gm+RE/BF)r ( 1+ g, Re/Br)

(2-156)

(2-157)

(2-158)

(2-159)

EXAMPLE. Determine the input resistance, output resistance, and small-sig-
nal voltage gain at room temperature of the CB amplifier in Fig. 2-40 (a). In
the circuit, Rg = 100 {2, Rc = 10k(), and the transistor is biased at I = 500 p.A.

The transistor parameters are = 100 and V,=75V.

The transistor transconductance g, = 19.2mA/V and the transistor output

resistance r, = 150k{). The small-signal emitter resistance is

C_or_ B 100

gn (Br+ Dgn  (100)(192X 10 *A/V)
The input resistance is from Eq. (2-159)
R;=1000Q+51.6=151.60

The resistance seen looking into the collector is from Eqn. (2-158)

(19.2mA /V) (0.1 k)
|+ (19.2mA /V)(0.1kQ)
100

Ic=

which is negligible with respect to Rc; so the output resistance is

R,=R-=10kQ
The effective transconductance is from Eq. (2-156)

192mA/V

G, = =658 mA/V
1+ (192mA/V) (0.1kQ) m

Using Eq. (2-155), the voltage gain is
A, = (6.58 mA /V)(10kQ) = 65.8

=51.6Q

150k = 433 k()
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Figure 2-41 Common-base stage with active load.

Common-Base Stage with Active Load

A common-base gain stage utilizing an active load is shown in Fig. 2-41. Like
the active-loaded common-emitter stage, this configuration also has a high
output resistance, resulting in high gain; the input resistance, however, is
low—a factor of B+ 1 lower than with an equivalent CE stage. The collector
current of Q, is

(2-160)

_ Vo=V,
IC[ :ISle qu/kT(l +—)

Vi

The collector current I, of the current source transistor is given by Eq. (2-79),
which, equated with I, and solved for the output voltage, yields

v, Is
Vee + V!l +(V — 1)7&6 qv,/kTJ
v, = Al ref (2-161)
1+ Vi ﬁ_e*qv,/k’f
VA] Iref

Except for the negative input voltage, this result is similar to that obtained for
the active-loaded CE stage [see Eq. (2-80)].
The small-signal voltage gain is

<

AV= 2 :gml (701”702) (2-162)

i

A

The input resistance is
Ri=r, (2-163)
and the output resistance is

Ro = ro]”r(JZ (2'164)
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Figure 2-42 Common-gate gain stage. R; and R, represent the small-signal input
and output resistances, respectively.

Common-Gate Gain Stage

Figure 2-42 shows a common-gate stage fashioned with NMOS, which func-
tions very similarly to the common-base stage. For the transistor operating in
the saturation region (V; < — Viy — I;Rs and V,= — Vpy), the drain current is
given as

2 Cox [W
=¥ 5 (T)wgs — Vi) (1 + \Vy) (2-165)
where
Vgsz _V,‘_IsRS (2'166)
and
V=V, —V,— IRs (2-167)

Substituting Eqs. (2-166) and (2-167) into Eq. (2-165) yields

M Coy

1, 3

w

(T)(_ Vi= Viu = I4R)* [1 + N(V, = Vi— I4R5)] (2-168)
The two-port equivalent circuit of Fig. 2-38 also applies for the common-

gate stage. The small-signal input resistance R; can be obtained directly from

Eq. (2-166):

dv; dVy

R=—-"""=R.+ —R+ Ve
i al, a5 ar

(2-169)

Noting that dl,/dV is the transistor transconductance g, gives

1
Ri=Rs+— (2-170)

m
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The small-signal equivalent transconductance G, can be obtained from Eg.
(2-168); assuming that AV << 1,

dl. w dl,
Gn= ==~ G (T)(‘ Vi~ Vi = IdRs)( — 1 —RsW‘i) (2-171)
The first term on the right-hand side of Eq. (2-171) is g, and the last fraction
is R;”'. This yields

= & (2-172)
1+ ngs
It is easily shown that the small-signal output resistance R, is
R(): [(1 + ngS) ro +RS] I rp= [(1 +ngS)ro] Il ry (2_173)

for g, r,> 1.

2.4 Two-Transistor Gain Stages

Gain stages comprised of two interconnected transistors are widely used in
many analog integrated circuits. Like single-transistor stages, each configur-
ation has a unique set of characteristics. Three commonly used two-transistor
configurations are discussed in this section: (1) cascode, (2) cascade, and (3)
differential pair.

Cascode Configuration

The cascode configuration consists of a common-emitter (common-source)
~common-base (common-gate) interconnection, illustrated with bipolar transis-
tors in Fig. 2-43(a). The gain of this stage is provided by the CE transistor Q;.
Q., connected in a CB configuration, serves to reduce the feedback from the
output to the input that occurs at high frequency through the collector-base
capacitance C,; there is no Miller effect associated with Q, because its base is
at ac ground potential, and the Miller effect associated with Q; is minimal
because the output impedance at its collector is low (r.). Thus, the cascode
stage can have large bandwidth along with high gain.

In Fig. 2-43(a) I, = o, 1.1, and the transconductance for the two-port small-
signal equivalent circuit representation in Fig. 2-43(b) is

Gn =0 8gm = &m (2-174)
The input resistance is

R,’z rm (2'175)
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II c2
/—:-0 Out
+ [ ha G2 R,
Vbias '
I
T == Ict
—_ va1 Ro Out

(a) (b)

Figure 2-43 (a) Cascode gain stage using BJTs. (b) Two-port small-signal equival-
ent circuit.

For the output resistance, we recognize that the output resistance of Q, (r,;) is
in series with the emitter of Q,; thus, Eq. (2-158) applies with “R;” = r,;:

Em27o1

R,={l1+—"————|r, 2-176
T+ grarBra) @170)

Because g, 1, is usually > Bp,, Eq. (2-176) reduces to
Ro = BFZ T2 (2-177)

The input resistance of the cascode stage can be increased by employing an
emitter follower at the input, as illustrated in Fig. 2-44; this configuration is
used at the input stage of some wideband amplifiers, such as in the CA 3040.
An optional bias source (or resistance) may be used at the emitter of Q, to
raise its operating current; without it, Q, may operate in a region where its
current gain B is low, reducing its input resistance. From the circuit,

Vi= Vier + Vo (2-178)
and the small-signal input resistance is determined as

dV,- _ dVbel + dVbeZ dVbel dlcz dvbez

;= = + 2-179
dl,  dl,  dI, Br dl, dl, dl, ( )

Now,

Iy= Bn Iy, = BF? (Iel - Ibias) = BFZ [(Bm + 1)11;1 - Ibias] (2'180)
so dl,/dl,, =B (Br + 1) and

= Br +Br+ 1)5_”2.’;“] TBat Drn (2-181)

ml m2

R,
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I biasl®
L

Figure 2-44 Emitter follower cascode. The bias current source for Q, is optional.

For Ibias = O,

_Br@BntD I

-5  fa
BF]

which for identical transistors (B, = Br,) gives 7 = (Br + 1) 7, and Eq. (2-181)
becomes

L, (2-182)

R, =2r, (2-183)
The effective transconductance of the emitter follower cascode is found from

1 dv; _ dVer T dVipy _ dVyey dl + dVie di,

— = = 2 (2-184)
G, dls dl, dl, dl, dl, dl, dl,

Neglecting base currents, we have dl,, = dl ; and dl., = dl,; = dl , IBp, = dl 3 /B r.
Noting that dV\./dI. = 1/g,, Eq. (2-184) becomes

g —mbm (2-185)
&m t+ &m/Br

For Iy, =0, 812~ Br g&m and

8m2
G,= > (2-186)
The small-signal output resistance R, remains the same as given in Eq. (2-177).
The cascode gain stage fashioned with field-effect transistors is illustrated
in Fig. 2-45. In the JFET version [Fig. 2-45(b)], the input voltage is negative
and Vi, is set such that Vg, is negative. Here, R; =~ «. Because I,;; = I, the two-
port equivalent transconductance [Fig. 2-43(b)] is

G =gm (2-187)
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L4 T4

(b)
Figure 2-45 Cascode gain stage using FETs: (a) MOSFETS; (b) JFETs.

The output resistance is determined from Eq. (2-173) by setting "Rs” = r,; and
rp = %, giving

R,=(1+gmr,)rotra=0+gmr.)ra (2-188)

for gnor, > 1.
Cascade Configuration

The cascade configuration consists of an input common-collector (emitter
follower) transistor interconnected with either a common-emitter transistor or
a second common-collector transistor; in both configurations, the input emitter
follower transistor is employed to increase current gain and input resistance.
The common-collector—common-emitter (CC-CE) cascade configuration is
shown in Fig. 2-46. As with the cascode configuration, an optional bias source
(or resistor) may be used to set the operating current of the input transistor.
An alternate form of the CC—CE cascade is shown in Fig. 2-46(b); this is the
so-called Darlington configuration, in which both collectors are tied together.
In the Darlington, both transistors can be fabricated within the same isolation
region, which results in a smaller chip area than would be required with the
normal cascade configuration [Fig. 2-46(a)] in which separate isolation regions
would be required for the two transistors. The Darlington configuration, how-
ever, has a much poorer frequency response due to the Miller effect of Q,
whose collector is now connected to the output; the Darlington is thus limited
to relatively low-frequency applications.

The small-signal input resistance of the CC—CE cascade is the same as the
emitter follower cascode:

Rizr-rrl+(BFl+ D)rm (2-189)



2.4 Two-Transistor Gain Stages 101

(a) (b)

Figure 2-46 Common-collector-common-emitter cascade configuration. (a) Normal
connection with output taken at the collector of Q,. (b) Darlington connection with
the collectors of Q; and Q, tied together.

The small-signal output resistance for the cascade configuration in Fig.
2-46(a) is

R,=ry (2-190)

The output resistance of the Darlington configuration in Fig. 2-46(b) is slightly
less than this [Eq. (2-190)] due to r,;, which is now connected to the output
circuit.

The small-signal equivalent transconductance for the configuration in Fig.
2-46(a) is calculated from

1 dv;

— = 2-191
G, dl, ( )
Using Eq. (2-178) and noting that I, = B5,1,,, we obtain
_ 8mi m2 (2-192)

" 8mi + ng/BFZ

The transcoductance for the Darlington configuration [Fig. 2-46(b)] is deter-
mined from

1 dv; dv;

L - (2-193)
G, dlw d(,+1.)

If Br,>>1, this gives the same result as in Eq. (2-192).
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Vee(10 V)

Figure 2-47 CC-CE cascade amplifier example.

EXAMPLE. Determine the small-signal input resistance, output resistance,
and the voltage gain of the CC—CE cascade amplifier shown in Fig. 2-47.
Transistor Q, is biased at V, =5 V. The transistor parameters are 3= 100 and

V4=50V.
The collector current of Q, is

VCC—VO_ IOV_SV

I = =250 nA
e~ R 20kQ H
Its transconductance is
gl 0.250mA
m2 = = = 962 AN
8 = T T 0,026V m
and
ra=br o __190__jp4k0
&m 9.62mA/V
The collector current of Q, is
BFI BFI BFI
I = I = Iias+] z___lias+
C1 B[-‘] +1 El B[:l+ l ( bi b’l) BF|+1 bi
100 250 pA
=——100 pA + =101 pA
o1 H 00 ) H
Its transconductance is
0.101 mA
g = 2 3 88 mA/V

0.026 V

.
Br
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and
100

=———— =258k()
3.88mA/V 25

Vi

The input resistance, calculated from Eq. (2-181), is
R;=25.8kQ + (101) (10.4kQ) = 1.08 M)

The output resistance of Q, is

and the output resistance is
R,=R¢llry=(20kQ) 11 (200kQ) = 18.2k(2
Using Eq. (2-185), the transconductance of the amplifier is

(3.88mA/V)(9.62mA/V)

= =939mA/V
3.88mA/V + (9.62mA/V)/100

m

The voltage gain is
A,=—G,R,= —(939mA /V)(182kQ)= — 171

The common-collector-common-collector (CC-CC) cascade configuration is
shown in Fig. 2-48. This configuration is used primarily as a buffer stage

Figure 2-48 Common-collector—common-collector (CC-CC) cascade configuration.

which provides increased input resistance over a single common-collector
(emitter follower) stage. The small-signal equivalent circuit of the CC-CC
cascade is shown in Fig. 2-49(a): The output resistance of transistor Q, is
neglected because it is not connected to the output; likewise, the output
resistance of Q, is neglected because it is connected to a low-resistance point,
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(a)

(b)

Figure 2-49 (a) Small-signal equivalent circuit of the CC-CC cascade. (b) Circuit
for calculating the small-signal output resistance.

the emitter of Q,. With reference to Fig. 2-49(a): the voltage at the emitter of
Q, is v, + v,, so the base current of Q, is

P (¢ L) (2-194)

r'rrl
where

Vo=(gm Vit ip)rm (2-195)
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and

_Bnt DR

V2
Vo = gm2v2+— RL
I'm2

rm
which combined with v, = i}, r,,; yields

Vi
a rat Bt Drnt@a+t DBt DR,

which gives the input resistance

Lp

R,-=iv—"= P+ Bry + D s+ Br+ DR,
bl

For I,;,, =0 and identical transistors, the input resistance becomes
R=2r,+Br+ 1)’R,
Substituting v, =i, r,; and Eq. (2-195) into Eq. (2-196) yields
Vo=Brnt DBrt+ DinRL
which, using Eq. (2-197), gives the voltage gain
1

vO
Av —_ =
Vi I'm2 I'm

1+ +
Brt DR, BantDPBrTDR
which for identical transistors and I;,; = 0 becomes

1
2"1-,1
+ 2
Brt DR,

A, =

105

(2-196)

2-197)

(2-198)

(2-199)

(2-200)

(2-201)

(2-202)

Figure 2-49(b) shows the circuit for calculating the output resistance of the
CC—CC cascade. In normal application, the load R, represents the input resis-
tance of the next stage and so it is not included as part of the output resistance
of the CC-CC stage (the total resistance at the output is R,/IR;). Summing the

currents at node (1),
EmVitiy—ip=0
where
VI = lp Py

Vo + v,

lp =
£

(2-203)

(2-204)

(2-205)
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and
iy = 2 (2-206)
£'7]
which combine to give
+
= — Brt+ 1Dra v (2-207)

rm+tBr+rn ~
Summing the currents at node (2),
gmV2tin+ti,=0 (2-208)
which, using Egs. (2-206) and (2-207), gives

_Bat DBt

x v, (2-209)
o+ Br+ e

The output resistance is

R=2=_Tm 4 i (2-210)
i Brt+l @Bat+tDHPBe+1D

which for I, =0 and identical transistors becomes

2"."]

The input and output resistances of the CC-CC cascade can also be simply
obtained using the results of the single emitter follower, Fig. 2-31(a). Consider
the node connecting the emitter of Q, and the base of Q.. Looking into the base
of Q; at this node, we see a resistance of r,, + (B, + 1) R,. This resistance at the
emitter of Q, corresponds to the resistance “R;” in Fig. 2-31(a), giving an input
resistance

Ri=rm,+ Ba+1D“Rg” (2-212)

which is identical to Eq. (2-198). Looking back into the emitter of Q,, we see
a resistance of 7., /(B + 1). This resistance at the base of Q, corresponds to the
resistance “Rjp” in Fig. 2-31(a), giving an output resistance

_ “RBH + Y2

Ro=—"— (2-213)
F2

which is identical to Eq. (2-210).

As seen, two-transistor cascades using bipolar transistors provide increased
input resistance and current gain over their single-transistor counterparts. Be-
cause the input resistance of field-effect transistors is very high (nearly infi-
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Figure 2-50 BiCMOS cascades: (a) Common-drain-common-collector configur-
ation; (b) Darlington configuration.

nite), two-transistor cascade configurations are rarely used in all FET circuits.
However, in circuits fabricated with both BJTs and MOSFETs (termed Bi-
CMOS) or BITs and JFETs (termed BiFET) several mixed two-transistor
cascade configurations find useful application. Figure 2-50 shows two Bi-
CMOS cascades: (a) a common-drain—-common-collector (CD-CC) configur-
ation; (b) a Darlington configuration. The CD-CC configuration in Fig. 2-50(a)
is used as a unity-gain buffer circuit with infinite input resistance. From the
circuit,

V,»=Vgs+Vbe+ V,,ZVgs-i- Vbe+]oRL (2'214)
The small-signal effective transconductance G,, calculated from Eq. (2-214) is

dl, BrtDgn gm
Gn=—F=—pr FII;T FET _BIT (2-215)

dVi 8m +BFgm +(BF+l)gm 8m RL

which, combined with the load resistance, gives the small-signal voltage gain

V, 1 ro -
A, =—=G,R.=|1+

+ 2-216
v, G i DR, Brt DR P

The BiCMOS Darlington configuration in Fig. 2-50(b) can provide a large
voltage gain with infinte input resistance. The small-signal effective transcon-
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Figure 2-51 (a) PMOS-npn BJT cascade. (b) Composite equivalent.

ductance is calculated in a fashion similar to that for the all bipolar version
[Fig. 2-46 (b)], giving

dV,‘ dV, gZET gﬁJT

G,=——~——t=_2" OT 2-217
dl, dl. g gn ( )
o2
Br

The small-signal resistance seen looking into the drain of M, is (1 + gn r)rs"

[see Eq. (2-158) with Bz = ] and the resistance seen looking into the collector
of Q, is rf”. Thus, the small-signal resistance at the output of the BICMOS
Darlington stage is

R,=(1+ gt ry i km (2-218)

The PMOS-npn BIT cascade shown in Fig. 2-51(a) has interesting charac-
teristics [7, 8]. The base current in Q, is set by the drain current in M,, which
is determined by the input applied across the gate and source. The output
current is

I,=1.+1, (2-219)

where for Q, operating in the forward-active region

VCC
IC=BFIb(1 + v ) (2-220)

A

and for M, operating in saturation

I

_ G (W
L

5 —) (Ve = Vi)' (1 +AV.) (2-221)
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Figure 2-52 Output characteristics of the PMOS-npn BJT cascade.

Substituting Egs. (2-220) and (2-221), with V, = Vee = Ve = V., into Eq. (2-219),
and neglecting the cross-product term containing \/V, gives approximately

CO’X W Vce
L=Br+ 1)L —) (Vs — VTH)2 (1 + ) (2-222)
2 L Aeff
where
Vi
Vet = ——— 2-223
AT Y, ( )

The output current thus appears to be that of the PMOS device multiplied by
a factor of B+ 1. The composite equivalent shown in Fig. 2-51(b) may be
used to represent the PMOS-npn BIT cascade. This equivalent can be viewed
as a PMOS transistor with an effective W/L ratio that is (Br+ 1) times larger
than the actual PMOS device in the cascade. This equivalence must not be
taken too literally, however; Figure 2-52 shows the output characteristics of
the PMOS-npn BIT cascade, showing an offset of Vgg (o, in the output voltage
characteristic.

The small-signal equivalent transconductance of the composite (for M, in
saturation and Q, in the forward-active region) is

Gn=Br+1)g" (2-224)
and the output resistance is

R, = T 5T (2-225)
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Icw *Icz Id1¢ *Idz

(c)

Figure 2-53 Differential-pair configuration: (a) using BJTs; (b) using MOSFETs;
(c) using JFETs.

Differential Pair Configuration

Differential-pair gain stages are used widely in many monolithic analog cir-
cuits: operational amplifiers, comparators, and voltage regulators, to name a
few. The basic differential pair, illustrated in Fig. 2-53, consists of two emitter-
coupled (source-coupled) transistors with inputs applied to each base (gate) and
outputs taken at either or both collectors (drains). A current source is com-
monly used to bias the common-emitter (source) node, although a resistor can
also be used (with degraded amplifier characteristics). The symmetry between
the two branches of the differential pair provides for balanced operation of the
circuit in which inputs applied differentially are amplified and those applied
in common (to both inputs) are rejected [9]. In this section, we present the
characteristics of the differential-pair configuration using both bipolar and
field-effect transistors.
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Bipolar Differential Pair.

Consider the BJT differential pair shown in Fig. 2-53(a). The biasing current
source, Igg, is assumed initially to be ideal—the effects of a finite output
resistance of the actual current source will be considered later. Summing the
currents at the common-emitter node, and assuming identical transistors, we
have

I, I
Ie] + 182 = ] + 2 = IEE (2'226)
QfF  Op
where, neglecting the Early effect,
Ly =Ie™™, I, =Ie™M (2-227)

Summing the voltages around the base-emitter loop of the two transistors gives

Vit Vs = Vo + V=0 (2-228)
or

Viet = Veer = Vi = Vo =V (2-229)
where V4 denotes the difference of the two inputs, the differential input voltage.
The two collector currents thus scale as

% = Vo TV KT  paValkT (2-230)
which, combined with Eq. (2-226) gives

[.= orlge _ oplgs
ot~ =qValkT> 2T T qValkT
1+e 7 1+ e

(2-231)
The collector currents (normalized to algg) are plotted as a function of the
differential input voltage (normalized to kT /q) in Fig. 2-54. Note that for |Vl
equal to about 4kT/gq (approximately 100 mV at room temperature), one
transistor is essentially off and the other conducts the full bias current Igg. The
differential output current, I, = I, — I,, is

I, =aplg

! ! ) (2-232)

1+ e—qv.d/kr - 1 +qu,¢/kT

which can be manipulated to be expressed in the following form:

qVi
I, = op Iz tanh 2-233
o = Qplggtan (sz) ( )
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Figure 2-54 Collector currents as a function of differential input voltage for the
bipolar differential pair.

The slope of the 1,-V4 characteristic represents the effective differential trans-
conductance:

dl, qour Igs 2(qVia
Gy = = h* | —— 2-234
STV YY S B YT (2-234)
which is a maximum at V4 near zero:
1
dl, _ qoplge _ 9 =g (2-235)

dVi |vao 2k KT

where I represents the quiescent collector current of either transistor. The
maximum effective differential transconductance of the differential pair is thus
equal to the transistor transconductance.

MOSFET Differential Pair.
For the MOSFET differential pair [Fig. 2-53(b)], summing the currents at the
common-source node gives

Isl +Is2:ldl+1d2=15S (2-236)
where, for operation in the saturation region, assuming identical transistors and
neglecting channel-length modulation,

e Coy

n Cox
I = 3 = H

2

w w
(T) Vg — Vi), I (T) (Vg — V) (2-237)
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Summing the voltages around the gate-source loop gives
Vet = Vo =V — Vp = Vi (2-238)
which, using Eq. (2-237) yields

J 2a - 2a =V, (2-239)
Wn Cox (W/L) W Cor (WIL)

Combining Egs. (2-236) and (2-239) and solving the resulting quadratic equa-
tion gives the drain currents as a function of the differential input voltage:

Iss Mn C(:x W \/ 4155 2
Jy=-S g Bnzof Ty [ 5 V] 2-240
) 4 (L) N\ . C (WIL) ¢ ( )
and
ISS ”’n Co,x \/ 4ISS 2
I,=5 w Vg | ——5 V! 2-241
D) 4 (L) N . CL(WIL) ¢ ( )

The maximum drain current that either transistor can have is Iss and occurs
when V4 is large enough such that one transistor is off and the other is
conducting the full bias current. Using Eq. (2-239), the range in V4 for which
Egs. (2-240) and (2-241) remain valid is

[ 2 [ 2
- ———,IL—<V,H< — (2-242)
o Cox (W/L) tn Cox (WIL)

Unlike the bipolar differential pair in which the input voltage range depends
only on temperature, the input range for the MOSFET differential pair depends
on device geometry as well as bias current; typical input ranges are from 1 to
3 V. Taking the differential output current I, = I, — I, we have

ox 41
= tnCo W vid\ﬁ—,—ss——— Vi (2-243)
2 \L o, Cox (W/L)

The output current (normalized to Iss) is plotted as a function of the differential

input voltage [normalized to |2Iss/p, Co(W/L)] in Fig. 2-55. The effective
differential transconductance of the MOSFET pair is

dl,  w.Clh (W 4l Vi

G = =t _\/ ,SS _Vizd 1= -
dVy 2 L Wn Cox (W/L) 4l —2
P Co(W/L)

(2-244)
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Figure 2-55 Output current as a function of differential input voltage for a
MOSFET differential pair.

which is a maximum at V,, near zero:

di,

e
=V Cox (WIL) Iss = g, (2-245)

Va=0

Like the bipolar differential pair, the maximum effective differential transcon-
ductance of the MOSFET differential pair is equal to the quiescent transcon-
ductance of the transistor.

JFET Differential Pair.

Analysis of the JFET differential pair [Fig. 2-53(c)] proceeds in a fashion
similar to the MOSFET pair. Using Eq. (1-62) for the drain current in satura-
tion, the currents are found as

Is  Inss  [2ssVe ,

1 =-=— + e V,’ Vi 2'246
dl 2 2‘/12J d IDSS d ( )

I Inss ., [2IsVE
Ip="- V4 | 22—V 2-247
&2 2 2V}2:v d Ioss d ( )

and
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The maximum drain current of either JFET in the pair is Ipss; the resulting
differential input voltage range is

| 1ss Vo<Vy< — | Iss Ve (2-248)
IDSS IDSS

The differential output current I, =1, — I, is

2
As Ve v (2-249)

I
[, =105

By,
VA%’ ¢ IDSS
The variation in current with input voltage is similar in form to the MOSFET
result and a plot of the JFET differential-pair transfer characteristic looks
similar to Fig. 2-55. The maximum effective differential transconductance of

the JFET pair is
_ Ipss | 2Uss (2-250)
Via=0 Ve Y Ipss

I,

dVi

which again is equal to the pair transistor quiescent transconductance.

Gmd (max) =

Resistor Load

A resistive-loaded differential gain stage using bipolar transistors is illustrated
in Fig. 2-56. The current source transistor Q; provides the bias current for the
differential pair. The output voltages are given by

Vor = Vee — I Re (2-251)

Figure 2-56 Resistive-loaded differential pair using BJTs.
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Figure 2-57 Differential output voltage as a function of differential input voltage
for the resistive-loaded bipolar differential pair.

and
Vo= Vec = IaRe (2-252)
Using Eq. (2-233), the differential output voltage is
— Vi
Vodz Vol - V02= _IORC:‘(XFIEERctanh( 2ZTd) (2'253)

which is plotted (in normalized form) in Fig. 2-57. Note that V,4 is zero when
V. is zero; this allows differential gain stages to be directly cascaded together
without introducing dc offset voltages, and thereby not requiring dc level
shifting.

The range in input voltage over which the transfer characteristic in Fig. 2-57
is approximately linear is limited to about V;,;= * kT /q. This linear range can
be extended by adding resistors in the emitter legs of the differential pair, as
illustrated in Fig. 2-58. This causes emitter degeneration and the “linear” range
is thereby increased by the voltage drop across the two resistors of /gg Rg; the
voltage gain of the differential pair is, of course, reduced. Summing the
voltages around the base-emitter loop in Fig. 2-58 gives

- Vil + Vbel + lel RE - lesz - Vbe2 + Vi2 =0 (2‘254)

For Igg Rp = kT /q, the difference in the two base-emitter voltages will be small
compared to the I, R; voltage drops allowing V., and V.., to be taken as approxi-
mately equal in Eq. (2-254). Thus,

Ua— 1) Re=V;y —Vp=Vy (2-255)
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Figure 2-58 Bipolar differential pair with emitter degeneration resistors.

Using Eq. (2-255), combined with Eq. (2-226), gives for the collector currents

IC] _ CXFIEE (852 Vid’ Ic2 — (XFIEE — EF_‘/ld. (2-256)
2 2RE 2 2RE
from which
R
V., = ofF K¢ Vy (2-257)
Rg

which is valid for V,y < Iz R. The differential voltage gain in this case is deter-
mined by the ratio of the collector-load and emitter-degeneration resistances,
independent of the bias current of the pair.

The symmetry of the differential amplifier configuration allows the small-
signal response to be determined by splitting the amplifier into two equivalent
circuits, each of which is simpler than the original circuit. To do so, we decom-
pose the small-signal input voltages, v; and v;, into two components: differential
and common; the total response is then given by the superposition of the
differential-mode and common-mode responses. With this in mind, we define

Via= Vi1 — Va2 (2-258)

as the difference of the inputs, representing the differential-mode component,
and
Vi TV

=E———— 2-259
Vie ) ( )
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Figure 2-59 Differential pair with small-signal differential-mode and common-
mode inputs.

as the average of the inputs, representing the common-mode component. With
these definitions, the inputs are comprised of

= v (2-260)
and
va= -t (2-261)

This is illustrated for the differential amplifier shown in Fig. 2-59, where the
current biasing transistor is represented by a current source Iee and a resistance
Ry, representing the output resistance of the current source transistor. v is the
desired signal applied differentially at the input. v, represents a signal that is
applied in common to both inputs, usually arising from noise or other ex-
traneous signals that enter the amplifier circuit; a measure of the performance
of a differential amplifier is the degree by which common-mode input signals
are rejected compared to the degree by which differential-mode input signals
are amplified.
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Figure 2-60 (a) Differential-mode half-circuit. (b) Small-signal equivalent circuit.

Consider first the circuit with only small-signal differential inputs applied:
input + v;4/2 applied to Q, and input — v;,/2 applied to Q,. As v;; goes positive
the emitter current of Q, will increase by a small amount above its quiescent
value (of approximately Igg /2), whereas the emitter current of Q, will decrease
below its quiescent value by the same amount. As a result, the potential V, at
the common emitter node will remain constant and equal to its quiescent value,
denoted Vi; as far as the differential response is concerned, the common emitter
node potential can be set to Vgq (approximately — 0.7 V in value) without any
change in circuit response. The resulting circuit can be split into two halves,
each half (called the differential-mode half-circuit) representing the circuit that
describes the response to a differential input voltage. Figure 2-60(a) shows the
differential-mode half-circuit for Q,. The corresponding small-signal equivalent
circuit is given in Fig. 2-60(b). From the circuit, the small-signal differential
output voltage at the collector of Q, is

Vodt = — ngCv‘izii (2-262)
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Figure 2-61 (a) Common-mode half-circuit. (b) Small-signal equivalent circuit.

The right-hand side of the differential pair is identical except for the opposite

input polarity; the corresponding output at the collector of Q, is
Vig
Vod2 = 8m RC_2_

The differential-mode voltage gain is then

(2-263)

(2-264)

Consider now the circuit with only a common-mode input. With v, applied
to both inputs, each side conducts equally and the circuit can be split into two
halves without altering the response. The common-mode half-circuit is shown
in Fig. 2-61(a), and the corresponding small-signal equivalent circuit is illus-
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trated in Fig. 2-61(b). From the circuit, the small-signal common-mode output
voltage is

Voc = _ngCvl (2'265)
where

T

v (2-266)
re+2(Br+ 1) Ree

V=

which substituted into Eq. (2-265) gives the common-mode voltage gain

oc m -n—R mR
A =Ve o &nreRe gn Re

= — (2-267)
Vie e+ 2(Br+ 1) Ree 1+2g,Ree(1+ 1/8p)

The common-mode rejection ratio (CMRR) characterizes the degree to
which common-mode inputs are amplified in comparison to differential-mode
inputs:

CMRR = 2:‘: (2-268)
For the resistive-loaded bipolar differential pair of Fig. 2-56, we have
CMRR =1 + 2g,, Rz (1 + El; (2-269)
Alternately, because Izo = Igs /2, Eq. (2-269) can be expressed as
CMRR =1+ e R _ 1+ D (2-270)

kT kT

Using a biasing current source with a high output resistance will increase the
common-mode rejection ratio.

The input resistance of the differential pair can be characterized by the
response to differential and common-mode inputs. The differential input resis-
tance R is the resistance seen between the two inputs with only a differential
input applied. By inspection of Fig. 2-60(b) the input resistance at Q is

Rid

=7 (2-271)

and similarly for the input at Q,, giving
Riy=2r, (2-272)

The common-mode input resistance R, is the resistance at one input with only
a common-mode input applied. From Fig. 2-61(b) the input resistance is

Re=r+t2(Br+ 1)Ree (2-273)
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Vbias

Figure 2-62 Equivalent circuit for the input resistance of the bipolar differential
pair.

The input resistance of the differential pair can be represented by the equiv-
alent circuit illustrated in Fig. 2-62.

EXAMPLE. Determine the differential-mode and common-mode voltage
gains, the common-mode rejection ratio, the differential input resistance, and
the common-mode input resistance of the differential amplifier shown in Fig.
2-63. Assume room temperature and take Vg = 0.7 V. The transistor param-
eters are B = 100 and V, = 75 V. The output resistance of transistors Q, and Q,
can be neglected in comparison with the 10 — k() load resistors.

The reference current for Q, is

VCC - VEE - VBE4 30V—-0.7V

l.= = =0.733 mA
! R 40kQ
+ 15V
10 kQ 10 kQ 40 kQ
+ -
Vod
+ Q, Qo
Vid
- O
-15V

Figure 2-63 Example differential amplifier circuit.
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The biasing current is

Vess 143V
=gl +—)=0. 1+
IEE ref(l % ) 0.733 mA( 75V

A

) =0.873mA

The current source transistor output resistance is

The quiescent collector current for the differential pair transistors is

leg= o leg _ (100)(0.873mA) — 0432 mA
2 (2)(101)

The transistor transconductance is

m =16.6mA/V
T T)r T 0.026V "
and the transistor input resistance is
1
LBl 0o

The differential voltage gain, using Eq. (2-264), is
Ag= —(16.6mA/V)(10kQ) = — 166
The common-mode voltage gain, using Eq. (2-267), is

(16.6mA /V) (10kQ)

- =—0.0576
1+ (2)(16.6mA /V)(85.9kQ) (1 + 1/100)

vCc

and the common-mode rejection ratio is

The differential input resistance, using Eq. (2-272), is
Ria=(2)(6.02kQ)) = 12.0kQ
and the common-mode input resistance, using Eq. (2-273), is
Ri.=60.2kQ + (2)(101) (85.9kQ) = 17.4MQ

The input resistance of the differential pair may be increased by employing
emitter followers at the inputs, such as illustrated in Fig. 2-64. This forms an
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Figure 2-64 Emitter follower input differential pair.

CC—CE cascade configuration for the differential-mode and common-mode
half circuits. Using Eq. (2-189), the differential input resistance of Fig. 2-64 is
Riy=2[rm+ B+ 1)rm] (2-274)

and using Eq. (2-192), the effective differential transconductance is

Gmd — gm( gm3 (2_275)
gml
-+ m
Br 8m3
For I, =0, I, = Brl, giving
Gy =200 (2-276)
2
and
Riy=4Brrm (2-277)
Active Load

A bipolar differential pair with an active load is illustrated in Fig. 2-65. Here,
the reference current for Qj; is set by the collector current of Q,; under quiescent
conditions, /s = arIge /2. This circuit with a large-value load resistance at the
output has a large voltage gain, requiring only a small input signal (usually
considerably less than kT/q in magnitude) to drive the output to its full
operating range. For V4 “large” negative, Q, is off and Q, conducts the full bias
current Igg, saturating with the output at approximately — Vgc (on). For V4 “large”
positive, Q, is off and Q, conducts the full-bias current; Q, is saturated (at very
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Figure 2-65 Differential pair with active load.

low current) and the output is at Ve — Vg - In between, all transistors are operat-
ing in the active region. Writing the collector currents for the active region,

IC] = I?PNquhellkT(l + Vcel )

NPN
Va

VceZ )

_ gNPN gV /kT
ICZ = IS e 1+ NPN
Va

Vec3 )

__ yPNP _qVens IkT
I 3= I s € 1+ —PNP
Va

Vee
Ly=I" qu“"“/kT(l + —pn ) (2-278)

PNP
Va

where we have assumed the NPN transistors to be identical, likewise for the
PNP transistors, and have taken both Early voltages V'AYPN and Vf;NP to be positive
quantities. From the circuit,

Vi =Vee = Vs = Ve

where V, is the potential at the common-emitter node connection of Q, and Q,.
Because V, is small, V,= — V., so

Veer = Vee = Veps + Vier = Ve

where we have taken V.,; and Vi, to be equal because I, and I ; are approximate-
ly equal. For Q,,

Vir=V,—V,=V,+ VBE(on)
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where we have approximated Vi, by Vggn). Likewise for Qs,
Ves = Veo3 = Ve (on)
and for Q,,
Ves =Vec =V,

Using Eq. (2-278) to express the ratio of the collector currents of the differ-
ential-pair transistors, we have

Lo _ 1+ Ve /VA™ exp [ IV eet = Vi)
Lo 1T+ Vot Vegan) Vi P kT
PN
_ 1+ Vee/V) VAT (2-279)
1+, + Vieon) /VZPN
Vcb3 = V€b4’ Y
Io _ 1+ Veen i (2-280)

Ly 14 Vee— VIV

Now, I, = I, and neglecting base currents, I, = I 5. Thus, equating Eqs. (2-279)
and (2-280) we have

[0+ (Vo & Vieon) VA0 Vieon VA1 _ gvsr

2-281
[+ (Vee = Vo IVEPT(L+ Vee V) 2281
Taking the natural logarithm of both sides of Eq. (2-281) gives
+ + NPN- + V on /VPNP
Ve KT [ Vo Vo) VA" Vason VS ]} 0282)
q [(1+Vee = VIV 11+ VeelVaT)

For V, large with respect to Vcc, V,, and Vg, the factors on the right-hand side of
Eq. (2-282) are of the form 1+ x, where x << 1. Using the approximation
In(1 +x)=x, Eq. (2-282) can be written approximately as

kT Vo + VBE(on) VBE(on) VCC - Va VCC
S — - 2-283
id q ( V/[:IPN V:NP V:NP V:'PN ( )
which solved for V, yields
PN | ENP gV,
ANERESNE. AE (2-284)

Vo= Ve = Vegon T Vf\lPN T

+ Vi
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Figure 2-66 Voltage transfer characteristic for the active-loaded differential pair.

The voltage transfer characteristic is sketched in Fig. 2-66. A more detailed
analysis of Eq. (2-281) gives for the transfer characteristic [10]

ZVNPN VﬁNP qvid
Vo = VCC - VBE(on) + T/WNF tanh( 2kT) (2-285)

For V,; <C2kT (which is generally true for the operating range of the active-
loaded differential pair), tanh (¢V,4/2kT) =~ qV4/2kT, giving a result identical to
Eq. (2-284).

The slope of the transfer characteristic gives the small-signal voltage gain.
Using Eq. (2-284), we obtain

av, g VPV

=1 (2-286)
dVe kT VN + VP
Noting that V, = Icqr,=Ige 1, /Z gives
dV I NPN PNP
o _ q CQ Yo ¥ rNPN H rf)’NP) (2_287)

dv,'d kT rIDVPN+ r:NP :gm( ’

A small-signal equivalent circuit for the active-loaded differential pair is
shown in Fig. 2-67. The unloaded voltage gain is given by

Yo = Gy (P11 PP (2-288)

Vig

where G, is given by Eq. (2-235) and equals the transconductance g, of the pair
transistors, and the voltage gain is the same as that obtained in Eq. (2-287).
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Figure 2-67 Small-signal equivalent circuit for the active-loaded differential pair.

An ideal active-loaded differential pair with perfectly matched transistors
has an infinite common-mode rejection ratio. This is illustrated in Fig. 2-68
which shows the small-signal currents resulting from a common-mode input
signal; the common-mode collector current of Q, is mirrored at the output
which combines with collector current of Q, to give zero output common-mode

Current Mirror

Figure 2-68 Small-signal common-mode currents in the active-loaded differential pair.

current. In practice, there is a small common-mode output resulting from
mismatches in transistor characteristics. A small-signal analysis of the circuit
in Fig. 2-65 gives the common-mode rejection ratio as [11]

Em1 8m2 (gm3 + gm4)

CMRR = (2-289)

1
(gm3 + gm4) (ng/rGZ - ng/rol) + R—(gml Emas — gm2gm3)
EE

which becomes infinite for’matched NPN and PNP pairs.

Figure 2-69 shows a differential pair using NMOS transistors, with a fixed
resistance load in Fig. 2-69(a) and with a saturated NMOS load in Fig. 2-69(b).
For Fig. 2-69(a), the differential output voltage is

Va=Un—1n)Rp=1,Rp (2-290)
which using Eq. (2-243) gives

anéx w ‘/ 4l 2
V=" \RpVy | —— 2-291
o 2 (L) PR W, CcL Wiy ¢ ( )
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(b)

Figure 2-69 NMOS differential pair: (a) fixed resistance load; (b) saturated
NMOS load.

The small-signal equivalent circuits of the differential-mode and common-
mode half-circuits are shown in Fig. 2-70(a) and 2-70(b), respectively. For the
differential-mode response,

_ &mRp Vi

Vodl = ) (2-292)
and similarly for v,4, giving
Vod
Ay= = —g.Rp (2-293)
Vid
For the common-mode response,
A= Yoo o _ __g_,,,Ri_ (2-294)
Vie 1+2g,Rss

The common-mode rejection ratio is

A,
CMRR $=1+42g,Rss=1+2Rss{pnCie(WIL)I;s  (2-295)

vC

At comparable bias current levels, the transconductance of the MOSFET is
considerably less than that of the BJT; thus, the CMRR of the MOS differential
pair is smaller than a similar bipolar circuit.
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9 d
—0 Vod1
+ +
vi
f Vgs1 ¢ ImVgs1 Rp
L ——1
- s —

(a)

g d
0 Vo
+ i +
Vie Vgs nggs iRD
- 2Rss

Figure 2-70 Small-signal equivalent circuits for the resistive-loaded NMOS dif-
ferential pair: (a) differential mode; (b) common mode. The resistance Rss repre-
sents the output resistance of the bias current source .

In Fig. 2-69(b), NMOS transistors M; and M,, operating in saturation, provide
the load elements for the differential pair transistors, M, and M,. For

2 2lss
— | < V< | ———
n Cox (W/L), P Cox (W/L),

both transistors M, and M, are conducting and operating in saturation. Assuming
that all transistors are identical, except for their W/L ratios, we write for the
drain currents,

n C(:X W
Iy = a 5 (T) (Vgsl - VTH)2
1
o Cox (W
Ip= 2 (7)2 (Vg 2 VTH)2
n CO’X W
1= H 2 (—14_)3 (Voo = Vo — VTH)2

n CO’X W
L=+ (—) (Voo = Via = Viw)? (2-296)
2 L |4
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Equating 7, and I yields

(W/L)
Vor=Voo = Vru = | ,L); (Ve = Vn) (2-297)
and equating I, and I, yields
(W/L)
Vio=Vop— Viu — W /L)j ( —Vm) (2-298)

The differential output voltage is

Y v _ _ WL, __ Wi, o
Vod_Vol VoZ_ ( /L) ( gsl — gsZ)_ (W/L)3 Vzd (2 299)

where we have assumed that the channel width-to-length ratios (W/L) of the
differential-pair transistors (M, and M,) are equal as are those of the load
transistors (M; and M,).

It can be easily shown that the small-signal differential-mode voltage gain

is given by
Ag= —Em— _ | VD, (2-300)
Em3 (WIL),

and that the small-signal common-mode voltage gain is

A= — B (2-301)

&m3 (1 + 28 Rss)

The common-mode rejection ratio is

CMRR =1+ 2g,,,1 RSS =1+ 2RSS v Ben Colx (W/L)] Iss (2-302)

and is identical to that of the resistive-loaded pair.

The active-loaded MOSFET differential pair, shown in Fig. 2-71, operates
in a fashion similar to its bipolar counterpart (Fig. 2-65). The unloaded small-
signal voltage gain is

Vo pMOS || PMOSy (2-303)
Vid ’




132 Chapter 2 - Analog Integrated-Circuit Blocks

Vpbp

Ms | M4

Vss

Figure 2-71 CMOS differential pair with active load.
NMOS PMOS . :
where r, and r,  are the output resistances of the NMOS and PMOS transistors,
respectively. The stage exhibits an output resistance of

T — (2-304)
Iss(Aw+ Np)

where Ay and A\, are the channel-length modulation parameters of the NMOS
and PMOS transistors, respectively. Also, as with the active-loaded bipolar
differential pair, the CMOS version has a very high common-mode rejection
ratio.

2.5 Output Stages

Output stages are used as an interface to drive an external load connected to
the integrated circuit. In this role, the output stage must be able to deliver
power to the load with minimal distortion of the signal. It should also not limit
the frequency response of the circuit. Figure 2-72 shows the characteristics of
an ideal output stage. The linear transfer characteristic [Fig. 2-72(b)] produces
an undistorted output and the output voltage swing which ranges from the
negative power supply (V ) to the positive power supply (V") provides the
maximum signal voltage that can be delivered to the load. The idealized output
characteristic [Fig. 2-72(d)] shows that the output stage can deliver any amount
of current required by the load; this implies a zero output resistance for the
stage, which means all of the signal is delivered to the load. An infinite input
resistance, as depicted in Fig. 2-72(c), produces no loading of the previous
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VS

(c) (d)

Figure 2-72 Characteristics of an ideal output stage.

stage at the input to the output stage; in an actual output stage, its input
resistance should be high.

Emitter Follower and Source Follower Output Stages

The nearly linear transfer characteristic and low output resistance of an emitter
follower make it ideal for use in an output stage. Figure 2-73(a) shows an
output stage using a single emitter follower. Q, is a current-source transistor
which provides a bias current I, for the emitter of Q,. This arrangement keeps
the bias current out of the load resistance which otherwise would result in
significant quiescent standby power being dissipated in the load. From the
circuit,

kT I.
Vo=Vi— Vo = Vin—— ln( : ) (2-305)
q I
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Vece Vbbp

(a) (b)

Figure 2-73 (a) Emitter follower output stage. (b) Source follower output stage.

where
1(1zaplelz(l[:(lQ+10)=ap(1Q+ VG/RL) (2‘306)
which combined with Eq. (2-305) yields

+
kT [M _ (2-307)

V,+— In
q I

The nonlinearity in this transfer characteristic is logarithmic, so for values of
load resistance such that 1V, /R;| is significantly less than the bias current /,, the
output is very linear; for even larger values of output current, the nonlinearity
is still small, typically on the order of 0.1% or so.

If this output stage is part of an integrated circuit, then the input voltage to
the stage will be limited to Vg < Vi, < V. Consequently, the maximum positive
output voltage will be approximately Ve — Vpg(on- The maximum negative output
voltage depends on the value of the load resistance relative to the bias current.
For large values of R;, the output is limited when Q, goes into saturation, giving
a maximum negative output voltage of Vgg + Vg When V, = — I, R;, then
I, =0, causing Q, to become cutoff. If R, is less than (Vgg + Vcgeay) /o in value,
then Q, will cutoff before Q, goes into saturation, thereby limiting the maximum
negative output voltage to — I, R,. The voltage transfer characteristic for the
emitter follower output stage is sketched in Fig. 2-74, illustrated for two
different values of load resistance.
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VO
A

= Ve~ VBE(on)

— Vin

/r VBE(on)

- IqRL

Vee+ VCE(sat)

Qo sat

Figure 2-74 Voltage transfer characteristic for the emitter follower output stage
of Fig. 2-73(a) depicting two different values of R, (R;;> Ry).

This circuit, like all Class A-type stages, suffers from low-power efficiency;
this is because the bias current I, flows in both Q, and Q, at zero output,
resulting in a standby quiescent power dissipation of (Ve — Vgg) Ip. The maximum
power efficiency is limited to about 25%.

A source follower output stage using MOSFETS is shown in Fig. 2-73(b).

For this circuit,
2,
V,,ZVi_VS:Vin_V N e 2‘308
& "N, CoR(WIL), (2-308)

Ve
Ry

[2(,+V,IR
Vv, + M =Vy— Vi (2-310)
I‘LnCOX(W/L)l

Here, the nonlinearity is square root, resulting in a somewhat less linear
transfer characteristic than with a bipolar transistor stage; the transfer charac-

where

(2-309)

In=1,+

resulting in
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teristic is similar to Fig. 2-74. Again, for small values of R;, transistor M, is
cutoff at Vo = - IQ RL~

Complementary Output Stages

The low-power efficiency of the Class A-type stage can be improved by using
complementary devices in a push—pull configuration. Figure 2-75(a) illustrates
a complementary output stage using npn and pnp emitter followers operating
in Class AB. The two diode-connected transistors Q, and Q, provide a 2V,
voltage drop between the bases of Q; and Q,; at zero output (V, = 0), both output
devices are biased slightly on with a quiescent current I,. This arrangement
eliminates the “dead-band” (and the resulting crossover distortion) in the
transfer characteristic that would otherwise occur due to the positive Vi, re-
quired for Q; to conduct and the negative V,,. required for Q4 to conduct.

Starting from V,=0, as V,, is increased, the voltage at the base of Q is
increased, causing Q, to conduct less; at the same time, the voltage at the base
of Qs is increased due to the constant voltage drop across the two forward-
biased diodes Q, and Q,, causing Qs to conduct more heavily. With increasing
input voltage, Q4 turns off and Q; sources the full output current to the load.
For a positive output, Q, is essentially off and Q; is on, giving

Vo=Vt Vo + Vier = Voes = Vin + Vag(on) (2-311)

The small-signal input resistance of the output stage for V,, positive is approxi-
mately

1 1
Rpy~—+—+rat(Bs+t DR, (2-312)

m2 Emi

Iy

‘I Q v +
bias i M
- 5

VEE Vss
(a) (b)

Figure 2-75 Class AB complementary output stage with crossover compensation:
(a) using BJTs; (b) using MOSFETs.
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In the negative direction, as V;, is lowered, the voltage at the base of Qq is
lowered, causing Q, to conduct more heavily; at the same time, the voltage at
the base of Qs is also lowered, causing it to conduct less. With decreasing input
voltage, Qs turns off and Q, sinks the full output current from the load. For a
negative output, Qs is essentially off and Q, is on, giving

Vo = Vin + Veb4 = Vin + VBE(on) (2'313)
The input resistance for negative output is approximately
Roy=~rat(Bst DR, (2-314)

The quiescent bias current /, can be determined by summing the base-emitter
voltages around the loop containing Q;—Q:

Vier T Vier = Vs T Vs (2-315)
where neglecting base currents gives

kT Iias ias I kT I
_m(b )+k_Tln(’b )zk_Tln(_Q)+_1n(i) (2-316)
g \Is) ¢ V) a \s) ¢ s

153154
Ip= I | 2-317
e Y @317)

Figure 2-76 shows an improved output stage using complementary emitter
follower transistors for crossover-distortion compensation [12]. Here, V,= Vi,

from which

Vbias

Figure 2-76 Improved Class AB output stage with complementary emitter fol-
lower crossover distortion compensation.
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resulting in very little offset between input and output. This stage also has a
higher input resistance; for V, positive,

Rin=rn+ B+ Dlrms+ Bs+ DR (2-318)
and for V, negative,
Rin=ru+ @B+ Dlra+ Bs+ DR,] (2-319)

A complementary output stage using MOSFETs is shown in Fig. 2-75(b).
The two diode-connected MOS transistors M, and M, provide a 2V, voltage drop
for crossover compensation. The stage operates in a fashion similar to the BJT
version [Fig. 2-75(a)]. For positive output, M, is essentially off and M; is on,
giving

Vo = Vin + ngZ + Vgsl - Vgs3 = Vin + VGS(on) (2'320)
For negative output, M; is off and M, is on, giving
Vo = Vin + ng4 = Vin + VGS(on) (2'321)

The quiescent bias current /, is determined by summing the gate-source
voltages around the loop containing M ,—M,:

Vgsl + ngz = Vg)3 + ng4 (2-322)

where, assuming equal threshold voltages and gate-oxide thicknesses for the
NMOS transistors and likewise for the PMOS transistors, gives

\/ 21bias + \/ 2Ibias — \/ 21Q + \/ 21Q
Men Co,xn (W/L)l p‘p Cc;xp (W/L)Z Mon Cc;xn (W/L)3 l“‘p C(;xp (W/L)4

(2-323)
Solving for I,
(W/L); (WIL), || tn Cora (WIL), + [, Clop (WIL), \?
o=l (2-324)
(WIL) (WID)2 \ |, Coun(WIL); + |, Corp (WIL),

EXAMPLE. Figure 2-77 shows a class AB BiCMOS output stage in which
the PMOS-npn composite forms a quasi-complementary device. (a) Determine
the quiescent bias current I,, and the maximum positive V,” and negative V,
output voltages for V;, ranging from — 15 to — 15V. (b) Simulate the circuit
using SPICE to check the results in (a) and give plots of V,, and Is and I versus
Vin. The npn transistor parameters are Iy =2 X 10~ " A (1X device) and B = 100.
The PMOS transistor parameters are Vry = — 0.8V and p, C,, = 25 pLA/Vz. As-
sume room temperature and take Vagon = 0.7V and Vegg =0.2V.
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VCC (+15V)

Q, I
x v'e

Ry $ v Mo - RL
(30kQ) 2 20 (500Q) Vo
Ibias* 2 -
5X\| j”(

z
¥ \

J" Q3 Q4 Qg

VEE (-15V)

Figure 2-77 Class AB quasi-complementary BiCMOS output stage. nx denotes
relative emitter areas of the bipolar transistors; the fractions denote the channel-
width and channel-length dimensions W/L (um) of the PMOS transistors.

(a) Summing the base-emitter and gate-source voltages around the loop
containing M,, Q,, M,, and Qs gives

Voez = Vies = ngz - ngl

Neglecting base currents, we have I, = L., /Br and I, = I /B, which used in the
expression for the source-gate voltages yields

LI (_’Lisz) + J 2lo ‘/ 2o (3-325)

g Iy Iss Brit, Cox(WIL),  \ Brp, Co(WIL),

From the Circuit, Ibias = Iref (154 /153), where Imf = (VCC - VEE - VBE (on)) /R] =977 MA,
giving Iy, = 195 pA. Substituting into Eq. (2-325) provides

I, 1 21, :\/ (2)(195)
0.026 ln(195 pA 10)+ \EOO)(ZS) (20/2) (100) (25) (100/2)

which solved numerically gives I, = 175 pA.

For V, positive, Qs is on and M,/Qs are off, giving V,= Vi, — Vi1 = Vies
= Vin = 2Vpg(on- At Vi, = + 15V, the maximum positive output is then v, =
15—-(2)(0.7V)=13.6 V. For V, negative, Qs is off and M,/Qs are on. The
maximum negative output is reached when Q, goes into saturation (as V,, is
lowered, the collector voltage of Q,, which is equal to Vi;— Vie; — Vg1 — Viea, 18 also
lowered, causing Q, to saturate when its collector voltage reaches Veg+Vegs gy ). At
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this point V, = Vgg 4+ Vg + Vi The source-gate voltage of M, is given by

V= — Vi + | ——e2
e N w, CL(WIL),

where I, =1,/Br and I,=~ — V,/R,, which at maximum negative output is ap-
proximately Vgg. So I, = — Vge /R, = 15V/0.5k) = 30mA, giving I, = 30mA/
100 =300 wA. The source-gate voltage of M, is then

_ (@60 | _
Vi =08V + 25)(2072) V=235V

and the maximum negative output voltage is V, = — 15V +0.2V +235V
= —1245V.
(b) A PSPICE program listing for the BICMOS output stage is as follows:

BICMOS.CIR - BiCMOS Output Stage

*

VCC 10 0 15V

VEE 20 0 -15V

VIN 1 O0DC 1.483V (this value gives V,=0)
*

Q1 10120N1

Q22340QN1

Q3 55200QN 5

Q4 45200N1

Q5102 7 QN 10

Q6 76 20 ON 10
M13322MPW=100U0L=2U

M2 647 7MPW=20UL=2U

R1 10 5 30K

RL 7 0 500

*

.MODEL QN NPN (BF=100 IS=2E—17A)
.MODEL MP PMOS (VTO= — 0.8V KP=25U)
.OP

.DC VIN -15 15 0.1

.PLOT DC V(7) IC(Q5) IC(Q6)

.PROBE

.END

Plots of V,, I5, and I versus V;, are presented in Fig. 2-78. From the plot, the
maximum V,” and V, are about 13.5 and — 12.5V, respectively. The quiescent
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BICMOSS .CIR - BiCMOS Output Stage
Date/Time run: 05/07/93 12:54:23 Temperature: 270

o
<

-15V
30mA+-~------- +--mm--e-- dmmmmem e Femme - +-mmmme - e +
: '
20mat - - 4
: i
| i
omat - - -+
omA 4 : " 5
-15v 10V Y 15v

o [c(QS) = Ic(QB)
VIN

Figure 2-78 PSPICE plot of BiCMOS output stage characteristics. Upper curve:
V, versus V;,. Lower curves: Is and I versus V;,.

currents from the simulation are 7.4 (Iu;,s) = 193 pA, Is = 171 pA, and I, = 173 pA,
all of which agree well with those calculated by hand.
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Problems
For all problems assume room temperature, kT/gq =26 mV.

Note: Where required, use the following device parameters unless otherwise
specified:

NPN: Br=100 I;=2%X10""A V.=175V
PNP: Br=50 I;=5%x10""A V,=175V
NMOS: W/L=10 w,Co=30pA/V’ V=1V A=002V "'

PMOS: W/IL=30 p,Ch=10pA/N? V= -1V  A=002V "

2.1 A resistance added in series with the base of the basic current mirror, Fig.
2-79, can compensate for base current error. Show that if R is chosen such
that R =2kT/ql,, then I,= I neglecting transistor output resistance.

Hint: You may find the approximation In(1 —x)= — x, for x < 1, useful.
I ref¢ *I 2
Q, Q,
R

Figure 2-79 Base-current compensation of basic current mirror for Problem 2.1.

2.2 Show that the output resistance of the Wilson current source, Fig. 2-11, is
given by Eq. (2-22).

2.3 Show that the output resistance of the NMOS Wilson current mirror, Fig.
2-13(a), is given by Eq. (2-25).

2.4 In the current source of Fig. 2-80, neglecting base currents, show that
_ AsAs

I()_—
A A,

1 ref

where A; = emitter area.

2.5 Derive an expression for the output current /, in the current source of Fig.
2-81. The MOSFET: are identical, except for W/L ratios. neglect channel-
length modulation.

2.6 (a) For the improved Wilson current source of Fig. 2-12, show, neglecting
the Early effect for Q,, that I, = I..;. Do not neglect base currents but assume
the transistors to be identical.
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\"
I ref* _C_E_

o e, Ve

Figure 2-80 Current source for Problem 2.4.

Iref* ‘12
Icw

Figure 2-81 Current source for Problem 2.5.

(b) Simulate this circuit using SPICE (or equivalent circuit simulator) to
show a plot of I, versus V, (the collector voltage of Q) for V, ranging from
0 to 10 V. From your results, determine the output resistance of the current
source and compare with that calculated using Eq. (2-22). Take for the
circuit, Vcc = 10V and R = 10k(). Note: Because of the high output resis-
tance of this circuit, you will need to reduce the tolerance in the SPICE
program to get an accurate simulation. To do so, add the following
statement in your SPICE file: .OPTIONS RELTOL = .00001

Find the output current and output resistance for the Widlar current source
of Fig. 2-16. The transistors are identical. Circuit parameters: Ve =10V,
R.r =20k, and R, = 1kQ.

Find the output current [, and the output resistance of the current source
shown in Fig. 2-82. The pnp transistors are identical except for their
emitter areas, as indicated.
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+10V
1kQ S Ry Ry S 250 Q
1X 4X

I
Mo |y2

50 pA

Figure 2-82 Current source for Problem 2.8. nx denotes relative emitter areas.

Vece

V4 Q4
Ry

+ Qs

Figure 2-83 Level-shift circuit for Problem 2.9.

2.9 Find V, relative to V, for the npn—pnp level-shift stage of Fig. 2-83. You
may neglect base currents and take Vie = Vg (on)

2.10 Neglecting base current, show that for the Vge multiplier circuit of Fig.
2-84,

R=——=——"—=—— forg.R,>1.
dlo l+ng2 VBE ql¢ g g
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th

R" Io

R2

1

Figure 2-84 Vg multiplier circuit for Problem 2.10.

+VCC

Figure 2-85 Inverting amplifier circuit for Problem 2.11.

(a) Derive an expression for the voltage transfer characteristic (V, versus
V,) of the inverting amplifier circuit of Fig. 2-85. Base current may be
neglected.

(b) Sketch the transfer characteristic for V; ranging from 0 to + Vee.

(¢) This circuit can be used as a unity-gain inverting amplifier for proper
values of R, and R,. Determine this relation.

Derive an expression that gives the large-signal transfer characteristic (V,
as a function of V;) for the common-emitter gain stage of Fig. 2-24 with
Ry =0. Do not neglect the Early effect; use the Early voltage V in your
analysis. What does the characteristic become for Vy— ®?

Figure 2-86 shows a common-emitter amplifier with diode biasing. Tak-
ing Vie = Vg on) determine an expression for the output voltage V,, assuming
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Vee
Ry Ro
Vo

Vi o—o—on—1

C

Figure 2-86 Diode-biased common-emitter gain stage for Problem 2.13.

M2
Vo ‘I ref

+ Q4 $

Figure 2-87 Active-loaded common-emitter gain stage for Problem 2.14.

transistor Q, is operating in the forward-active mode. The transistors are

identical. What does V, become for R, = 2R,?

2.14 Derive an expression giving V, as a function of V; for the PMOS active-
loaded common-emitter amplifier circuit of Fig. 2-87. Use V4 and A to
characterize the Early effects in Q, and M,, respectively. Transistors M,

and M, are identical.

2.15 The emitter follower stage of Fig. 2-31 is biased at V; = Vc/2. Determine
the output voltage V,, the small-signal input resistance, output resistance,
and voltage gain. Take for the circuit, Vec=10V, Rz =500(), and

Re=1k{. You may take Vi = Vpgon =0.7V.

2.16 Verify that the small-signal output resistance of the common-gate gain

stage of Fig. 2-42 is given by Eq. (2-173).
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+15V

Figure 2-88 Cascade amplifier circuit for Problem 2.17.

2.17 For the cascade amplifier in Fig. 2-88 determine the quiescent (@ v;=0)
output voltage V,, the small-signal input resistance R;, output resistance R,,
and the voltage gain v, /v;. Neglect the Early effect for Q, but not for Q,.

2.18 Determine the quiescent (@ v; = 0) collector current in Q,, drain current
in M, output voltage V,, and the small-signal voltage gain v,/v; for the
BiCMOS Darlington stage shown in Fig. 2-89. Take Vi = Vggon =0.7V
for Q].

+15V

RL% 3 kQ
—oO

VO
M 4
+
Vi Q1
+ Rs 10 kQ
Iz.s v

Vbias

—r

Figure 2-89 BiCMOS Darlington stage for Problem 2.18.

2.19 The pA 701 cascode amplifier circuit is shown in Fig. 2-90.
(a) Find the dc collector currents in the transistors and the output voltage
Vo. Base currents may be neglected. Refer to Problem 2.13 for inspiration.
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VCC (+10 V)

Figure 2-90 Cascode amplifier for Problem 2.19.

(b) Determine the small-signal input and output resistance, and the volt-
age gain v, /v; for the amplifier.

2.20 For the emitter follower common-base cascode circuit of Fig. 2-91 de-
termine the small-signal input resistance R;, output resistance R,, and the

Vee

Figure 2-91 Emitter follower common-base cascode circuit for Problem 2.20.
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Figure 2-92 Differential gain stages for Problem 2.23.

effective transconductance G,, expressing each in terms of the small-
signal device parameters 7, r,, r,, and g,, as appropriate.

Carry out the analysis for the drain currents in a JFET differential pair
leading to Egs. (2-246) and (2-247).

Consider the resistive-loaded differential pair circuit of Fig. 2-56 in
which the output resistances (r,) of transistors Q; and Q, are not neglected.
(a) Show that the differential-mode voltage gain becomes

ngC

Ag= =
1+ IggRc/2V,

assuming B> 1.
(b) Show that the corresponding common-mode rejection ratio becomes

1 + gV, /kT

CMRR=— 147~
1+ Iz R 12V,

here it is assumed that Br,>> R..

Show that the two differential gain stages in Fig. 2-92 are equivalent.
Consider both the differential-mode and common-mode response. As-
sume that the output resistances of the current source transistors are much
larger than Rp.

(a) Show for the single-ended amplifier of Fig. 2-93 that v,=(—A,q +
A,)v;12. Neglect the output resistances of the differential-pair transistors.
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VEE

Figure 2-93 Single-ended differential-pair amplifier for Problem 2.24.

(b) Show that the maximum voltage gain (v,/v;) is equal to gVcc/kT. Under
what conditions is this maximum gain reached?

Consider the resistive-loaded differential amplifier of Fig. 2-56 in which
a resistance Ry is added in each base. Determine the small-signal differ-
ential-mode and common-mode voltage gains and the common-mode
rejection ratio.

Design an NMOS differential amplifier using saturated loads as in Fig.
2-69(b). The amplifier is to have a differential voltage gain of 5 and a
minimum input signal range of * 1V. Prescribed are +6V and —6V
power supplies. For your design you will need to specify the channel
dimensions of transistors M,;—M, and the value of the bias current Iss. The
fabrication process gives ., Cex =30 wA/V* and a minimum channel di-
mension of 1.2 um. You should use the smallest-sized devices that will
meet the design specifications. Note: You will need to consider the
conditions required to ensure transistors M, and M, remain operating in
saturation throughout the input signal range.

(a) Determine the differential-mode and common-mode voltage gains, the
common-mode rejection ratio, and the differential-mode and common-
mode input resistances of Fig. 2-58 with R.= 10k}, Ry =250(), and
Ige = 500 pA. Neglect V, for Q, and Q,, but not for Q;. Compare the value
of A4 with that evaluated using Eq. (2-257), explaining any discrepancy.
(b) Determine the range in common-mode input voltage over which
transistors Q,~Q; remain active with Vec = + 10V and Vgg = — 10 V. Take
Veewon = 0.7V and Vg =0.2V.
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Vceo (+10 V)

1 mA

100Q 100Q —

Veg (-10 V)

Figure 2-94 Differential amplifier circuit for Problem 2.29.

2.28 Consider the active-loaded differential pair of Fig. 2-65 with a load

2.29

2.30

231

resistance R, connected to the output. Show that, neglecting transistor
base currents and Early effect, the voltage transfer characteristic is given
by

qVi
V,=Ig R, tanh .
et tal (ZkT)
Determine the differential input resistance R4, the output resistance R,, and
the small-signal voltage gain v,/v; for the differential amplifier of Fig.
2-94. Do not neglect the output resistances of the transistors. Check your
results by circuit simulation using SPICE.

The circuit shown in Fig. 2-95 is a current mirror with gain. Determine
an expression giving I, in terms of I and V,. Neglect the Early effect.

Figure 2-96 shows two versions of a BICMOS differential gain stage. For
version (a) show that the small-signal voltage gain (neglecting base
currents) is given by

Yo o 4Va
vie KT(1+2AVy)

where for version (b),

Vo _ 2Va (B CaOWIL)
Vid 1+ )\VA 155
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1

Figure 2-95 Circuit for Problem 2.30.

Vce Vbp
M1 ‘_-F-l| M2 01 02
™oV, —o Vo
+ Q4 Q- “'o——l M 4 M2
Vid Vid
. o o—
V) Ilee Iss
VEE Vss

(a) (b)
Figure 2-96 BiCMOS differential gain stages for Problem 2.31.

Using the transistor parameters given at the beginning of the problem
section, calculate the voltage gains of the two stages. Take Iss = 300 pA.

2.32 Consider the emitter follower output stage of Fig. 2-73(a). The linearity
in the transfer characteristic can be calculated as V,/(Vi, ~ Vgg(on)-
(a) Taking

VBE(on) = E In ( OLFIQ)
q I
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show that this leads to

1

v,
1+ kT In(1+
qV, IyR,

Linearity =

(b) Consider the circuit in which Ve =12V, Vgg = — 12V, and I, =20 mA.
Calculate the linearity at the maximum output that can occur without
clipping of the signal for (i) R, =500€ and (ii) R, = 5k{).

In a fashion similar to that carried out in Problem 2.32, show that the
linearity in the source follower output stage of Fig. 2-73(b) may be
expressed as

Linearity = —

1 21, v,
1+— 1+ -1
VoV, Co (W/L), IoR,

Vesom = Vg + 2o
osem = T T W, CL (WL,

Calculate the linearity for the same circuit parameters as the emitter
follower stage. Take W/L = 300 for the MOSFETs.

where

For the output stage shown in Fig. 2-97 determine and carefully sketch
(including breakpoints, axis intercepts, slopes, etc.) the transfer charac-
teristic V., versus Vi, for V,, ranging from — 6to + 6V. You may neglect
base currents and take |Vpgn! =0.7V and |Vl =0.2V.

+5V

Q1

-5V
Figure 2-97 Output stage for Problem 2.34.
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VEE

Figure 2-98 741 op amp output stage for Problem 2.35. Transistors Q, and Qs are
identical to their npn and pnp counterparts, but have 10 times the emitter areas.

2.35

2.36

A simplified schematic of the 741 op amp output stage is shown in Fig.
2-98.

(a) Show that at V, =0, the quiescent bias current of the output transistors
is given approximately by

I, =1I. 154155
e . BF?ISIISZ

(b) What is the maximum value for I, if the quiescent power dissipation
in the output stage is limited to 12mW? Take Ve =15V and Vg = — 15V,
(c) Assuming Vg < Vi, < Vcc, sketch the transfer characteristic V,, verses
Vi for V;, ranging from — 15V to + 15V Assume Vggn =0.7 V.

A simplified schematic of the 1530 op amp output stage is shown in Fig.
2-99.

(a) Describe qualitatively the operation of the circuit, including the maxi-
mum and minimum values for V,.

(b) Determine the quiescent collector current I, and the corresponding
input voltage V,p at V,=0

(c) Determine the small-signal voltage gain v, /v; for V; near V,,. Neglect V,.
(d) Simulate the circuit using SPICE to verify your analysis. Show a plot
of V, versus V..
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Vee(+15V)

Veg (-15V)

Figure 2-99 1530 op amp output stage for Problem 2.36 nX denotes relative
emitter areas.

2.37 Repeat the example of Fig. 2-77 using the modified BiCMOS output
stage shown in Fig. 2-100. Explain any differences found with this circuit
compared to the example circuit.

VCC (+15V)
Q, *10
+
Vin 10X
= +
Ry 5 R,
(30kQ) (500Q) Vo

5X\||1 1X Q6 10X

Vee (-15V)

Figure 2-100 Class AB BiCMOS output stage for Problem 2-37. ny denotes rela-
tive emitter areas of the bipolar transistors; the fractions denote the channel-width
and channel-length dimensional W/L (um), respectively, the PMOS transistor.
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Chapter 3

Operational Amplifiers

An operational amplifier (op-amp) is essentially a differential-input high-gain
direct-coupled analog circuit that is used to amplify the difference of two input
signals, either voltage or current. Originally, op-amps were very high-gain
voltage amplifiers which utilized negative feedback to perform mathematical
operations on analog signals, hence the name operational amplifier. In recent
years, a variety of operational amplifier circuits have evolved with differing
behavioral characteristics.

In this chapter, four basic op-amp circuit types are discussed: (1) voltage-
feedback amplifiers, (2) current-feedback amplifiers, (3) current-differencing
amplifiers, and (4) transconductance amplifiers.

3.1 Voltage-Feedback Amplifiers

Nearly all operational amplifiers operate with feedback, wherein a portion of
the output signal is fed back to the inverting input of the amplifier. In a
voltage-feedback amplifier, a fraction of the output voltage is combined (out
of phase) with the input voltage signal applied to the amplifier. This feedback
combined with the forward open-loop voltage gain of the amplifier sets the
overall closed-loop response of the amplifier. Figure 3-1 shows an idealized
model for a voltage-feedback amplifier. The transfer characteristics of most
operational amplifiers can be well approximated by a single-pole response,
usually a result of compensation (to be discussed in Chapter 4). For the
open-loop voltage gain, we have

a
1 == —..—0— 3_1
() l+j(w/o,) -1)
where o, is the frequency at which the open-loop gain is down by 3 dB from
the gain (a,) at low frequency ( — 3dB frequency).

E. W. Greeneich, Analog Integrated Circuits 157
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a(jo) vy

. do
o) = —2
1 +j(w%)

Figure 3-1 Idealized model for a voltage-feedback amplifier.

A noninverting amplifier configuration is shown in Fig. 3-2. Resistors R, and
R, form a voltage divider to feed a fraction of the output voltage back to the
inverting input of the amplifier; for negligible amplifier input currents, the
feedback signal is vq, = v,R,/(R, + R,), which combined at the input gives

R,

= Vin — 3-2
Va Vin R] + R2 Vo ( )
The closed-loop voltage gain is then
Vo — A, (o) = . a(jo) _ a(]w? (3-3)
Vin l+a(jo)R/(Ri+Ry) 1+T(jw)

As expressed on the right-hand side of Eq. (3-3) the closed-loop gain is
determined by the loop gain T (jw), which is equal to the product of the
forward open-loop gain of the amplifier a (o) and the voltage-feedback factor
f=valv,=R,/(R, + R,). Using Eq. (3-1) for the open-loop gain of the amplifier
in Eq. (3-3) yields

1+R,/R, A,

AU = o) - T+ (/o)

(3-4)

where A,, is the low-frequency closed-loop voltage gain (1 + R,/R)), and w, is
the frequency at which the closed-loop gain is down by 3dB and is given by

_ a,w, _ (O

= 3-5
AL T A, (3-3)

The product of the open-loop gain and 3-dB bandwidth a, w, represents the
unity-gain frequency wr. The gain-versus-frequency characteristics of the volt-
age-feedback amplifier are sketched in Fig. 3-2. Note the gain-bandwidth
trade-off: A,,f_34 = fr.
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—o V
i (O °

R2
R1

Avo

Avo

0dB

(b)

Figure 3-2 (a) Noninverting amplifier. (b) Gain-versus-frequency characteristics.

Single-Stage Op-Amp

A single-stage operational amplifier consists of a differential-input gain stage
and a unity-gain output stage. These simple amplifier circuits are used primar-
ily for high-frequency (but relatively low-gain) amplifiers and for some low-
cost multiamplifier integrated-circuit chips (e.g., quad op-amps). Figure 3-3
shows a model of a single-stage op-amp. Compensation is applied at the output
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¥ O Gm1Vin
Vin Gm" : 4
- © ﬁiz—i—b %
[}
' Cc
Input Stage ¢ . Rot — Output Stage
(gain) * (unity gain)

Figure 3-3 Model of a single-stage op-amp.
of the input gain stage and is assumed to dominate the frequency response of
the amplifier. The low-frequency open-loop gain is
a,= Gml (Rol“RiZ) (3-6)

where G, is the effective transconductance of the input stage, R,, is the output
resistance of the input stage and R, is the input resistance of the output stage.
The open-loop — 3-dB frequency is

1

= 3-7
“ " RallRa) Ce G
and the open-loop unity-gain frequency is
Gml
= 3-8
wr Ce ( )

A simple single-stage operational-amplifier circuit is shown in Fig. 3-4. For
the input stage,

ql,
Gy =—— 3-9
' = kT (3-9)
and
2 VNPN VPNP
R, 2702””04:1—](_VW) (3-10)
The intrinsic voltage gain of the input stage is
V. (eff)
GmR, = 3-11
1 1 kT/q ( )
where
VNPN VPNP
Vi (eff) = —sm—pmp (3-12)

R
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Figure 3-4 Simple single-stage operational amplifier.

The voltage gain of the input stage is thus determined by the ratio of the
effective Early voltage of the input stage transistors to the thermal voltage.
Assuming a worst-case condition with a short circuit at the output, the input
resistance of the output stage is

Riy =215+ BsBs (ran)ll(2ry + rag) (3-13)

where r, is the small-signal resistance of diodes D, and D,. Assuming equal NPN
current gains for transistors Qs and Q4, Eq. (3-13) can be expressed as

Ro=PBimv—— T + By (—Q + BPNP)] (3-14)
2

kT [IQ
qlp

Normally, the quiescent bias current (1) in the output transistors is of the same
order as the bias current I,. Thus,

kT 1
RizzﬁfvaT g (3-15)
qiq 1+ NPN
BPNP

and is typically much larger than the output resistance of the input stage (R,;).
The voltage gain of the output stage is approximately unity, giving for the
overall low-frequency open-loop gain of the amplifier:

~ Va (eff)

3-16
o kT/q ( )



162 Chapter 3 - Operational Amplifiers

Figure 3-5 Simplified schematic of the HA-2500 single-stage op-amp.

As an example, if the NPN and PNP Early voltages are 100V each, then at
room temperature, a, = 50 V/0.025V = 2000 (or 66 dB).

A simplified schematic of the HA-2500 single-stage operational amplifier is
shown in Fig. 3-5. In the input stage, the cascode connections of Q,—Q, and
Q>-Q; form a folded-cascode differential amplifier. This configuration gives a
higher bandwidth than a simple differential pair due to the reduced Miller
capacitance effect on the input stage.

Two-Stage Op-Amp
The most common operational amplifier is the two-stage configuration. As

illustrated in Fig. 3-6, the two-stage op-amp consists of two gain stages and
an output stage. As such, these amplifiers have higher gain than single-stage

Cm1Vin

+ o0
Vin . out
- Rio—t»
]
<—:_R01 '
Input Stage ! Second Stage ! Oufput Stage
(gain) (gain) (unity gain)

Figure 3-6 Model of a two-stage op-amp.
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Input Gain Stage Second Gain Stage Output Stage

Figure 3-7 Simple two-stage op-amp.

op-amps, but they have larger phase shift, requiring additional compensation
to ensure stability. The low-frequency open-loop gain is

o= Gy (Ro1lIR) G (R51IR3) (3-17)

where G,,; and G, are the effective transconductance of the input and second gain
stages, respectively, R,; and R,, are the output resistance of the input and second
gain stages, respectively, and R;, and R, are the input resistance of the second
gain and output stages, respectively.

A simple two-stage operational-amplifier circuit is shown in Fig. 3-7. For
the input stage, G, and R, are the same as given in Egs. (3-9) and (3-10),
respectively. For the second gain stage

8ms _ ql
=2om - 12 3-18
G 2 2%T (3-18)
2 282w kT
Riz — 2r,,5 — 2BNPN — BNPNk (3_19)
8mé ql,

and

2ry+ rollr,n, 'V, positive
R,= (2r, N o p . (3-20)

roll(2ra + r.p), V, negative
where r, is the small-signal diode resistance of diodes D; and D,, and r,p, is the
output resistance of the bias current source I,. In Eq. (3-18), we have assumed
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equal current gains for transistors Qs and Q. For positive output, transistor Q,
is on, whereas for negative output, transistor Qg is on. Thus, the input resistance
of the output stage is given by

Fa7 + R;, V, positive
i 71 Baew Ry p . (3-21)
ras T BevpR1, V, negative

Because the PNP beta is usually smaller than the NPN beta, the second
equation for R;; represents the worst-case loading on the second gain stage. In

addition, R,, will normally be much larger than Rj.

High-Frequency Characteristics

A first-order ac circuit model to analyze the high-frequency characteristics of
the two-stage op-amp depicted in Fig. 3-7 is shown in Fig. 3-8 [1]; in this
model it is assumed that the compensation capacitance C. dominates the re-
sponse of the amplifier. The input stage provides a small-signal drive current
of g, v; to the second gain stage, which, at high frequencies flows mainly
through Cc. The high gain of the second stage places its input at near ac ground
potential, giving an output voltage of

EmVi
~ 3-22
Vo= ic. (3-22)
The open-loop unity-gain frequency is then
_ _ 8m
wr = 21TfT - (3‘23)
Cc

where g, is given by gl /2kT.
In practice, the value of Cc is chosen such that w; is less than or equal to
the dominant open-loop pole frequency of the uncompensated amplifier; this

Figure 3-8 First-order ac circuit model to characterize small-signal frequency
response.
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forces the phase response to be dominated by the compensation capacitance,
providing amplifier stability (to be discussed in Chapter 4). For most general-
purpose operational amplifiers, C will range in value from about 20 to 50 pF.
As an example, at room temperature with I, =20 wA and C¢= 25 pF,

ql 20%10°°

= = = 2.45MHz (3-24)
4mkTC.  (4m)(0.026)(25 X 10 )

fr

Slew Rate

The slew rate is a parameter used to characterize the rate at which the output
voltage of an operational amplifier can change; it is usually expressed in volts
per microsecond and is determined as the maximum rate of change in output
voltage for a large-signal step input. In practice, for op-amps whose frequency
response is dominated by the compensation capacitance, the slew rate is
limited by the maximum rate that the compensation capacitance can be
charged or discharged. Figure 3-9 shows a simplified model to calculate the
slew rate for a two-stage op-amp [1]. As depicted in the figure, for a large
positive step input, Q, will turn off and Q; will conduct the full input stage bias
current, /,. This current, flowing into the reference transistor Qs, is mirrored in
Q, giving a maximum output current I,=1I; to charge Cq: CcdV,/dt=1,.
The slew rate is thus determined by

SR.=— (3-25)

Relating the transconductance of the input stage transistors to /,, the slew rate
can be expressed in terms of the open-loop unity-gain frequency, Eq. (3-23):

I 2T
SR ="La,=""; (3-26)
q

8m
Vee
¥
+ o—

Vi Io
- S
14 -

v Az — Vo f g - IVo|
04 o dt

Q3

Figure 3-9 Simplified model to calculate slew rate.
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Figure 3-10 Simplified schematic of LM-6365 high-speed operational amplifier.

The slew rate (for the case of a simple bipolar input stage) is thus independent
of the input stage bias current; the increase in transconductance accompanying
an increase in bias current produces a higher amplifier gain, which requires a
larger compensation capacitance to set w;. For the example above with
I, =20 pA and C= 25pF, the slew rate is 0.8 V/us. Careful design with high-
frequency transistors can produce high-performance amplifiers with improved
slew rate. A simplified schematic of the LM-6365 high-speed operational
amplifier is shown in Fig. 3-10. It boasts an fr of 725MHz and a slew rate of
300 V/us.

As expressed by Eq. (3-26), the slew rate for a given f7 is determined by the
I,/g,, ratio of the input stage, which for the simple bipolar circuit of the type
depicted in Fig. 3-9, is fixed at 2kT /q; altering the circuit to increase the /,/g,,
ratio can improve the slew rate. One method is to use emitter degeneration to
reduce the transconductance of the input stage, illustrated in Fig. 3-11. Here,
the transconductance of the input stage is reduced by a factor of 1 + g,.Rg, giving
an increased slew rate of

2kT
SR.= (—— +1, RE) w7 (3-27)
q

In the example above with I, =20 A and Ry =20 k{2, the slew rate would
increase from 0.8 V/us to about 7 V/us. The physical reason for the increase
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Figure 3-11 Reduction of input stage transconductance using emitter degenera-
tion.

is that with emitter degeneration the gain of the input stage is reduced,
lowering the overall open-loop gain of the amplifier, thereby requiring a
smaller value of compensation capacitance C.. The input stage bias current is
the same; therefore, as indicated by Eq. (3-25), the slew rate increases. The
drawback to using emitter degeneration is that mismatches in the resistor
values produce a dc input offset voltage.

Another method to increase the I, /g, ratio is to use field-effect transistors in
the input stage, such as illustrated in Fig. 3-12 with p-channel JFETs. At a
given bias current, the transconductance of a field-effect transistor is much less
than that of a bipolar transistor, increasing the slew rate by a factor of perhaps
10-30 for a typical FET device. A disadvantage is the increased input offset
voltage with field-effect transistors over bipolar transistors.

- J1 J2

Q3 Q4

Figure 3-12 Input stage using JFETs.
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Vee

el ™ o

Figure 3-13 Operational-amplifier circuit illustrating common-mode input range.

Vee

Common-Mode Input Range

The common-mode input range is the maximum range in dc voltage that can
be applied simultaneously to both inputs without causing the op-amp to cease
operating normally. This range is an important parameter because it represents
the maximum dc levels of signals that may be applied to the amplifier inputs;
as such, a wide common-mode input range is desirable. The limits in input
range are reached when one or more of the transistors in the amplifier no
longer operate in the active region, usually in the input stage.

As an example, consider the operational-amplifier circuit shown in Fig.
3-13. The lower limit on V¢ is reached when current source transistor Qs
saturates:

Vic = Veeia + Viees + Vee = Vieom T Veeea + Vee (3-28)
The upper limit on V¢ is reached when differential-pair transistor Q, saturates:
V;E = Vee = Vegs — Vera + Vier = Vee = Ve (3-29)

Thus, for this example, the common-mode input range is from about 1 V above
the Vg supply to about 0.1V below the Vi supply. This common-mode range is
usually adequate when power supply voltages are relatively large; for oper-
ational amplifiers operated from low supply voltages (say, 1-2V), this range
may pose some limitations in certain applications. There are modifications to
the input stage which can extend this common-mode input range [2].
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Figure 3-14 Simple two-stage CMOS op-amp.

Two-Stage CMOS Op-Amp

A simple two-stage operational amplifier implemented in CMOS technology is
shown in Fig. 3-14 [3]. Transistors M,—M, comprise an active-loaded differen-
tial-pair input stage, and M, with an active load provided by I,, is a common-
source second gain stage. For applications with light external loads, the am-
plifier does not use an output stage. The low-frequency, open-circuit, open-
loop voltage gain is

a,=GuR,GmaRy (3-30)
with
Gt = gm = 1y Cox WIL) Ty (3-31)
Ry =rpllry = % ( )\Nl )\P) (3-32)
Gz = 8ns = 200 Cox(WIL)s I (3-33)
and

Ro2 = r05||r012 (3-34)

where r,;, is the output resistance of the second stage bias current source .
Owing to the smaller transconductances, the CMOS op-amp will have a lower
gain than its bipolar counterpart operating at the same bias current.
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Vop

Vss
Figure 3-15 Two-stage CMOS op-amp illustrating offset constraints. (From Ref. 3)

The slew rate of the CMOS amplifier is

I [1
SR.=— ;= [ CL(WIL), -wr (3-35)
gml l‘l‘

Because of the lower g, /I ratio for MOSFET devices, the CMOS amplifier
generally has a higher slew rate than a comparable bipolar amplifier.

As discussed in Ref. 3, the relatively low gain per stage of the CMOS
operational amplifier results in the input-referred dc offset voltage being heav-
ily dependent on both the differential input stage and the second gain stage,
unlike the bipolar amplifier in which the much higher gain per stage results
in the input offset voltage being determined primarily by the gain of the input
stage alone. Consequently, design constraints are placed on the relative chan-
nel-width—channel-length (W/L) dimensions of the transistors in the CMOS
amplifier. In the two-stage CMOS op-amp shown in Fig. 3-15, we desire V, =0
with the inputs grounded. In the input stage, Ips=Ip3=1,/2,
and assuming matched transistors, we have, therefore, Vpss = Vps3 = Vgs3; thus,
Viss = Vs, Which using Eq. (1-81) leads to

1D4 — IDS
(W/L)s (1 + Ny Voss)  (W/L)s(1 + Ay Vss)

/ 1,
Vosa=Vin+ | ——
P TN T W Co (WL,

(3-36)

where
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and
Vpss = — Vs

Now VGS7 Vng, Wthh nOtlng that ID7 21[)4 and ID8 = IDSa giVES

2, _ Ins (3-37)
(W/L); (1 + NpVsry) (W/L)g(1 + N\p Vspg)
where
I
Vspr = Voo = Visga = Vop + Vip — m
and

Vsps = Vop

Combining Egs. (3-36) and (3-37), the zero offset voltage constraint is

d 1 =NV,
7)5( ~n Vss)

[
—| [T+ N\ | Vg + | ————
s ”( ™V, Co (WIL), ﬂ

2 W 1+ Xp V)
(Ts( 7 Vop)

d 1+ Np|Vop + Vip— | I
L 7 r P " “'pCon(W/L)7

In practice, the channel lengths (L) of the NMOS and PMOS transistors are
held fixed, and the channel widths (W) are scaled to fit the constraint require-
ments.

(3-38)

EXAMPLE. Determine the required channel width (W) of transistor Ms to
achieve zero offset in the amplifier shown in Fig. 3- 15 in which VDD =10V,
Vss = — 10V, and l;,s = 50 pA. For the transistors, ., Cox = 30 }LA/V Vin=1V,
M=002V ™", Co=10pA/V?, Vip= — 1V, and \, = 0.02V ~". The channel
lengths (L) are all 2 um; the channel widths are W, ;3 46,7 = 20 wm and W = 40 um.

The first- and second-stage bias currents are

_ (W/L);(1 + X\p V) I and I = (W/L)s (1 + \p Vipg) .
(W/L)s(1 + \p Vepg) " 2T (WIL)6 (14 Np Vipg)

1=
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respectively, with

21bias
Veps = Vsge =~ — Vip+ | ———25 =2V
SP6 - Tsae N w, Co(WIL),

(WIL); Lyas
(WIL)s 2

Cf;x 5

Hp ( L )2
Vsps = Vpp = 10V

This gives I, = 56.0 nA and I, =115 pA. Now,

/ 1,
Voss=Vy+ | ———— =143V
P T W, Co (W/L),

Using Eq. (3-38), the offset constraint on Mjs is

(W) _@ (40/2) [1 + (0.02) (10)1(20/2)[1 + (0.02) (1.43)]
5

L (20/2)[1 + (0.02) (8.29)][1 — (0.02) (— 10)]

Thus, W5 =35.27 X 2 um = 70.54 pm.

Vspr = Voo — Vsga = Vpp + Vip — =829V

=35.27

3.2 Current-Feedback Amplifiers

In a current-feedback amplifier, a fraction of the output current is combined
at the inverting input to the amplifier. These current-mode circuits can provide
larger closed-loop bandwidths and higher slewing rates than their voltage-mode
(i.e., voltage-feedback amplifier) counterparts [4]. Figure 3-16 shows an

unity-gain
voltage buffer
Vi+c
+
vO
Vi e z(jo) ipNv
IINV

Zo
fed z(' )=—
ESTON:

Figure 3-16 Idealized model for a current-feedback amplifier.
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idealized model for a current-feedback amplifier. The amplifier contains a
unity-gain voltage buffer between the inverting and noninverting inputs, caus-
ing the voltage at the input nodes to be equal. For an ideal current-feedback
amplifier, the input impedance at the inverting input is zero and the input
impedance at the noninverting input is infinite. At the output is a current-
controlled voltage source in which the output voltage is proportional to the
inverting input current iy through the transimpedance parameter z (jw). Again,
as a result of compensation in the amplifier, the transimpedance can be well
approximated by a single-pole response of the form

2o

EEESTOYS) (339

z(jw)
where w, is the frequency at which the transimpedance is down by 3 dB from
its value (z,) at low frequency. In general, z, will be high in value.

A noninverting amplifier configuration is shown in Fig. 3-17. Current is fed
back from the output through R, to the inverting input of the amplifier; due to
the unity-gain buffer between the two inputs, the voltage at the noninverting
input is equal to v;,, and the feedback current is then (v, — v;,) /R,, which, com-
bined at the input, gives

i — Vin R in
iINV = Vin - Yo d =11+ —2 ———v " (3'40)
R, R, R, R, +z(jw)
The closed-loop voltage gain is then
o R i R 1
Y =A,(jw)= 1+=2 —ﬂ= 1+=2— (3-41)
Vin Rl R2+Z(J(1)) Rl 1 + Rz

Z(jw)

Using Eq. (3-39) for the transimpedance of the amplifier in Eq. (3-41), and
assuming that z,>>> R, (generally true), yields

1+R/R, Ay

- = - (3-42)
l+jwlo,) 1+j(w/ow,)

A, (jw) =

where A,, is the low-frequency closed-loop gain (1 + R,/R;) and w, is the fre-
quency at which the closed-loop gain is down by 3dB and is given by

_ 2o,

R, (3-43)

Wq
Note that the 3-dB bandwidth is a function only of the feedback resistance R,;
it is, to first order, independent of the closed-loop gain. Unlike the voltage-
feedback amplifier, there is no gain-bandwidth trade-off. With the current-
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gain (dB)
A
1

Avo (1) \
i R fixed

Avo --@-——————:\
v\

0dB ;\ N \ —» log(f

1 \ 1
fa Avofa Avofa

Figure 3-17 (a) Noninverting current-feedback amplifier. (b) Gain-versus-fre-
quency characteristics.

feedback amplifier, the bandwidth is set by R, and the gain is set by R,
illustrated for a fixed value of R, in the lower portion of Fig. 3-17.

For the unity-gain voltage buffer at the input of the current-feedback am-
plifier, consider the circuit in Fig. 3-18. Summing the voltage drops around
the base-emitter loops of Q,—Q, gives

Vi+ =V =Vies— Vo1 = Voer = Vs (3-44)

Assuming identical NPN and PNP transistors and neglecting base currents, the
base-emitter voltages give

. PNP . PNP
kT ( 13 Is ) kT ( 1 %) 15 ) (3_45)

— In — d
q Ig 14

which, combined with i, =i, =1,, yields

isig =L, inv=i3—1is (3-46)
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+Vce

- Vece

Figure 3-18 Unity-gain voltage buffer circuit.

Under quiescent conditions, iy =0, i3 = i, = I,, and the input offset voltage from
Eq. (3-44) is

N
Vos=V! =V =—In (%W) (3-47)
q Is
The input resistance at the noninverting input is
R+ = P Brwe (3-48)
28,
and the input resistance at the inverting input is
_ 1
R = (3-49)
28m

where g,, = gl,/kT. The input resistance at the noninverting input is thus quite
high, and at the inverting input, it is low.

The LH-4012 wideband buffer uses a circuit identical to that in Fig. 3-18
except that resistors are used in place of active bias current sources. The input
to the buffer is taken at the noninverting terminal and the output is taken at
the inverting terminal. It can provide =+ 10V output into a 50} load and
boasts a 3-dB bandwidth of 500 MHz, a slew rate of 12,000 V/ps, a risetime
of 1.2ns, and a phase linearity of 1°.
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+Vce

- Vee

Figure 3-19 Circuit embodiment of a current-feedback amplifier.

A circuit embodiment of a current-feedback amplifier is shown in Fig. 3-19.
Reference transistors Qs and Qs, inserted in the inverting side of the unity-gain
buffer, sense currents i3 and i,, which are mirrored in the current source transistors
Q7 and Q, respectively; the net current into node Z is thus equal to ijy. The voltage
presented to the output stage is then iy times the impedance at node Z.

Transimpedance

The impedance at node Z can be determined from the small-signal equivalent
circuit for the amplifier depicted in Fig. 3-20. In the circuit, the compensation
capacitance C usually dominates the response. Current sources i3 and i, reflect
the inverting currents from the input buffer, r,; and r,s are the output resis-
tances of transistors Q; and Q. respectively, and r,y and ;o represent the input

Figure 3-20 Small-signal equivalent circuit of the current-feedback amplifier.
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resistances of the output stage looking into the bases of Qs and Q. respectively.
From the equivalent circuit, the impedance at node Z is given by
2(jo) = ——2—— (3-50)
1+ j(J)ZOCC
where

Z0=r07||r03”r,'9”r“0 (3-51)
Under worst-case conditions with a short circuit at the output,

Fio, 10 = Fmo,10 T Bo,10 7w, 12 (3-52)

7 (jw) represents the transimpedance of the current-feedback amplifier; its 3-dB
frequency is thus

1
0= 3-53)
@ 2o CC (

The output voltage is then given by v, = v, = i Z-
Slew Rate

To first order, the slew rate of the current-feedback amplifier is not limited by
internal bias currents in the circuit, as is the case for the voltage-feedback
amplifier [see, for exampte, Eq. (3-25)]. Figure 3-21 depicts a first-order model
to characterize the slew rate of the current-feedback amplifier. The slew rate
is limited by the charging current of Cg,

SR, =_C W (3-54)
Ce Ce

Current Mirror

iINV
+ - —
_ i INV " c
Output Stage
e

Figure 3-21 Slew rate model.

|

Current Mirror
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Vo (final)
_o\f
- slope = S.R.
0

+—»t
0

Figure 3-22 Slew rate for noninverting amplifier configuration.

iinwv is determined by the external circuit. Also, the required compensation
capacitance is generally small for a current-feedback amplifier, thus the slew
rate can be quite large.

Consider a noninverting amplifier configuration, as illustrated in Fig. 3-22.
With a positive step voltage applied at the input, the output is initially zero.
The inverting input current at t =0 is

inv(0) =

. , A
Vl _ Vl (1 + R2)= Vl vo (3_55)

RIR, R,\ R, R,
But, V;A,, is the final value of the output voltage. Thus, the slew rate is given by

_ V.(fina) _w,z,
R,Cc R,

S.R. V, (final) = 0, V, (final) (3-56)

As an example, take f, = 100 MHz and V, = 5V: According to Eq. (3-56), the
slew rate would be 3100 V/us.

A simplified schematic of the OPA603 current-feedback amplifier is shown
in Fig. 3-23. Here, instead of current mirrors, current sampling resistors are
used in the collectors of the input buffer. Over a range in voltage gain of 1-10,
this circuit exhibits a bandwidth of 100 MHz and a slew rate of 1000 V/ps.

3.3 Current-Differencing Amplifiers

A current-differencing amplifier (also referred to as a Norton amplifier) pro-
duces an output voltage that is proportional to the difference in the input
currents; this is in contrast to the voltage-feedback amplifiers discussed in
Section 3.1 wherein the output voltage of the amplifier is proportional to the
difference in the input voltages. These amplifiers can be readily operated from
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V.t o—o

- Vee
Figure 3-23 Simplified schematic of the OPA603 current-feedback amplifier.

lin o

Vo
+
lin
s -
Vo= fm( fin- iin)

Figure 3-24 Idealized model for a current-differencing amplifier.

a single supply and, as such, find application in industrial and automotive
control systems [5].

A model representation of the current-differencing amplifier is shown in Fig.
3-24. The output voltage is proportional to the difference in the input currents
(im — iy ) through the transresistance parameter r,,. At the input of the amplifier
is a current-differencing circuit, such as that illustrated in Fig. 3-25(a). This
circuit is essentially a current mirror in which the noninverting input current,
i, serves as the reference current, which is mirrored in the collector of Q,. The
output current is thus equal to the difference between im and i, .

The basic gain stage of the current-differencing amplifier derives from the
circuit depicted in Fig. 3-25(b), which consists of a common-emitter (Q;)—emit-
ter follower (Q,) cascade. The output current of the stage is approximately
— B, Baiin. Although this circuit can provide adequate gain, it requires a dc input
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i Vce
l'"_c. X .
— - fin Iy
—»
'm 02 . Q2
i —
q " ds —» g - ByByiy,
1 1
(a) (b)

Figure 3-25 (a) Current differencing. (b) Basic gain stage.

current that is equal to the maximum output current divided by = B?; the input
current could be several microamperes for a peak output current of tens of
milliamperes, for example. To further reduce the input current requirements,
an additional buffer is added to the gain stage. Figure 3-26 shows a schematic
of the complete current-differencing amplifier; the pnp emitter follower (Q,)
provides additional buffering for the gain stage. The small-signal output volt-
age is given by

Vo= B3 Al Rillr, (3-57)

where

Aiyy =iy — iy (3-58)

Qs

Qs

‘—
! Q3 +—o Vo
St -
01 -
—

Figure 3-26 Schematic of a current-differencing (Norton) amplifier (MC-3301 type).




3.3 Current-Differencing Amplifiers 181

Rj, is the small-signal resistance seen looking into the base of Q, and is given by

kT kT
Ru=r.+ s+ BsRy) = ———+R 3-59
4t Bs(ras + BsR) = Bs|— al, Bs(q(lz—ll) L) ( )
1,3 is the output resistance of transistor Q; and is determined from
Yoy = B“IV’“ (3-60)
1

EXAMPLE. Determine the open-loop gain of the amplifier in Fig. 3-26. The
circuit parameters are I; = 200 wA, I, = 1.2 mA, and R, =5 k(). The transistor
parameters are Vit =100V, B’ZPN =100, and BENP = 40. Assume room tempera-
ture. From Eq. (3-60),

40) (100V
y, = @OUA0V) 000
200 pA
Using the right-hand side of Eq. (3-59),
26 mV 26 mV
Ry = (40 + (100 +5000Q || = 20.1 M2
o )[o.zmA ( )(I.ZmA——O.ZmA ﬂ

Thus,
v, = (100) (20.1 MQI120MQ) Ai, =1 X 109Aiin

The transresistance is very large. In a closed-loop circuit, this large galn
forces the difference between i, and i;, to be quite small, analogous to vii= v
in a voltage-difference amplifier.

Inverting Amplifier

To illustrate an application of a current-differencing amplifier, consider the

inverting amplifier shown in Fig. 3-27. Note that, unlike a voltage-difference

amplifier, the noninverting input cannot be grounded; the potential at this input

is equal to Vy.. Summing the currents at the inverting input gives
Vin_V1+V,,—V| _

=i 3-61
R R, i (3-61)

and at the noninverting input
V2= — ii: R;= VI;E (3-62)

Noting that v, = Vg and that Vg = Vg = Vg, Egs. (3-61) and (3-62) combine
to give

R| R3 R]

11 R
1+ Rz( —)] Vg — —— Vi (3-63)
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Ry

Figure 3-27 Inverting amplifier using a current-differencing op-amp.

If we set the value of R; to be equal to R|lIR,, then the terms inside the square
brackets in Eq. (3-63) cancel, giving

R,

Z2y, 3-64
R, Vin (3-64)

Vo= —

A simplified schematic of the LM-3900 Norton op-amp is shown in Fig.
3-28. It differs from the circuit in Fig. 3-26 in that an additional pnp transistor
(Qe) is added to the gain stage. This transistor is normally off, but turns on
under large-signal excursions to provide additional current sinking capability
to improve the transient response (slew rate). Compensation is provided by

Vece

200 pA

Figure 3-28 Simplified schematic of the LM-3900 Norton op-amp.
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vi+0——— . +
— io=gn(vi- V)

Vi o0—nu

I bias ?

Figure 3-29 Idealized model for a transconductance amplifier.

capacitor C¢, which gives a single-pole response characteristic to the transresis-
tance parameter
o
r(jo)=——— (3-65)
o) 1+j(w/o,) '

similar to that of the current-feedback amplifier.

3.4 Transconductance Amplifiers

A transconductance amplifier (also referred to as an operational transconduc-
tance amplifier, OTA) produces an output current that is proportional to the
difference in input voltages; in this sense, the transconductance amplifier
operates as a voltage-controlled current source. In addition, the proportionality
between input voltage and output current is controlled by an external bias
current. These amplifiers can be used in a variety of applications, including
low-supply-voltage circuits [6] and active filter circuits [7].

A model representing the transconductance amplifier is shown in Fig. 3-29.
The output current is proportional to the difference in input voltages W =v)
through the transconductance parameter g,, which is controlled by an external
bias current, Iy;,;. A basic configuration for a transconductance amplifier is shown
in Fig. 3-30; superimposed on the circuit are the small-signal collector cur-
rents. At the input stage is a differential pair with current sources for loads.
The output stage consists of a complementary pair of current sources driven
by the input stage; the collector current in the differential-pair transistor Q,
provides the reference current for the pnp current source, Q,; and Qg, whereas
the collector current in the current-source transistor Q, provides the reference
current for the npr current source Q, and Q,o. At the output,

io = gm Vin (3'66)
where
qlyias
m = —— 3-67
8m= S (3-67)

The external bias current (I,,,5) is the reference current for the current source (Qs and
Q) biasing the differential pair, thus setting the value of the transconductance.
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- Vee

Figure 3-30 Basic configuration for a transconductance amplifier.

With reference to Fig. 3-30, some observations are worthy of note: (1) The

output node is a high-impedance point with

R,, = r(,gllr,,m (3-68)
Thus, for applications in which a large voltage gain is required, the external
load resistance, R;, must be large (some commercial transconductance ampli-
fiers have output buffers to maintain a high output impedance at this node).
(2) All the internal nodes are low-impedance points; they are connected to
base-emitter junctions. Thus, the frequency response of the amplifier is deter-
mined by the capacitance at the output node. Also, as a result, internal com-
pensation is usually not required.

A small-signal model representing the output of the transconductance am-
plifier is shown in Fig. 3-31. In the model, C, represents the output capacitance
of the amplifier itself and C; is any external load capacitance. From the circuit,
the small-signal voltage gain (v,/v;,) is given by

8m (Ro”RL) _ Avo
1 +joRJIR)(C,+C) 1+j(w/w,)
where the — 3-dB frequency is given by
1
w,=
(R,IIR) (C, + Cp)

A, (o) = (3-69)

(3-70)

The low-frequency gain is determined by
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gmvinCD Ro$ Co:ll_— RL$ L= :o

Figure 3-31 Small-signal model for the transconductance amplifier.

_ qlyias

= 3-71
Avo 2%T (ROHRL) ( )

and is set by the value of the external bias current. This feature finds appli-
cation in gain-controlled amplifiers. The unity-gain frequency is then given by

I ias
Wr = Avo w, = Em = K (3'72)
C,+C)) 2kT(C,+C))
If the transconductance amplifier is operated with negative feedback, the
closed-loop bandwidth is given by

AVO

A (CL) fo (3-73)

fo(CL)=
Because A,, is controlled by Iy, this makes the closed-loop bandwidth control-
lable by the external bias current; an application employing this feature is in
active filters in which the bandwidth is electrically controlled [8]. The gain-
bandwidth characteristics of the transconductance amplifier is illustrated in Fig.
3-32.

gain (dB)
A
Avo

Avo(CL) e

0dB N— log(f)

fo folCL) fr

Figure 3-32 Gain-bandwidth characteristics of the transconductance amplifier.
CL denotes the closed-loop behavior.
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- Vee

Figure 3-33 A simple circuit to externally control the bias current for the trans-
conductance amplifier.

A simple method to set the bias current with an external control voltage is
shown in Fig. 3-33. With this scheme, the bias current is determined by
_ Ve+ Vee — Ve
Thias = R,

B
Unfortunately, with this circuit, the bias current is dependent on the supply
voltage as well as V.. (which varies with the collector currents of Qs and Qg). It
will be left as a problem for the reader to design a bias control circuit to give
I as a function of V. only.

To increase the output resistance of the transconductance amplifier (R,) and
to reduce current source errors, Wilson or cascode current sources are some-
times used in practice. The LM-3080 operational transconductance amplifier,
illustrated in Fig. 3-34, utilizes Wilson current sources.

(3-74)

Linearization

Under open-loop operation, the input voltage (V;,) may not be small in com-
parison to the thermal voltage, kT/q. As a result, the transfer characteristic of
the amplifier will be nonlinear (due to the exponential relation between the
collector currents of the differential pair transistors and the input voltage). Two
techniques that can be used to improve linearity are (1) emitter degeneration
and (2) diode linearization.

Placing resistors (Rz) in each of the emitter legs of the differential-pair
transistors (see Fig. 3-11) increases the linear range of the input by approxi-
mately Iy, Rz volts. Doing so, however, reduces the gain of the amplifier to the
extent

8m

=& 375
1+g.R; (3-75)

Lo
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+VCC

- VCC

Figure 3-34 Simplified schematic of the LM-3080 operational transconductance
amplifier.

A more profitable approach is to place diodes at the inputs of the differential
pair, as illustrated in Fig. 3-35; here, the voltages across forward-biased diodes
D, and D, are used to counteract the exponential base-emitter characteristics of
transistors Q; and Q,. With reference to Fig. 3-35, the transistor pair currents are

1 bias . I bias

A e R G-70)

where the voltage at the base of Q, (V,) is

kT (I
w=vm—vm=——mt5) (3-77)
q I,

Neglecting the base currents in Q, and Q,, the diode currents are I, = (Ip — i) and
IDZ = (ID + l.r) Thus,

kT
V[, =—In
q

ID - is
3-78
b+¢) (3-78)
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21p

Figure 3-35 Diode linearization scheme for the input stage of a transconductance
amplifier.

Using Eq. (3-78) in Eq. (3-76), the transistor currents become

. Ibias(ll)“ is) . Ibias(ID+is)
=2 " d = 3-79
n 20 and b 20, (3-79)
The output current is
1 ias .
=iy =i = (3-80)
Ip

which is seen to be linear with respect to the input source current, i,.

This type of diode linearization is employed in many commercial trans-
conductance amplifiers; Figure 3-36 shows a simplified schematic of the
LM-13600 operational transconductance amplifier. With this amplifier, g, is
adjustable over six decades in bias current, ranging from 0.1 A to 1mA,
with good linearity. It has an open-loop bandwidth of 2MHz and a unity-
gain compensated slew rate of 50 V/us. An optional Darlington buffer is also
included.

Applications

Several applications utilizing transconductance amplifiers will now be illus-
trated: (1) Figure 3-37 illustrates a sample-and-hold circuit; during the sample
interval, the hold capacitor is charged to voltage Vi, + 2Vgg. During the hold
interval, the amplifier is cutoff and the output is equal to the value of the input
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Figure 3-36 Simplified schematic of the LM-13600 operational transconductance
amplifier.

sample
+Vgc P
- VCC
during sample + VcC
+ =Vin+2 Vg
Vin

oV,

j'm

-Vee

out=Vin

Figure 3-37 Application of a transconductance amplifier in a sample-and-hold
circuit.
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Ry

Figure 3-38 Analog multi circuit using a transconductance amplifier.

signal and the end of the previous sample interval. (2) Figure 3-38 shows an
analog multiplier circuit; the y input is used to control the bias current which
sets the gain of the transconductance amplifier in response to the x input. For
a Wilson current source (as in Fig. 3-36), the bias current is given as

‘/." + VCC - ZVBE

bias — Rrv (3'81)
which, combined at the output, gives
R,
V,= TR.R, [ViV, + V.(Vce — 2Vge)] (3-82)

Normally, one would modify the bias current control circuit to give I, directly
proportional to V, and thereby eliminate the V, offset in Eq. (3-82). 3) A
voltage-controlled low-pass filter is illustrated in Fig. 3-39; the 3-dB band-
width of the filter is given by

1 iasR
w,= ngl — 4% ! (3-83)
(Ri+R)C 2kT(R,+R)C
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—0 Vout

Ry RL

- - Vee

Figure 3-39 Voltage-controlled low-pass filter using a transconductance amplifier.

CMOS Transconductance Amplifier

Figure 3-40 illustrates a transconductance amplifier using CMOS transistors.
Like the bipolar counterpart, an external bias current sets the transconductance
of the differential-pair input stage, which is reflected in the output current: In
the circuit, i, is the reference current for the current source comprising transis-
tors M, and Mg; then, neglecting channel-length modulation and assuming that
all PMOS transistors are identical (and that all NMOS transistors are likewise
identical), is = i,. Likewise, i, is the reference current for the current source
comprising transistors M; and Ms; thus, is = i,. Also, is is the reference current
for the current source comprising transistors M, and M; thus, ig = is. The output
current is then

ia = i6 - ig = i2 - i] (3_84)

and is equal to the difference in currents in the differential pair M, and M,.
Thus,

ia = gm Vin (3'85)

where

G = P Cox (WIL)y Lo (3-86)

In practice, owing to the effects of channel-length modulation, the effective
transconductance of the amplifier will differ somewhat from that calculated by
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Figure 3-40 CMOS transconductance amplifier.

Eq. (3-86). Also of note: In the CMOS amplifier, the transconductance varies
as the square root of the bias current, compared to a linear variation in the
bipolar amplifier [see Eq. (3-67)]. The output resistance of the amplifier can
be increased by using cascode pairs for transistors Mg and Mjs [9].

Linearization

Figure 3-41 illustrates a scheme by which the linear range of a MOSFET
transconductance amplifier can be increased [10]. This technique utilizes two
transistors, M5 and M,, connected between the sources of the differential pair.
These transistors, operating in the triode region, act as voltage-controlled
source-degeneration resistances. With reference to the circuit: At node (a) we
have I, =1,+ I — I,, and at node (b) we have I, =1,— I;+ I,. For M; and M,
operating in the triode region, we have

1
I =, Co (W/L)* [(Vi — Vo= Vi) Voo — E ng} (3-87)

and

1
L=, Co (W/L)* [(0 Ve Vi) Vi =5 ViaJ (3-88)
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Vo
R

= 13{TM3

Figure 3-41 Linearization scheme for a MOSFET transconductance amplifier.

where the asterisk is used to denote the channel width/length ratio for the
linearization transistors M; and M, (which is different than that of the differen-
tial-pair transistors M; and M,). The node potentials are given by

21,
V.=V, = V1=V, Viy— | ————— 3-89
Gsi TH o C(WIL) (3-89)
and
21,
Vo= —Vgso= —Voy— | —————— 3-90
b GS2 TH |.Ln Céx (W/L) ( )

Defining the output current as I, — I, = 2 (I; — 1), and noting that V,, = — V,, we
find

g, WILWIL* | 2w, C , i
b= D+ awiny L Jh+ v G901

Substituting for I, and I, in terms of I,, I, and I,, and solving the resulting
quadratic equation, we obtain

o AW [2p.CL1, v 3-92)
b L4 AL N (WIL) !

(W/L)

which is linear in V. For a given bias current, I, there is a relation between
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the channel width/length ratios which optimizes the linear range; typically this
in a range (W/L) + (W/L)* of about 3-7.

Problems

For all problems assume room temperature, kT/q =26 mV.
Note: Where required, use the following device parameters unless otherwise
specified:

NPN: Br= 100 I;=2X10""A V=175V
PNP: Br=50 I,=5x10""A V,=75V
NMOS: W/L=10 ,Cs=30pA/V’ V=1V A=002V™"'
PMOS: W/IL=30 w,Ch=10pA/V? Vy= -1V  x=002V~'

3.1 Verify text Eqs (3-6) through (3-8) for the single-stage op-amp model
shown in Fig. 3-3.

3.2 For the folded-cascode differential amplifier stage shown in Fig. 3-42
determine:
(a) The low-frequency, small-signal voltage gain, vo./vin, for V;, near zero.
(b) The maximum and minimum values for V., You may assume
Ve =0.2 V.

+10V
Qg I
[ : Q,
Qg
I bias . 0 Vout
200 pA
Q

3ﬁ t C12
-10V

Figure 3-42 Folded-cascode differential amplifier for Problem 3.2.
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500 Q 500 Q

- 100 pA -

- -10V

Figure 3-43 Cascode differential amplifier for Problem 3.3.

(a) For the cascode differential amplifier stage shown in Fig. 3-43 deter-
mine the low-frequency small-signal voltage gain A,,. The diodes are fab-
ricated from NPN transistors.

(b) The frequency response of the circuit is dominated by the 10-pF load
capacitance. Determine the — 3-dB frequency for the amplifier stage.

(c) Use SPICE to simulate the circuit to check your results above. Spe-
cifically, (1) plot the dc transfer characteristic for Vi, ranging from —5mV
to +5mV, and (2) plot the small-signal voltage gain versus frequency
(log-log plot) for frequency ranging from 1Hz to 100 MHz.

For the two-stage voltage op-amp shown in Fig. 3-44, compensation can
be achieved either by placing C as a feedback capacitor across the second
gain stage (a) or as a shunt capacitance at the input of the second stage
(b). In either case, C dominates the response. For this problem, the current
sources can be assumed to be ideal and the output resistances of the
transistors can be neglected.

(a) Find the low-frequency voltage gain, A,, and, for the feedback compen-
sation connection, the slew rate, S.R., the unity-gain bandwidth, f7, and the
— 3-dB frequency, f,.

(b) For the shunt compensation connection, find S.R., fr, and f,.

Derive an expression for the low-frequency voltage gain, v,/vi,, for the
single-stage op-amp shown in Fig. 3-45. Express your result in terms of
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+Vee
14 50 pA 12<l>200 uA
Output Stage
q (a)| 20 pF . 'd
) 1 Qo 1 ' .
Vin 1 i X1 Vout
+ O % Cc !
1
! Qs |/ -!
, Qg 50 KQ
. (b) — n
3 SR Cc 10 KQ
- Vee

Figure 3-44 Op-amp circuit for Problem 34.

Vece
dﬁ)h I

[l S—
+ 07
D
1 Vo
D, AL
Qg
H[_M1
Qs Qg
Vee

Figure 3-45 Single-stage operational amplifier for Problem 3.5.

the Early voltages of the bipolar transistors and other parameters as
needed.

3.6 A two-stage BiCMOS operational amplifier is shown in Fig. 3-46.
(a) Determine an expression for the low-frequency, open-loop voltage gain
for V, near zero. Assume that both output transistors, Qs and Qs, are
conducting in this calculation.
(b) Calculate the voltage gain, taking I, = 100pA, I, =200pA, and
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Vss
Figure 3-46 BiCMOS op-amp for Problem 3.6.

R, = 1kQ. Diode D, is fashioned from an NPN transistor and diode D, is
fashioned from a PNP transistor.
(c) Determine the common-mode input range for the amplifier.

3.7 The high-speed buffer circuit of Fig. 3-47 is relatively insensitive to the
load current in R; due to the current absorbing capability of Q,, controlled
by feedback through Qs.

(a) Describe the operation of the circuit, showing that V, = V;,, and that this
result is maintained under a varying load current.

+10V
Io * 1mA
04 08
+ Q4 l‘zx
Vin Ovo
Q Q
= Q, 5 6 RL
| 0

2mA<Y>I1 1 mA I, Q, ‘EQQ

-0V

Figure 3-47 High-speed buffer circuit for Problem 3.7.
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Vee
Iy
Q3 ,
«Fo
1)
' oV
+ Q;y Q2 :'_o out
Vin
o @
Ve

Figure 3-48 Closed-loop buffer circuit for Problem 3.8.

(b) Simulate the circuit using SPICE for values of R, of 2k{}, 5k(}, and
20k}, to show V, versus V, for V;, ranging from — 10V to + 10V. Qg is
identical to the other NPN transistors except for its emitter area which is
twice the size.

(c) Show that the input offset voltage (for V,=0) is given by

kT IciIcs
Vo= |
® g n( 2Ic, )

Calculate Vs and compare with that determined from your simulation.

Figure 3-48 shows a closed-loop unity-gain buffer circuit in which the
feedback loop comprising Q, and Q; provides a low output resistance.
(a) Show that V,=V,, and R,=2/Brgm:-

(b) Show that the input offset voltage is given by

Voo kT n I+ L/Br
o8 I, — LIBr

(c) Calculate R, and Vs, given that I, = I, = 500 p.A.

(a) Calculate the low-frequency value of the transimpedance, z,, for the
current-feedback amplifier depicted in Fig. 3-19. Take I, = 1 mA, I;;,; = 2mA,
and assume a near short-circuit load at the output.

(b) The capacitance C. comprises primarily the base-collector junction
capacitance of transistors Q, though Q. If the capacitance of each transistor
is 0.05 pF, determine the open-loop, — 3-dB frequency, f,, for the ampli-
fier.

(c) Repeat (a) and (b) for a 5-k{) load at the output instead of a short
circuit; assume that V, is still near zero for this calculation.
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Lin 10 kQ

Figure 3-49 Norton gain stage for Problem 3.11.

For the inverting amplifier shown in Fig. 3-27 with a transresistance
parameter r (jo) given by Eq. (3-65), show that for R; = R||IR,, the closed-
loop voltage gain is given by

AV()
A(jo)=————
1+j(w/w,)
where A,,= — R,/R, and w, = R,/w,r,, assuming that r,>> R,.

(a) For the Norton amplifier gain stage in Fig. 3-49 show that the
small-signal output current is given by i,~ — [3,2: iin, Wwhere Q; and Q; are
identical transistors.

(b) Simulate the circuit using SPICE, showing I, versus I;,, for I;, ranging
from 2 to SpA. From the simulation, verify the result in (a). Take
Is=2X10""A and B, = 50.

3.12 In Fig. 3-50, a transconductance amplifier is used as an inverting ampli-

fier. Show that the small-signal voltage gain is given by

Vo 1—guR,
Vi 1+gnR
Ra
'A%
R4
+ : v
Vi ——0 Vo

— I biasf

Figure 3-50 Transconductance amplifier circuit for Problem 3.12.
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fo=iy- 1
——

current
mirror

D1 D, L
Qq

Ry RiRg

I bias R2=R1+RS

Figure 3-51 Diode-compensated transconductance amplifier circuit for Problem 3.13.

and that the output resistance is given by

313

3.14

3.15

R| +R2
1 +g,,,R|

o=

In the diode-compensated transconductance amplifier shown in Fig. 3-51,
show that

_ lbias VS
Ip Ry

lo

You may neglect base currents and assume that AV is small relative to V.

For the multiplier circuit using the diode-linearized transconductance
amplifier in Fig. 3-52, design a circuit that gives for the multiplier
V,=KV,V,, where K is a constant. Do not use op-amps in your part of
the circuit.

(a) Show that the open-loop, low-frequency voltage gain of the CMOS
transconductance amplifier in Fig. 3-40 is given by

2R, pon Cl (WIL)y Ly
2+ Lyas RL(AN + Ap)

AVO—_—

(b) Calculate A,, and the — 3-dB frequency for this amplifier operating at
a bias current of 100 wA and R, = 100k} if its unity-gain frequency is
50 MHz.

(c) Show that the optimum bias current which maximizes the voltage
gain is given by

2
I (OPY) = m
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I bias?

_ R4Rx

— "R 1+ Ry

' your circuit
Vy

Figure 3-52 Analog multiplier circuit for Problem 3-14.

3.16 Carry through the analysis using Egs. (3-87), (3-88), and (3-91) to obtain
Eq. (3-92) for the linearized MOSFET transconductance amplifier.
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Chapter 4

Feedback and Compensation of
Feedback Amplifiers

Feedback, whereby a portion of the signal at the output of a circuit is delib-
erately applied to its input, is used in many analog circuits. Negative feedback
is widely used in amplifier circuits to alter their behavioral characteristics.
Among them are: (1) a stabilization of the gain with respect to changes in
circuit element and device parameter values, variations in supply voltage and
temperature, (2) a reduction in distortion and noise effects, (3) an increased
bandwidth, and (4) an alteration of the amplifier’s input and output impedan-
ces.

Amplifiers employing negative feedback may produce self-oscillation if the
gain is sufficiently high and the feedback signal is in phase with the input at
some frequency; these amplifiers require compensation to stabilize them
against self-oscillation.

In this chapter, we examine negative feedback as it applies to amplifier
circuits and present a systematic classification and analysis procedure for
various feedback configurations. Stability considerations and methods for com-
pensation of feedback amplifiers are also discussed.

4.1 Basic Feedback Concepts

Figure 4-1 shows a block diagram of a general feedback amplifier system. The
basic amplifier is characterized by a forward gain a and the feedback network
is characterized by its reverse transmission f. The input x; and output x,, signals
may be voltages or currents. The signal is sampled at the output of the
amplifier and applied to the right-hand port of the feedback network. At the
left-hand port, the feedback signal fx, is mixed with the input signal, giving a
signal equal to x; — fx, at the input to the amplifier. The output is then

X, = a(x; — fx,) (4-1)

E. W. Greeneich, Analog Integrated Circuits 203
© Chapman & Hall 1997
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Xj- fxqo
input / basic amplifier output
forward gain (a) ;
input output
X mixing sampling Xo
network network
feedback network —o0
\ reverse transmission (f)

f xo

Figure 4-1 Block diagram of a general feedback amplifier system.

The overall gain of the amplifier with feedback is

X, a

X; - 1+af
The product of a and f represents the net gain in the signal traversing forward
through the amplifier and back through the feedback network; it is referred to
as the loop gain T ( = af) and thereby Eq. (4-2) can be expressed as

(4-2)

X, a

x T 0+T

(4-3)

Equation (4-3) is a fundamental relation for negative feedback which expresses
the closed-loop gain (with feedback applied) A in terms of the open-loop gain
of the amplifier (without feedback) a and the loop gain 7. The system gain is
thus reduced by a factor 1 + T. It is to be noted that if 7>> 1, then
1
A=Z=— (4-4)
T f
and is independent of the gain of the basic amplifier. Because the feedback
network is often composed of stable, passive elements, the closed-loop gain is
well controlled.

Gain Stabilization

In practice, the gain of the basic amplifier, a, is not well controlled; it is
influenced by variations in integrated-circuit processing, changes in transistor
device parameters, variations in operating bias, and variations in temperature.
Negative feedback reduces the sensitivity of the overall gain A to variations
in a. To see this, we differentiate Eq. (4-2), giving

aa 11
da (+af) Q+T)

(4-5)
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Thus, if a changes by an amount Aa, then A changes by an amount

AAz_A_‘_’_Z
a+7n

Expressed as a fractional change,

ﬂ: Aa - = 1 Aa (4-6)
A  A(Q+D 1+T a

As expressed by Eq. (4-6), the fractional change in the overall closed-loop gain
A is a factor of 1 + T smaller than the fractional change in a. As an example,
if the gain @ of an amplifier with T =49 changes by 10%, then the closed-loop
gain A changes by 10%/(1 + 49) = 0.2%.

Reduction in Distortion

Nonlinearities in the basic amplifier give rise to distortion in the output signal,
especially if the signals in the amplifier are relatively large in magnitude. Such
conditions are often encountered, for example, in the output stage of an
amplifier where the output voltage has a large swing. Negative feedback
applied to such an amplifier causes the distortion components of the output
signal (also referred to as distortion products) to be fed back into the input of
the amplifier where they subtract from themselves, resulting in a decrease in
the overall distortion. The following discussion will demonstrate this process.

Consider the feedback amplifier system depicted in Fig. 4-1. Let the input
to the basic amplifier be denoted x.; with feedback, this is equal to the
difference in the input signal x; and the feedback signal fx,. In this context, x.
is referred to as the error signal. Without feedback, the output of the amplifier
X, is equal to ax.. To see the reduction in distortion by feedback, it is simpler
to view the process in reverse [1]. Instead of viewing a pure input producing
a distorted output, we determine what predistortion is required at the input to
produce a pure undistorted output. In this case, we relate the input as a
function of the output, say in terms of a power series:

Xe = 04X, + 0 X5 + oy X, + o (4-7)

where a,, a,, as,... are constants. For a linear amplifier (no distortion), all
constants but o; would be zero. Normalizing with respect to the linear term,
we obtain

2 3
X, 03X,
270 4 370 o . (4-8)

ay &3]

Xe=o,|x,
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non-linear amplifier

+ — Vo
in
— linear
- feedback
network

Figure 4-2 Nonlinear amplifier with negative feedback.

The higher-order terms (x2, x, ...) are a measure of the distortion products in
the signal. With feedback applied, a signal — fx, is added to the input, giving

Xe=fr, tax, +orx, tasx, t o (4-9)
Again, normalizing with respect to the linear term,

2 3
oy X, a3 X,
o t+f o t+f

xe=(a; +)|x, + + - (4-10)

Noting that o; = 1/a, we have

(s 31 _ 1 _ 1
a,tf l+af 14T

(4-11)

Comparing Egs. (4-8) and (4-10), we see that the distortion terms with feed-
back are reduced by a factor of 1+ 7. In actuality, the nonlinear components
are reduced relative to the linear components.

To demonstrate the reduction in distortion with negative feedback, a non-
linear amplifier, depicted in Fig. 4-2, is simulated. The large-signal, voltage
transfer characteristic of the amplifier with and without feedback is shown in
Fig. 4-3; the improvement in linearity with feedback is evident. The price paid
is, of course, the lower closed-loop gain with feedback.

Increased Bandwidth

To illustrate the increase in the bandwidth of an amplifier operated with
negative feedback, consider the basic amplifier to have a single pole in its
transfer characteristic such that

a,

1+ (0/oy) @12

a(jo)=
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no feedback

1.0V

with feedback

-1.0V1

-2.0v T T T
-2.0v -1.0v o 1.0v 2.0v
av(3) =v(30)
VIN
Figure 4-3 Voltage transfer characteristic of a nonlinear amplifier with and with-

out negative feedback.

where o, is the frequency at which the open-loop gain of the basic amplifier
in down by 3 dB from the gain at low frequency a,. Further, assume that the
feedback network is purely resistive such that the feedback factor f is a
constant. From Eq. (4-2), the closed-loop gain is then

a(jo)y _  a(jo)

A(jo) = = 4-13
Vo) = Goyf 1+ () (@-13)
which, using Eq. (4-12), results in
a,
1+j(w/ o
Aljo) = Jj(o/oy) d _ a
a.f I+a,ftj(w/wo) . ®
+— (I+a,Hl1+j|———
1+j (w/w,) o, (1+a,f)
(4-14)
Noting that the low-frequency closed-loop gain, A,, is
a
A, = 2 4-15
1+a,f ( )
Eq. (4-14) can be expressed as
A,
A(jo) = (4-16)

1+j|——————
w, (1 +T,)
where T, = a,f and is the low-frequency loop gain.
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gain (log scale)

A

ag |

1]

open-loop 3dB

Ao .
with feedback

P o (log scale)

(l)o (1++o)mo \

Figure 4-4 Gain versus frequency for a feedback amplifier.

The closed-loop gain A (jw) also has a single-pole response; its frequency is
larger than that of the basic amplifier by a factor of 1 + T,. Feedback has thus
increased the — 3-dB bandwidth of the amplifier from w, to (1 +7T,)®,, as
illustrated in Fig. 4-4. This increase in bandwidth is accompanied by a decrease
in gain by the same factor (1 + T,).

4.2 Feedback Circuit Example

The simple circuit of Fig. 4-5 will serve as an example to illustrate the analysis
of a feedback amplifier. In this circuit, a single transistor is connected as a
common-emitter transresistance amplifier; it develops an output voltage V,, pro-
portional to an input current signal /,. Feedback is provided by resistor R which
samples the voltage at the output node and feeds a current that is proportional

Vee
feedback network RL
ST A
REg \

\
+—\N——4—0 Vo

input mixing node ' !

\ V \ output voltage sampling node
N

Is Rs Ve

Figure 4-5 Feedback amplifier circuit.
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Is Rs

RF

P |

VbeJ.— feedforward signal

(a) equivalent feedback network

Vee

RL
—o Vo
Is Rs hj;

R T T, | S
L L 5
- - : RF ? R
\
\ + !
' \
! Vo \
\ ) 1
. \
= = \
L N
(b) approximate feedback network

Figure 4-6 (a) Equivalent circuit represention of the feedback network for the
amplifier of Fig. 4-5. (b) Neglecting the feedforward signal in the feedback network.

to the output voltage back to the input where it is mixed with the input signal.
To see that this is negative feedback, consider that the output voltage increases:
An increase in V, results in an increase in the signal fed back to the base of the
transistor, resulting in an increased collector current; the increased collector
current results in a decrease in collector-to-emitter voltage, and hence a decrease
in V,

The feedback network may be replaced by the equivalent circuit shown in Fig.
4-6(a); this circuit produces the same feedforward and feedback signals as the
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Vee
RL

Vo

I*j RF
I s R I tb R F —
s \' L loading of feedback

- network at output
- - - - loading of feedback

feedback signal network at input

Itp= 1v
=g Vo

O 4+

. + <+ Ry
Rs itp RE ' S vy ImV1 Ry RE Vo
—t — o

(b)

iO
‘—
+ +
Rs ifp RF S vy ImV4 RL RE Vo
<4

(c)

Figure 4-7 (a) Representing the feedback signal as a current. (b) Small-signal
equivalent circuit of the feedback amplifier. (¢) Small-signal circuit for calculating
the output resistance.

original feedback network of Fig. 4-5. The signal fed forward through the
feedback network is normally much smaller than the signal fed forward through
the basic amplifier and can thus be neglected, resulting in the approximate
equivalent circuit of the feedback network shown in Fig. 4-6(b). In Fig. 4-7(a),
the feedback voltage source is replaced by its Norton equivalent, a current source
of value — V,/Ry in parallel with the resistance Ry; this current source, I, is
directed opposite to the input signal, I, to emphasize the negative feedback. In
this equivalent circuit, the feedback resistance Ry appears as a shunt at both the
input and output of the amplifier and represents the loading of the basic amplifier
by the feedback network.
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The closed-loop, small-signal gain, v, /i, is determined using the small-signal
equivalent circuit of the feedback amplifier shown in Fig. 4-7(b). At the output,

Vo = _ngI(RL”RF)z _ng]Rou (4_17)

where we have introduced the parameter R,,, which equals R;|IR; the reason for
using this parameter will become evident later. At the input,

vi =iy = iny (Rl IRAIr) = (is + —v”-)R.«(, (4-18)
R
On the right-hand side of Eq. (4-18) we have substituted for the feedback current
i, = — v,/Rp, and have introduced the parameter R,,, which equals Rsl!RF!l7... Substi-
tuting for v, from Eq. (4-18) into Eq. (4-17) yields
Vo - gm Rio Roo

—o = (4-19)
is 1 +ngiaRoo/RF

This is the closed-loop gain of the amplifier with feedback.
If the feedback signal is removed (i.e., make i, = 0), the gain of the amplifier
can be easily shown to be

22| = —guRyR,=a (4-20)

is in=0
In this context, a is the gain of the basic amplifier without feedback. Further, it
is profitable to define the feedback factor

1
= —— 4-21
f Re 2D
such that the feedback signal is
in=Fv, (4-22)

Using these parameters, Eq. (4-19) can be expressed in the form

Vo a

423
i, 1+af ( )

which is the fundamental feedback equation.
Input Resistance

With reference to Fig. 4-7(b), the input resistance of the amplifier with feedback
is

=V (4-24)
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where from Eq. (4-17)

Thus,

R, = — (4-25)

which, using Eq. (4-19), results in
R.= Ri0 . Rio _ Rio
" l+ngiaRao/RF 1+af 1+T

(4-26)

It is to be noted that if the feedback signal iy, is removed, the input resistance
would be

R; = RslIREIr. =Ry, (4-27)

in=0
The input resistance of this amplifier is thus reduced by a factor of 1 + T by the
feedback.

Output Resistance

The test circuit of Fig. 4-7(c) is used to calculate the output resistance of the
feedback amplifier. Formally,

R,=— (4-28)
Lo |ii=0

where in Fig. 4-7(c), v, is a test voltage source.
At the output,

Vo Vo Vo

i,= R, + R, +gnvi = R, + 8nVy (4-29)
At the input,
vi= —ip(RslIRHIr,) = —inRi, (4-30)
Now,
. — Vo
I = R,
SO
R,
v, = Vo
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which, upon substitution into Eq. (4-29), gives

R p— RDO — ROO — ROO
* 1+guRy,R,,/Ry 1+af 1+T

(4-31)
It is also noted that if the feedback is removed, the output resistance would be

R, =R./IR-=R,, (4-32)
in=0
The output resistance of this amplifier is thus reduced by a factor of 1+ T by
the feedback.

4.3 Feedback Configurations

In a feedback amplifier, the output signal, which may be either a voltage or a
current, is sampled and a feedback signal, again either a voltage or a current,
which is proportional to the output signal is mixed at the input of the amplifier.
Accordingly, four basic feedback configurations can be identified [2, 3]. These
are illustrated in Fig. 4-8.

In Figs. 4-8(a) and 4-8(b), the feedback network samples the output voltage;
these two amplifiers are said to have voltage feedback. In Figs. 4-8(c) and 4-8(d),
the feedback network samples the output current; these two amplifiers are said
to have current feedback. If the feedback signal is a voltage, it is combined in
series with the input signal (a voltage) at the input of the amplifier; this is
referred to as series mixing. If the feedback signal is a current, it is combined
in parallel with the input signal (a current) at the input of the amplifier, this is
referred to as shunt mixing.

In the feedback arrangement depicted in Fig. 4-8(a), the feedback network
produces a feedback voltage, vy, which is proportional to the output voltage and
is equal to fv,. The input to the basic amplifier (which in this case is a voltage
amplifier), v, is thus reduced by the feedback voltage. This feedback configur-
ation is called series voltage, referring to the fact that feedback signal is mixed
in series with the input and its value derives from the output voltage. Unfortu-
nately, this terminology is not universal; another commonly used term for this
configuration is series—shunt, referring to feedback network being in series with
the input and in shunt across the output.

In Fig. 4-8(b), the feedback network produces a feedback current, i, which is
proportional to the output voltage and is equal to fv,. The input to the basic
amplifier (in this case a transresistance amplifier), i;, is thus reduced by the
feedback current. This feedback configuration is called shunt voltage, referring
to the fact that the feedback signal is mixed in shunt with the input signal; the
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other terminology used for this configuration is shunt-shunt, referring to the
feedback network which shunts both the input and output.

In Fig. 4-8(c), the feedback network produces a feedback voltage, vy, which is
proportional to the output current and is equal to fi,. The input to the basic
amplifier (in this case a transconductance amplifier), v;, is thus reduced by the
feedback voltage. This feedback configuration is called series current, referring
to the fact that the feedback signal is mixed in series with the input signal; the
other terminology used for this configuration is series—series, referring to the
feedback network which is in series with both the input and output.

In Fig. 4-8(d), the feedback network produces a feedback current, in,, which is
proportional to the output current and is equal to fi,. The input to the basic
amplifier (in this case a current amplifier), i;, is thus reduced by the feedback
current. This feedback configuration is called shunt current, referring to the fact
that the feedback signal is mixed in shunt with the input signal; the other
terminology used for this configuration is shunt—series, referring to the feedback
network which shunts the input and is in series with the output. In the following
sections, each of these feedback configurations are discussed in detail.

Series Voltage

In the series voltage feedback configuration, repeated in Fig. 4-9(a), the output
voltage v, is sampled by the feedback network and a feedback voltage fv, is mixed
in series at the input. The effect of the feedback network on the amplifier can
be seen by the circuit transformation depicted in Fig. 4-9(b). As far as the
feedback network is concerned, it sees a current i, at its input and a voltage v, at
its output; it is appropriate, therefore, to represent the input side of the feedback
network by its Thevenin equivalent and the output side by its Norton equivalent.
The Thevenin equivalent at the input consists of resistance ry in series with the
open-circuit voltage v, ry is the equivalent resistance at the input port of the
feedback network, evaluated with v, set to zero (output short circuited), and v, is
the voltage at the input of the feedback network with i, set to zero (input open
circuited). v, is the feedback signal, equal to fv,. The Norton equivalent at the
output consists of resistance r, in parallel with the short-circuit current iy; 7, is the
equivalent resistance at the output port of the feedback network, evaluated with
I, set to zero (input open circuited), and i, is the current at the output of the
feedback network with v, set to zero (output short circuited). i is the feedforward
signal. Because the feedback network is passive, this feedforward signal is
usually much smaller than the signal fed forward through the basic amplifier; i
can thus be neglected, resulting in the approximate equivalent circuit for the
feedback network shown in the bottom panel of Fig. 4-9(b).

The basic voltage amplifier is represented by the equivalent circuit shown in
the upper portion of Fig. 4-10(a); here r,, represents the input resistance of the
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Figure 4-9 (a) Series voltage feedback amplifier. (b) Transformation of feedback
network.
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Figure 4-10 (a) Series voltage feedback configuration using an equivalent circuit
for the basic amplifier. (b) Circuit for calculating the output resistance.

basic voltage amplifier and r,, its output resistance. The feedback network is
replaced by its approximate equivalent circuit. From the circuit in Fig. 4-10(a)
we have for the input current

;= vi—fro  _ vi—f,
s

= = 4-33
Rs+r,‘a+rif Rio ( )

where
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Ro=Rs+r,+ry (4-34)

and represents the input resistance of the amplifier without feedback (f = 0).
At the output,

R/lIr R
Vo= —0d _avi=""a,v (4-35)
RLllr,,f+ Voa ¥ oa

where
Ry, =ryllrglIR; (4-36)

and represents the output resistance of the amplifier without feedback.
The input voltage to the basic amplifier v, is equal to i, r;,, which combined with
Egs. (4-33) and (4-35) yields

Roo Tia
v
Voa R io

(vs _fvo) (4'37)

Vo=

which gives for the voltage gain

a,ri Roo
R.
& — Toa Ko (4-38)
Vs a, riuRoo

|+ e p

Voa Rio
It is to be noted that if the feedback signal is removed,

Vo _ a,ri Rao

Vs f=0 Yoa Ria

fl

a (4-39)

In this context, a represents the gain of the amplifier without feedback. Equation
(4-38) can thus be expressed in terms of the fundamental feedback equation:

Yo_ & _ (4-40)

Input Resistance

With reference to Fig. 4-10(a), the input resistance of the amplifier with feed-
back is

Ri=— (4-41)

where, using Eqgs. (4-33) and (4-40),
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=l (9 v (4-42)
R,'(, 1 + af Rio
Thus,
R=(1+af)Ry=(1+T)R, (4-43)

The input resistance of the amplifier with series feedback is increased by a
factor 1 + T. The reason for this is that the feedback voltage fv, subtracts from
the input voltage v,, giving a smaller net input voltage to the amplifier and
thereby a smaller input current, i,.

Output Resistance

To determine the output resistance of the amplifier with feedback, we set the
input signal source, v,, to zero and apply a test source at the output; using a test
voltage v,, the circuit is shown in Fig. 4-10(b). The output current resulting from
the test voltage is

Vo  V,  Vo—a,v;

= oo Yoy Yo Vi 4-44
l RL Vor Yoa ( )
At the input,
Yia ria.fvo
= — = — 4-45
Y R5+r,~a+riffv Rio ( )

Substituting for v; in Eq. (4-44) gives

. 1 1 1 a, ",'af 1 ayrig
o= |7 + + + Vo= o
RL rof Yoa Yoa Rio Roo roaRm
a,ri, Roof Vo o
o= 14+ =220 ) 2 = (1 +
l ( VoalXio ) Roo ( af) Roo
(4-46)
Thus,
R
R =Yoo Ro _ R (4-47)

i, l1+af 1+T

The output resistance of the amplifier with voltage feedback is reduced by a
factor 1 + T. The physical reason why voltage sampling by the feedback network
lowers the output resistance can be seen by examining Fig. 4-10(b). Due to the
negative feedback signal, the dependent voltage source a,v; in the equivalent
amplifier circuit will be a negative voltage, giving an increased current in r,,,
thereby increasing the output current i, from what it would be without feedback;
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feedback network

Figure 4-11 Two-stage series voltage feedback amplifier.

the output resistance is thereby reduced. It should be remarked that this will be
the case regardless of how the feedback signal is mixed at the input; the shunt
voltage feedback configuration will also have a reduced output resistance.

Series Voltage Feedback Example

A simple two-stage amplifier employing series voltage feedback is shown in Fig.
4-11. In the circuit, the feedback network samples the output voltage, and a
feedback voltage, proportional to V,, is applied in series with the input. To see
this, envision that the output voltage is increasing: This increases the voltage at
the emitter of Q,, thereby lowering its base-emitter voltage; the resulting decrease
in the collector current of Q, increases the voltage at its collector and also thereby
the base-emitter voltage of Q,. Q, conducts more heavily, lowering the output
voltage.

The procedure for calculating the equivalent circuit of the feedback network
is illustrated in Fig. 4-12. As shown in Fig. 4-12(a), we open-circuit the input
side of the feedback network to calculate the feedback voltage

Rg
Vo=—-—>V, =1V, 4-48
" Rp+R; . (4-4%)
and the output resistance
r0f=R5+RF (4-49)

As shown in Fig. 4-12(b), we short-circuit the output side of the feedback
network to calculate the input resistance
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(b)

Figure 4-12 (a) Procedure for calculating feedback voltage and equivalent output
resistance of the feedback network. (b) Procedure for calculating the equivalent
input resistance of the feedback network.

The equivalent circuit of the feedback network (neglecting its feedforward
signal) is added to the basic amplifier, as shown in Fig. 4-13(a). Here, the
feedback voltage, vy, and the equivalent input resistance of the feedback network,
ry» appear in series with the base-emitter input circuit of the amplifier, and the
equivalent output resistance of the feedback network, r,, appears in parallel
(shunt) with the output of the amplifier. The equivalent circuit of the feedback
amplifier shown in Fig. 4-13(a) can be analyzed directly for the closed-loop
voltage gain and the input and output resistances. Alternately, the circuit could
be analyzed with the feedback signal removed, giving the open-loop gain, a, and
the input and output resistances, R;, and R,, respectively; the standard feedback
formulas can then be used to determine the closed-loop response. This later
procedure is usually simpler than a direct analysis of the circuit with the
feedback signal applied. The small-signal equivalent circuit of the feedback
amplifier with the feedback signal removed is shown in Fig. 4-13(b).

From Fig. 4-13(b),

LT

= Y
Re+rm + (BFI + 1) (RelIRp)

2 s 4-51)

SO

Bri (Reillraz) v
Rs+ rai + (Brp + 1) (RelIRp)

s (4-52)

V2= = gmVi(Rallr) = —
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Figure 4-13 (a) AC equivalent circuit of the series voltage feedback amplifier. (b)

Small-signal equivalent circuit without feedback.

where in the right-hand term of Eq. (4-52) we have used g, 7»; = Br . The output

voltage is
Vo= T 8mV2 [Rell(Rg + Rp)]
which, after combining with Eq. (4-52), yields

Yo —g= BriBrRci [Rall(Re + Rp)]
Vs lr=0 (rm+Rc)[Rs+rm + Bri + 1) (ReIIRE)]

where we have used g, r., = Bp.
The closed-loop gain with feedback is then

where

aRE

T=af= 2"k,

The input resistance without feedback [see Fig. 4-12(b)] is
R,=Rs+ra+ (BF! + ])(RE“RF)

(4-53)

(4-54)

(4-55)

(4-56)

(4-57)
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The input resistance with feedback is then
R=(1+T)R,=(Q+T)[Rs+ rp+ (Br + 1) (RellRp)] (4-58)
The output resistance without feedback [see Fig. 4-12(b)] is
R.,, = RalI(Rg + RF) (4-59)

The output resistance with feedback is then

+R
Roz Roo — RCZ”(RE F) (4-60)
1+T 1+T

Shunt Voltage

In the shunt voltage feedback configuration, repeated in Fig. 4-14(a), the output
voltage v, is sampled by the feedback network and a feedback current fv, is mixed
in parallel at the input. The effect of the feedback network on the amplifier is
illustrated in the circuit transformation depicted in Fig. 4-14(b). As far as the
feedback network is concerned, it sees a voltage v;, the voltage at the input to
the basic amplifier, at its input and a voltage v, at its output; it is appropriate,
therefore, to represent the input and output sides of the feedback network by
their Norton equivalents. The Norton equivalent at the input consists of resis-
tance r in parallel with the short-circuit current i; r; is the equivalent resistance
at the input port of the feedback, evaluated with v, set to zero (output short
circuited), and i is the current at the input of the feedback network with v, set
to zero (input short circuited). i is the feedback signal, equal to fv,. The Norton
equivalent at the output consists of resistance r,; in parallel with the short-circuit
feedforward current, which is neglected in comparison with the feedforward
signal through the basic amplifier. r, is the equivalent resistance at the output
port of the feedback network, evaluated with v; set to zero (input short circuited).
The resulting approximate equivalent circuit for the feedback network is shown
in the bottom panel of Fig. 4-14(b).

The basic transresistance amplifier is represented by the equivalent circuit
shown in the upper portion of Fig. 4-15(a); here, r;, represents the input resistance
of the basic transresistance amplifier and r,, its output resistance. The feedback
network is represented by its approximate equivalent circuit. From the circuit in
Fig. 4-15(a), the output voltage is

rorl IRy

R
Vo=—L 2t = (4-61)
roa+r0fHRL Voa

where

R, =r,llr, IR, (4-62)
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Figure 4-14 (a) Shunt voltage feedback amplifier. (b) Transformation of feedback
network.

and represents the output resistance of the amplifier without feedback (f= 0).
At the input,

Vi = (i, = fv,) (Rgllryllry) = (i, — fvo) Ry, (4-63)
where
R, = Rllryllr, (4-64)

and represents the input resistance of the amplifier without feedback.
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equivalent amplifier circuit
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Figure 4-15 (a) Shunt voltage feedback configuration using an equivalent circuit
for the basic amplifier. (b) Circuit for calculating the output resistance.

The input current to the basic amplifier i; is equal to v,/r;,, which, combined
with Eqgs. (4-61) and (4-63), yields

Roo Rio .
Vo= T (ls _.fvo) (4-65)
Voa Vig
which gives for the gain
Vm Rio Roo
Yo Fulw (4-66)
is Im Ria Rao
| e
Yig Voq

It is to be noted that for this amplifier the feedback factor f has units of
amps /volt. Further, it is noted that if the feedback signal is removed,

Vo _ I'm Rio Roo

a (4-67)

s f=0 Via¥oa
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In this context, a (which has units of volts/amp) represents the gain of the
amplifier without feedback. Thus, Eq. (4-66) can be expressed in terms of the
fundamental feedback equation

Yo 2 __18 (4-68)
is, l1+af 14T
Input Resistance
With reference to Fig. 4-15(a), the input resistance with feedback is
Ri=-" (4-69)
s
where, using Eqgs. (4-63) and (4-68),
af
i= ‘x - o Ri{) = 1 - 'xRio 4_70
A o
Thus,
R, R,
R=—1o = _"b® 4-71)
l+af 14T

The input resistance with shunt feedback is reduced by a factor 1+ T. The
reason for this reduction can be seen by examining Fig. 4-15(a): To maintain
the same output with feedback, the input current i, has to be increased because
the feedback current fv, subtracts from the input current to the amplifier i;.

Output Resistance

The test circuit shown in Fig. 4-15(b) is used to calculate the output resistance
of the shunt voltage feedback amplifier. The output current resulting from the
test voltage is

Vo Vo Vo — rmii Vo Imli

0= + +—_—= - 4-72
l R L r of Foa R 00 Yoa ( )
At the input,
Rqlir; R,
i= __ By = ——=f, (4-73)
Rllry+ry, rig

Substituting into Eq. (4-72) gives

v rm R, v afv
o m o — 4 + 4 4_74
Roa Yoa Tia ﬁ’” Roo Roa ( )

i,=



4.3 Feedback Configurations 227

Q,

_________

' ]

\ )

\ Re iﬁ E

| Ny
feedback network

o Vg

Figure 4-16 Shunt voltage feedback amplifier.

where in the last term we have used Eq. (4-67). The output resistance is then
R,=—=—7FT—=7"7% (4-75)
Voltage feedback reduces the output resistance by a factor of 1+ T.

Shunt Voltage Feedback Example.

Figure 4-16 illustrates a shunt voltage feedback amplifier employing a common-
emitter gain stage followed by an emitter follower output stage. In the circuit,
the feedback network samples the output voltage and a feedback current, pro-
portional to V,, is applied in shunt with the input. To show that this circuit
constitutes negative feedback, visualize the output voltage increasing: An in-
crease in V, increases the current flowing through the feedback resistance Ry to
the input node; this increases the base current of Q,, causing it to conduct more
heavily, lowering the voltage at its collector. The output voltage of the emitter
follower transistor Q, follows this drop in voltage.

The procedure for calculating the equivalent circuit of the feedback network
is illustrated in Fig. 4-17. As shown in Fig. 4-17(a), we short-circuit the input
side of the feedback network to calculate the feedback current

Ip= — £ =fV, (4-76)
R

and the output resistance

ror=Rp @77
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Figure 4-17 (a) Procedure for calculating feedback current and equivalent output
resistance of the feedback network. (b) Procedure for calculating the equivalent
input resistance of the feedback network.

As shown in Fig. 4-17(b), we short-circuit the output side of the feedback to
calculate the input resistance

ri=Rp (4-78)

The equivalent circuit of the feedback network (neglecting its feedforward
signal) is added to the basic amplifier, as shown in Fig. 4-18(a). Here, the
feedback current, i, and the equivalent input resistance of the feedback network,
1y appear in parallel (shunt) with the input of the amplifier, and the equivalent
output resistance of the feedback network appears in parallel (shunt) with the
output of the amplifier.

The small-signal equivalent circuit of the amplifier without feedback (f=0)
is shown in Fig. 4-18(b); we use this circuit to calculate the open-loop par-
ameters, a, R,,, and R,,, of the feedback amplifier. Summing the currents at the
output node gives

va Brmt1 v,
1% &m2V2 r=2 : RF”RE

(4-79)

where in the second term we have used g, 7+ = Br- Summing the currents at
the collector of Q, gives

+
g+ 2 Yoy 2 g (4-80)

Rc rm2
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Figure 4-18 (a) AC equivalent circuit of the shunt voltage feedback amplifier. (b)
Small-signal equivalent circuit without feedback.

which, solved for v, and substituted into Eq. (4-79), yields

y = — gmRc(Br+ 1) (RFlIRE) v 4.81)
Br+ DRAIR) + Ret+ 1

At the input node,

=Yl 4L (4-82)
RS”RF 12

which, solved for v, and substituted into Eq. (4-81), gives for the open-loop gain

Yo —q= — Bri(Br+ 1) Rc(RslIRF) (RFIIRE) (4-83)
Is |r=o (RsIRg + 1) [(Brz + 1) (REIIRE) + Re + 12

where we have used g, 7z = Bri.
The closed-loop gain with feedback is then

e = (4-84)
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where

T=ﬁ=—£§ (4-85)

The input resistance without feedback [see Fig. 4-18(b)] is

IIR
o= (RlIRp) rm (4-86)
Rsl IRF + 12
The input resistance with feedback is then
(R$IRF) 7oy
Ri RylIR+ 1y
R = =S 2F T (4-87)
1+T 1+T

The output resistance without feedback [see Fig. 4-18(b)] is calculated by
reflecting R + r,, into the emitter circuit of Q, and combining in parallel with
the resistance, RlIR;. This gives

(RFIRg) (Re + ran)

Koo = Bt DRARY + R+ 12y @9
The output resistance with feedback is then
(RelIRg) (Rc + rma)
) Ry _ B+ DRAIR)+Rctrm (4-89)

Y 1+7
Series Current

In the series current feedback configuration, repeated in Fig. 4-19(a), the
output current i, is sampled by the feedback network and a feedback voltage
fi, is mixed in series at the input. The effect of the feedback network on the
amplifier can be seen by the circuit transformation depicted in Fig. 4-19(b).
As far as the feedback network is concerned, it sees a current i, at its input
and a current i, at its output; it is appropriate, therefore, to represent both the
input side and the output side of the feedback network by its Thevenin
equivalent. The Thevenin equivalent at the input consists of resistance ry in
series with the open-circuit voltage v,; r; is the equivalent resistance at the input
port of the feedback network, evaluated with i, set to zero (output open
circuited), and v, is the voltage at the input of the feedback network with i set
to zero (input open circuited). v, is the feedback signal, equal to fi,. The
Thevenin equivalent at the output consists of resistance r, in series with the
open-circuit feedforward voltage, which is neglected in comparison with the
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Figure 4-19 (a) Series current feedback amplifier. (b) Transformation of feedback
network.

feedforward signal through the basic amplifier. r, is the equivalent resistance
at the output port of the feedback network, evaluated with i; set to zero (input
open circuited). The resulting approximate equivalent circuit for the feedback
network is shown in the bottom panel of Fig. 4-19(b).

The basic transconductance amplifier is represented by the equivalent circuit
shown in the upper portion of Fig. 4-20(a); here, r;, represents the input
resistance of the basic transconductance amplifier and r,, its output resistance.
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Figure 4-20 (a) Series current feedback configuration using an equivalent circuit
for the basic amplifier. (b) Circuit for calculating the output resistance.

The feedback network is represented by its approximate equivalent circuit.
From the circuit in Fig. 4-20(a), the output current is

r, r,
P L —" S LR 4-90
! r,,a+rof+RLg R(,og ( )
where
R00=roa+raf+RL (4'91)

and represents the output resistance of the amplifier without feedback (f = 0).
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At the input,

= Yl Vi fe (4-92)
Rs+ r,~a+ ri Ria
where
R,'0=R3+r,-a+r,‘f (4'93)

and represents the input resistance of the amplifier without feedback.
The input voltage to the basic amplifier v; is equal to i, r;,, which, substituted
into Eq. (4-90) and combined with Eq. (4-92), yields the gain

Em¥ialoa
] R, R,
lo o BBl (4-94)
Vs gmriaroa
|+ EnliaTo
RiaRao f

It is noted that for this amplifier the feedback factor f has units of volts /amp.
If the feedback signal is removed,
io _ gm r ia r, oa

vs f=0 RiaRao

a (4-95)

Here, a (which has units of amps/volt) represents the gain of the amplifier
without feedback. Thus, Eq. (4-94) can be expressed in terms of the funda-
mental feedback equation

b3 _ (4-96)

Input Resistance

With reference to Fig. 4-20(a), the input resistance of the amplifier with
feedback is

Ri=-* (4-97)

where, using Eqgs. (4-92) and (4-96),

=t (& ) (4-98)
Rio 1 + af Rio
Thus,
Ri=(l+af)R,=(1+T)R, (4-99)

As expected, the input resistance of the amplifier is increased by the series
feedback.
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Output Resistance

In the series current feedback amplifier, the output signal is a current (i,). The
output resistance is determined by breaking the series output circuit and ap-
plying a test current as shown in Fig. 4-20(b). The output voltage resulting
from the test current is

Vo= iR+ Iy = 8mV) Foa T ioTof = 16Roo = EmToa Vi (4-100)
At the input,
v, = ———La——ﬁoz - Fiafle (4-101)
RS + Via + ri Rio

Substituting for v; into Eq. (4-100) gives

gnliaflo _ i p (14 af) (4-102)

vO = io RDU +

io

Thus,

R,=22=(1+af)Rw=(1+T)R,, (4-103)
4

o

The output resistance of the amplifier with current feedback is increased by
a factor 1+ T. The reason why current sampling by the feedback network
raises the output resistance can be seen by examining Fig. 4-20(b). Due to the
negative feedback signal, the dependent current source g,V; in the amplifier
circuit will be a negative current, giving an increased current in r,, thereby
increasing the output voltage v, from what it would be without feedback; the
output resistance is thereby increased. This will be the case regardless of how
the feedback signal is mixed at the input; the shunt current feedback configur-
ation will also have an increased output resistance.

Series Current Feedback Example

A series triple amplifier employing series current feedback is shown in Fig.
4-21. This circuit is useful as a wideband amplifier [4]; the MC 1553 integ-
rated analog amplifier is based on this circuit configuration. In the circuit of
Fig. 4-21, the feedback network samples the emitter current of Q;, which is
equal to I,/ap, and is thus proportional to the output current. The voltage
developed across Ry, is sampled by the voltage divider comprising Ry, and Ry,
producing the feedback voltage across Rp; this feedback voltage is in series with
the base-emitter input circuit of Q,.
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feedback network

Figure 4-21 Series current feedback triple.

The procedure for calculating the equivalent circuit of the feedback network
is illustrated in Fig. 4-22. As shown in Fig. 4-22(a), we open-circuit the input
side of the feedback network to calculate the feedback voltage. The voltage
developed across Ry is

_ Ra+RpRy I,

Vie, = 4-104
RE2 R51 +RF+RE2 Op3 ( )

Thus,

R
=—2 _y,= Re Rex 1=/, (4-105)
Rg + Rr oap (Re + Re+ Rpy)

Vi

(b)

Figure 4-22  (a) Procedure for calculating the feedback voltage and the equivalent
output resistance of the feedback network. (b) Procedure for calculating the equiv-
alent input resistance of the feedback network.
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The output resistance of the feedback network is
Tor = Rpll(Rp + Rgy) (4-106)

As shown in Fig. 4-22(b), we open-circuit the output side of the feedback
network to calculate the input resistance

ry=Rgll(Rr+ Rg) (4-107)

The equivalent circuit of the feedback network (neglecting its feedforward
signal) is added to the basic amplifier, as shown in Fig. 4-23(a). Here, the
feedback voltage, vy, and the equivalent input resistance of the feedback net-
work, ry, appear in series with the base-emitter input circuit of the amplifier,
and the equivalent output resistance of the feedback network, r,, appears in
series with the output circuit of the amplifier.

The small-signal equivalent circuit of the amplifier without feedback (f = 0)
is shown in Fig. 4-23(b); we use this circuit to calculate the open-loop gain,
a. In analyzing this circuit, we will make use of the results for the series
voltage feedback example of Fig. 4-13. Here, the first two stages of Fig. 4-23
correspond to the series voltage circuit in which RgIIRr in Fig. 4-13 corresponds
to Rg I(Rr + Rg,) in Fig. 4-23 and R&!I(RE + Ry) in Fig. 4-13 corresponds to
RelIR.g3 in Fig. 4-23 where R.; represents the input resistance of the third
stage (Qs), given by

Reg3=rmz+ (Br+ D [Rel(Rr + Rep)] (4-108)
Making these substitutions into Eq. (4-54) results in
Vo2 BriBrRc (RCZHRqu)

— = (4-109)
Vs (rm +RC|)(RS+Rqu)
where
Ry =ra+ Brnt+ DIRal(Rr+ Re)] (4-110)
From Fig. 4-23(b),
iozgm3V3 (4'111)
where
vy = i Vor =y 4-112)
Ta3+ (BFB + 1) [Re!l(Rr + REy)] Req3
Substituting for v,, from Eq. (4-105) then gives
L2 BriBrBrRaRa @13
Vs f=0 (RC2+Req3)(r112+RCI)(RS+Reql)

where we have used g,37.3 = Brs.
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The closed-loop gain with feedback is then

h__a __a_ @114
ve 1+af 14T
where
Rei R
T=af= e tn (4-115)

ap3(Rg + R+ Rpy)

Typically, the open-loop gain for the series current triple is very large (a
numerical example follows). The loop gain T will, therefore, usually be much
larger than unity, giving

l l _aF3(REl+RF+RE2)

— = (4-116)
Vs f Re Re,

The gain is thus set principally by the resistance values of the feedback
network.

EXAMPLE. Determine a, 7, the closed-loop gain i,/v,, and R; for the series
current triple amplifier of Fig. 4-21. The circuit elements are Rs= 600(),
=5k, Re, =3k, Rz =200Q, R, = 100€), and Ry = 1 k(). The bias collector
currents are I =500pA, Io=1mA, and Is=2mA. In addition,
Bri = Br = Br = 100. Take room temperature.
These bias currents give r,; = 5.2k(}, r,, = 2.6k(), and r,; = 1.3k(. Using Egs.
(4-110) and (4-108),

Req =5.2kQ + (101) [0.2kQN(1 kQ + 0.1kQ)] = 5.37k()
and
Reg3 = 1.3k} + (101) [0.1 kQI(1 kQ + 0.2kQ)] = 1.39 k()
From Eq. (4-113),

(100) (100) (100) (5 k) (3kQ)

=29,025mA/V
(lOkQ+l39kQ)(26kQ+5kQ)(06kQ+537kﬂ) m

Using Eq. (4-105), the feedback factor is

(0.2k€) (0.1 Q)
= =0.0155 V/mA
S =099 02k + Tk + 01K m

Thus, the loop gain is

T=(29,025mA /V)(0.0155 V/mA) = 450
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which indeed is much larger than unity. Hence, the closed-loop gain is
bl sasmArv
Vs
For the input resistance
R, =Rs+ R.y; =0.6kQ + 5.37kQ) =597k}
Thus,
Ri=(1+T)R,=(451)(5.97kQ) =2.69 M

which is large.
Shunt Current

In the shunt current feedback configuration, repeated in Fig. 4-24(a), the
output current i, is sampled by the feedback network and a feedback current fi,
is mixed in parallel at the input. The effect of the feedback network on the
amplifier can be seen by the circuit transformation depicted in Fig. 4-24(b).
As far as the feedback network is concerned, it sees a voltage v;, the voltage
at the input to the basic amplifier, at its input and a current i, at its output; it
is appropriate, therefore, to represent the input side of the feedback network
by its Norton equivalent and the output side of the feedback network by its
Thevenin equivalent. The Norton equivalent at the input consists of resistance
tir in parallel with the short-circuit current iy; r; is the equivalent resistance at
the input port of the feedback network, evaluated with i, set to zero (output
open circuited), and i, is the current at the input of the feedback network with
v; set to zero (input short circuited). i, is the feedback signal, equal to fi,. The
Thevenin equivalent at the output consists of resistance r, in series with the
open-circuit feedforward voltage, which is neglected in comparison with the
feedforward signal through the basic amplifier. r,; is the equivalent resistance
at the output port of the feedback network, evaluated with v, set to zero (input
short circuited). The resulting approximate equivalent circuit for the feedback
network is shown in the bottom panel of Fig. 4-24(b).

The basic current amplifier is represented by the equivalent circuit shown
in the upper portion of Fig. 4-25(a); here, r;, represents the input resistance of
the basic current amplifier and r,, its output resistance. The feedback network
is represented by its approximate equivalent circuit. From the circuit in Fig.
4-25(a), the output current is

roa roa

io=———*a,-i,-=
roa+r0f+RL Roo

a;i; 4-117)
where
Roy=ro+ry+t Ry (4-118)

and represents the output resistance of the amplifier without feedback (f = 0).
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Figure 4-24 (a) Shunt current feedback amplifier. (b) Transformation of feedback
network.

Summing the currents at the input gives

v; vi v V;
j,=—+ —+ "+ fi,=——+fi, 4-119
=Rt . fi R. fi ( )

where

Ris = Rsllrillry (4-120)

and represents the input resistance of the amplifier without feedback.
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equivalent amplifier circuit

Ri —»
- |
: +
is Rs Vi
]
' -
1
(a)
ij RL
—>
+
RsS it fig Tia ajij Moa Vo io
(b) " of

Figure 4-25 (a) Shunt current feedback configuration using an equivalent circuit
for the basic amplifier. (b) Circuit for calculating the output resistance.

The input current to the basic amplifier is equal to v;/r,,, which, substituted
into Eq. (4-117) and combined with Eq. (4-119), gives the gain

A;Tyy Rio
i(} Via R(m
T 4-121)
l A;Toq KX,
B I e Y
Via R(m

It is noted that for this amplifier the feedback factor f has units of amps/amp.
If the feedback signal is removed,

'o it oa Rio
Lol zg=fifule 4-122)
lS f=0 ria R(m

Here, a (which has units of amps/amp) represents the gain of the amplifier
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without feedback. Thus, Eq. (4-121) can be expressed in terms of the funda-
mental feedback equation

b _ 2 (4-123)

Input Resistance

With reference to Fig. 4-25(a), the input resistance of the amplifier with
feedback is

R=— (4-124)
i
where, using Eqgs. (4-119) and (4-123),
V= (l.\‘ _ﬁo) Rio = (1 - 1 ifaf) isRio (4'125)
Thus,
= Re__ R (4-126)
l+af 1+T

The input resistance with shunt feedback is reduced by a factor 1 + T.
Output Resistance

The output resistance is determined by breaking the series output circuit and
applying a test current as shown in Fig. 4-25(b). The output voltage resulting
from the test current is

Vo = ia RL + (io —a; lt) Toa + ia r0f= iaRoa T QiToqa ii (4_127)
At the input,
i Ria o
= — RS”rlf ﬁo: _ ﬁ (4-128)
Rs'lr,f+ Via lia

Substituting for i; into Eq. (4-127) gives

i Rio o
vo=i Ry + e Refle o (1t ap) (4-129)
ria
Thus,
R,=22=(+af)R,,=(1+T)R,, (4-130)
1

o

The output resistance of the amplifier with current feedback is increased by
a factor 1 +T.
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feedback network —-

Figure 4-26 Shunt current feedback example.

Shunt Current Feedback Example

Figure 4-26 illustrates a shunt current feedback amplifier employing two com-
mon-emitter gain stages. In the circuit, the feedback network samples the
output current and a feedback current, proportional to I,, is applied in shunt
with the input. To show that this circuit constitutes negative feedback, visual-
ize the output current increasing: An increase in I, increases the voltage across
Ry which increases the current flowing through the feedback resistance Ry to the
input node; this increases the base current of Q,, causing it to conduct more
heavily, lowering the voltage at its collector. Q, conducts less, lowering its
collector current /,.

The procedure for calculating the equivalent circuit of the feedback network
is illustrated in Fig. 4-27. As shown in Fig. 4-27(a), we short-circuit the input
side of the feedback network to calculate the feedback current

Ry 1
I P p— 0 = ° 4'131
ﬂJ RF + RE (852] ﬂ ( )
and the output resistance
7o = RpllRg (4-132)

As shown in Fig. 4-27(b), we open-circuit the output side of the feedback to
calculate the input resistance
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' Rg
Ifb R lf"'n‘>
shorJ
(a) (b)

Figure 4-27 (a) Procedure for calculating feedback current and equivalent output
resistance of the feedback network. (b) Procedure for calculating the equivalent
input resistance of the feedback network.

The equivalent circuit of the feedback network (neglecting its feedforward
signal) is added to the basic amplifier, as shown in Fig. 4-28(a). Here, the
feedback current, i, and the equivalent input resistance of the feedback net-
work, ry, appear in parallel (shunt) with the input of the amplifier and the
equivalent output resistance of the feedback network appears in series with the
output circuit of the amplifier.

The small-signal equivalent circuit of the amplifier without feedback (f = 0)
is shown in Fig. 4-28(b). It is left as an exercise to show that the open-loop
gain is given by

o _ Bri BrRc[RsI(RF + Rp)]

- =a=

is =0 [rmi + RsRF + RR[Rc + roa + (Br2 + 1) (RelIRE)]
(4-134)

4.4 Dual-Loop Feedback

Amplifiers may simultaneously employ both shunt and series feedback; such
amplifiers are termed dual-loop feedback amplifiers in that two separate feed-
back paths exist. Dual-loop feedback allows a more independent control of the
amplifier’s closed-loop input and output impedances; this is useful, for
example, if the amplifier is to interface with specified source and load imped-
ances [5].
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shunt voltage
feedback network
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amplifier +

series current
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shunt current
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+ amplifier +
Vs ) R L$ Vo
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feedback network

(b)

Figure 4-29 (a) Series current-shunt voltage dual-loop feedback amplifier. (b)
Series voltage—shunt current dual-loop feedback amplifier.

Figure 4-29 illustrates the two possible global dual-loop configurations em-
ploying shunt and series feedback. In Fig. 4-29(a), a series current—shunt
voltage feedback amplifier is depicted, and in Fig. 4-29(b), a series volt-
age—shunt current feedback amplifier is shown. Each of these will be consider-
ed in the sections that follow.
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shunt voltage feedback network
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Figure 4-30 Dual-loop series current-shunt voltage feedback using an equivalent
circuit for the basic amplifier.

Series Curreni—-Shunt Voltage

Figure 4-30 shows a dual-loop series current and shunt voltage feedback
amplifier using a transconductance equivalent circuit model for the basic
amplifier. Any of the four equivalent circuit representations for the basic
amplifier could be used; the transconductance model is a convenient and
familiar form. Parameters representing the equivalent circuit of the series
current feedback network are denoted with the subscript ¢ (for current) and
those representing the shunt voltage feedback network are denoted with the
subscript v (for voltage). We analyze this circuit for the closed-loop voltage
gain, v, /v,

At the output, the voltage across the output resistance of the amplifier r,, is

_ 8mViloa [rac+ (rgfvllRL)]

roa — — &mVi oa“ ()b+ o”R = 4—135
v EmViToal[ror T (rop! IR] ro 1+ (rplIRD) ( )
The output voltage, using the voltage—divider relation, is
JIR
Vo Lo - roa (4_ 1 36)

=V
(r(,fv| IRL + r(,fc)
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Then, using Eq. (4-135),

v, = — 8mViloa (raﬁllRL) (4_137)
Poa t Fope + (FoplIRL)

which can be manipulated into the following form:

— gm Y oa (Rm)”RL) v, (4-138)

o

¥ oa + roﬁ'

where

rafv (rzm + rofc)

(4-139)
r0fv+ r(m+ Vofe

Roo = rafvl I(rou + rofc) =
and represents the output resistance of the amplifier without feedback and
excluding the external load, R;.

Summing the currents at the input gives
Vs = Vin _ Vi Vin _ft io

+fov, o dee 4-140
Rs Yip ﬁv ria+ric ( )

where, from the output,

_ Vo Fore T Ry

v, (4-141)

Lo

- r,,ﬁ,IIRL h r,,vaL
and upon substitution into Eq. (4-140) gives

R, RsR,, (rafv +R)f.
= vS_ fi‘+
R;+R,, R;+ R,

(4-142)

Vin 0
Yop Ri(riy, + rifc)

where

r; (ra + r c)
Ri=rpll(ry + ryp) = 22— (4-143)
rip + Fia + Vit
and represents the input resistance of the amplifier without feedback, excluding
the source resistance, R,. Applying the voltage-divider relation at the input
gives

Yia

ri, t

ia

(ron + R fe
rovaL

21}
ror | Ry

(4-145)

. r-
(vin —ﬁ lo) = -

T'iee Tig + Iige

v, =

Vin +

vo} (4-144)

which, after using Eq. (4-142), yields

ia Ria R
v, = i vo— |Refi—[1+ =
(ria + rifc’) (RS + Rio) rifV
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Substituting Eq. (4-145) into Eq. (4-138) then gives

8m¥iaVoa xo(Roo“RL) VA_I:Rst_(l'F'—S)(l_i__L)f }vo]
r,'f‘, rafv RL

YT T it 1) (Fou + 1) (Rs + Ro)
(4-146)
Equation (4-146) is in the form
v, = av, — afv, (4-147)
where
a= — gmriaroaRiaRaoRL (4—]48)
(ria + rifc) (rou + rofc) (RS + Rio) (Roa + RL)
and
R R .
f=Rsf,— 1+—i)(1+ L)f (4-149)
Tipy o] Re
The closed-loop gain is then
2 (4-150)
v, 1+af

Here, f represents the net feedback factor combining both the series and shunt
feedback paths. If the loop gain, af, is much greater than unity, the closed-loop
gain is approximately

L~ = (4-151)

Input Resistance

To calculate the input resistance, excluding the source resistance, we place a
test source at the input of the feedback amplifier, as indicated in Fig. 4-31
(a). The input current resulting from the test voltage is

Vin Vin _fc Iy

iin = +fv Vo + (4'152)
Yipy tia + Tife
which, after substituting for i, from Eq. (4-141), yields
R'o R c
iinRiozvin+ Riafv+ 1—— (1 + L f :|Vg (4-]53)
r,-ﬁ, rofv RL
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Figure 4-31 (a) Circuit for calculating the input resistance. (b) Circuit for calcu-
lating the output resistance.

Combining Egs. (4-138) and (4-144) gives

Ry
1+
I

v, = Vie (4-154)
1 —a(l + II:S)(I + RL) S

Fop L

io

which, after substituting into Eq. (4-153), yields

l+a(Rs+R,~o)[fv—(l+ R‘) fe

Yoy r,-va,_

1—a(1+11;5)(1+RL)f"

r,,fv RL

iinRia =

Vin (4-155)

io
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The input resistance is then

) . R
R=-"= o T[T R,  (@156)

" I+aRs+Ry) [fv— (1 + RL)—fC—
Tor | T RL
The numerator of Eq. (4-156) represents the increase in input resistance due
to the series feedback path and the denominator represents the decrease in
resistance due to the shunt feedback path.
If the series and shunt loop gains a( ) are much larger than unity, then the
input resistance is approximately

(1+ RL)fc

R~ Top) Re (4-157)

(1+RL) fc _fv

Top r,-vaL

1—a(1+RS)(1+RL)f”
R

Output Resistance

To calculate the output resistance, excluding the load resistance, we place a
test source at the output of the feedback amplifier, as indicated in Fig. 4-31(b).
The output resistance is calculated from

R,="2 (4-158)
Iy
where, from the output,
fo=—2 4, (4-159)
Vofy
Also,
Vo=(lo= &mVi) ¥oa T LT o (4-160)
which gives
o= o Snleel: (4-161)

roa+r0fc r0u+rac
which, substituted into Eq. (4-159), yields

Vo + gmrouvi
R(IU roa+r()c

(4-162)

1, =

Summing the currents at the input, denoting the voltage across the parallel
combination of resistors Rs and ry, as v, gives

Vin

Vin ™ cia
oy, 4 YnTScle

=0 (4-163)
Rsllr,-fv ria+rifc
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which leads to

in

RSRio ( fc io

- —fv, 4-164
R5+Ri0 ria+ri/"( fvv) ( )

Applying the voltage—divider relation at the input provides

V= — (v —foil) (4-165)
Via + r,f‘.

which, solved for v;, and substituted into Eq. (4-164), gives

; RsR, -,
y;= — sRio [ felo Fvol = fois (4-166)
Tiat Iige Rs+Rip \ria T riee
Then, using Eq. (4-159), we have
i R R + ifv. RioR + i c R Ri(?
v, = Vig _ 10( S rlf\)fcl.x_*_ ( N er) f + N fv v,
Tia & Fige rin (Rs + R;,) ru(Rs+Ri) roy Rs+ Ry

(4-167)
Finally, combining Eq. (4-167) with Eq. (4-162), and noting Eq. (4-148), yields

1—-a(1+-&)(1+ RL)f”}= s 1+a(1+R‘"’)[RSf‘,—-(1+£)£}

i

rifv Roo RL Roo RL rifv rafv
(4-168)
Thus,
R R .
l—a(l+—s)(1+RL)lf;
R,= o LR, (4-169)
Roo RS fc
1+all+ Ref,—[1+—=
RL r,-fv r(,fv

The numerator of Eq. (4-169) represents the increase in output resistance due
to the series feedback path and the denominator represents the decrease in
resistance due to the shunt feedback path.

If the series and shunt loop gains a( ) are much larger than unity, then the
output resistance is approximately

R;
(1 + ) f.
R,~ L (4-170)

’ (1 +"ISS—) ﬁ _Rs_fv

r,-f,. Fofv
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Figure 4-32 Dual-loop series current-shunt voltage feedback amplifier using local
feedback.

Series Current-Shunt Voltage Feedback Example 1

Figure 4-32 shows a dual-loop feedback employing local series current and

shunt voltage feedback; emitter-degeneration resistor Ry provides the series

feedback for the single-transistor amplifier, and resistor R provides shunt

feedback between collector and base. In this circuit, 7y, = 1, = Rp and ry;, = r,5, = Rp.
The series feedback voltage (neglecting base current) is

Voo =i, Re=f.i, (4-171)
SO
fe=Rg 4-172)

The shunt feedback current (determined by shorting the input to the amplifier)
is

ip= — =fv, (4-173)
$0

= = — 4-174

e R ( )

In this amplifier, r,, = r,, R;, = Rll(r; + Rg), and R,, = Rf, neglecting r,, = r,.
Using Eq. (4-148), the open-loop gain, assuming that r,, =>>r, (i.e., r, > Rp), is

BrRiR,

= — 4-175)
[(r= + Rg) (Rs+ Rr) + RsRp] (Rr + Ry)

where we have substituted By = g, 7.
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From Eq. (4-149), the combined feedback factor is

R R R\ R

f=-=2- (1+~—5)(1+—L)—E (4-176)
Rr

The loop gain is then

_ BrlRsRrR, + Rp(Rs+ Re) (Re+ Ry)]
[(rz + Rg) (Rs + Rp) + RsRr) (Rr + Ry)

T=af (4-177)
If the value of the loop gain is considerably larger than unity (for this ampli-
fier, this is achieved by making g, R;>> 1), then the closed-loop gain of the
amplifier can be approximated as

1 1

A R R\ R (“-178)
f _S+(1+_z)(1+_L)_E
R R

V()
Vs
F F Re| R,

Further, if the shunt feedback resistance R, is much larger than both the source
(Rs) and load (R,) resistances, then the gain is
YooV 4-179)
Vs Bﬁ + ﬁ
Rr R,
The first term on the right-hand side of Eq. (4-179) represents the contribution
to the closed-loop gain resulting from the shunt feedback path, and the second
term represents the contribution to the gain from the series feedback path.
Also, for the loop gain much larger than unity, the input resistance (exclud-
ing Rs) from Eq. (4-157) is

(1 + RL) Re
R:Rr(Rr+ R
R,-z RF RL — E F( F L) (4-180)
I+ R,\ Rg + 1 RrR, + R (Rr+R))
Rr| RrR, Rf
Likewise, from Eq. (4-170), the output resistance (excluding R;) is
R
(1 +—5)RE
R = Re _ ReRp(Re+Ry @181
’ 4 Rs\ Rg N Rs  ReRs+R:(Rr+Ry)
Rr/ Rr Rg¢

Note the symmetry in Eqs. (4-180) and (4-181) as they relate to the source
and load resistances.
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As a further example, assume this amplifier is to match its input resistance
to Ry and its output resistance to R;. Additionally, take R > R;, Ry, and Ry (which
is normally the case). The matched input and output resistances are then

ReRr

~—8F _p 4-182
R:+R, ° ( )
and
ReRp
R,~ =R 4-183
R:+R, ° ¢ )

As evidenced by Egs. (4-182) and (4-183), a simultaneous match at both the
input and output requires that Ry = R,. With this match, the series and shunt
feedback resistances are related through

R:(Rr—R)~R;R;= R’ (4-184)

where R=R;=R,.
From Eq. (4-179), the voltage gain is

: ReR
Yopm e R (4-185)
Vs R RE R +RERF

Rr R

which, using Eq. (4-184), gives

A=~ _Re _ _1/Rr (4-186)
2R 2V Rg
To design for a specific closed-loop gain under matched conditions, the feed-
back resistances are then given by

Rr= —2A,R (4-187)
and
R
Rp= — A (4-188)

Series Current-Shunt Voltage Feedback Amplifier Example 2

Figure 4-33(a) shows a series triple amplifier employing series current and
shunt voltage feedback; the feedback network comprising resistors R, Ry, and
R, samples the output current and applies a feedback voltage in series at the
input, and resistor Rr, provides shunt voltage feedback from the output to the
input of the amplifier.
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Figure 4-33 (a) Dual-loop series current-shunt voltage feedback amplifier. (b) AC
circuit for calculating feedback parameters.

The ac circuit for calculating the feedback parameters is illustrated in Fig.
4-33(b). With the input shorted, the shunt feedback current is

. v()
Iy = —EF:=f‘,vo (4‘189)

SO
fi= —— (4-190)

AlSO, ripg = Vo = sz
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With the emitter of Q, open-circuited, the voltage at the emitter of Q; is

i, .
ves = Rpll(Rp + Rpy) = Rpll(Rgy + Rp) i, (4-191)

Q3
where in the rightmost term we have taken a3 to be unity. The series feedback
voltage is then
_ R, Ve = Rp Rp
= 0=

REI+RFI REI+RFI +RE2

i, =fclo (4-192)

Vb

SO

f.= Rp R

= mfte (4-193)

From Eq. (4-149), the combined feedback factor is

R R R RuR
f=-=—"-l1+== (1+-—L) =Lk X (4-194)
Rp Rpy) (Rt + Rpy + Rp) Ry

The series triple amplifier has a large open-loop gain, a. Therefore, it is
expected that the loop gain with feedback, af, will be much larger than unity.
Thus, the closed-loop gain is approximately
1 RF2RL(REI + RFl + REZ)

vo L _
Vs f RsRy(Rp + Rp + Rpy) + Ry Rp Ry,

(4-195)

In arriving at Eq. (4-195), we have assumed that Ry, > R and R;. Likewise, the
input resistance (excluding Ry) is, from Eq. (4-157),

fe Rei R Rp

R = = (4-196)
fc _R f REIRE2+RL(RE1+RF1 +RE2)
l"ifv LJv
From Eq. (4-170), the output resistance (excluding R,) is
R R
R~ Jo  _ Rei Rex Rz (4-197)
.fC REIRE2+RS(RE1 +RFI +RE2)
- Rva

roﬁ,

As with the previous example, a simultaneous match at both the input and
output requires that Rs = R;, giving

ReiRpy(Rps — R) = (Rpy + Ry + Re) R (4-198)
where R = Rg=R;.
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For Ry, > R, this simplifies to

REI REZRFZ zR2
RE] + RFI +RE2

From Eq. (4-195), the corresponding voltage gain is

4z Rr2R(Rei + Ry + Rio)

" R*(Rey + Ry + Rep) + Ret Rea R

which, using Eq. (4-199), gives

A ,::_R_ﬂz__l_ RFZ(REI+RFI+REZ)
2R 2\ Re Ry

Series Voltage-Shunt Current

(4-199)

(4-200)

(4-201)

The dual-loop series voltage and shunt current feedback amplifier, also using
a transconductance equivalent circuit model for the basic amplifier, is shown
in Fig. 4-34. Analysis of this circuit proceeds in a fashion similar to that

shunt current feedback network

Rs

Ri—T»

series voltage feedback network

Figure 4-34 Dual-loop series voltage-shunt current feedback using an equivalent

circuit for the basic amplifier.
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carried out for the series current-shunt voltage configuration. Again, the
closed-loop voltage gain can be expressed as

-2 (4-202)
v, 1+af
with
a= — gmrtaroaRroRoo L (4_203)
(ria + rifv) (roa + rofc) (RS + Ria) (Roo + RL)
and
R
Bt e
rifC rofv RL
Here,
Rio = rifc”(ria + rlfv) = M (4_205)
Tt + Via + Tipy
and
+
Roo = rofvl |(r0fc + roa) = M (4-206)

Topp t Foe t Fou

If the loop gain, af, is much greater than unity, the closed-loop gain is given
approximately by

Yo 1 _ ! (4-207)

oS (1+Rs)fv—(1+RL)&fC

Vi Vofy R,

Input Resistance

The circuit in Fig. 4-35(a) is used to calculate the closed-loop input resistance;
R; is equal to vy, /i;,, and results in

1+ 1+Rsf
a R »

io

R, = Ri, (4-208)
RL f c f v
l—a(Rs+Rio) 1+ -
r ofv RL r ifc
The numerator of Eq. (4-208) represents the increase in input resistance due
to the series feedback path and the denominator represents the decrease in
resistance due to the shunt feedback path.
For large loop gain,

Ri= (4-209)
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lin io

—> -
+
fia & Vj T ofc +
+ . rofv$ Rsto
Vi-n<> rifcg (* fcio ity ImVi  oa -
+
fuvo

(b)

Figure 4-35 (a) Circuit for calculating the input resistance. (b) Circuit for calcu-
lating the output resistance.
Output Resistance

The test circuit in Fig. 4-35(b) is used to calculate the closed-loop output
resistance; R, is equal to v,/i,, and results in

R()(I R
1—a(1+ R )Rsﬁ.
R, = = LR d = R,, (4-210)
1+a(1+ ) (1+ S)fc— Sf
RL Tiee Vofy

The numerator of Eq. (4-210) represents the increase in output resistance due
to the series feedback path and the denominator represents the decrease in
resistance due to the shunt feedback path.

If the loop gain is much larger than unity, the output resistance is approxi-
mately

R, =~ Rsf. (4-211)

Rsfc—(1+RS)f,,

Vo rife
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Y VCC N
Rcé RL
—o Vg
Rs Q,
Qq
* | e i |
Vs —AN :
- . Re I
— SRR R :
- NN/ "
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RE1 F1

X

1

' ' shunt current

' RE2] feedback network
: 1

==

]

series voltage
(a) feedback network

! L
1
! _‘K Q ™ RL
+ RS ' RF2
\'% —
s — 2 "A% -
- : Ifb )V
— Y
+ 'A%
Vib > REq Rezi
(b) = =

Figure 4-36 (a) Dual-loop series voltage-shunt current feedback amplifier. (b) AC
circuit for calculating feedback parameters.

Series Voltage-Shunt Current Feedback Amplifier Example

Figure 4-36(a) shows a two-stage amplifier employing series voltage and shunt
current feedback; the voltage divider comprising resistors Rg, and Ry, provide the
feedback voltage and the current divider comprising resistors Ry, and Ry, provide
the feedback current.
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The ac circuit for calculating the feedback parameters is illustrated in Fig.
4-36(b). With the input shorted, the shunt feedback current is

R ] Rg,
= —— o o "B =f.i, 4-212)
REz+Rp2 OF3 RE2+RF2
SO
R

fi= ——2 (4-213)

Also,
I =Rp+ R 4-214)

With the emitter of Q, open-circuited, the series feedback voltage is

Re
s U A 4-215)
SO
fi= ———RE,RfRF. (4-216)
Also,
Fop = Rey + Ry 4-217)

From Eq. (4-204), the combined feedback factor is

R RsR
f=(l+ Ry )( Rk, )+(1+ L ) S B (4-218)
R+ Ry [\ Rpy + Rp Rri+Rg | RL(Re, + Rp)

Typically, the feedback resistances Ry, and Ry, will be considerably larger than
the source, Ry, and load, R;, resistances. If this is the case, then Eq. (4-218)
simplifies to

RsR
foBRo 2 (4-219)
Ry + Rpi RL(Rex + Rp)

And for large loop gain, the closed-loop gain is then

Vo ~ i (Re1 + Rr)(Rez + Rp) R, (4-220)
v f  RsRp(Rei+Rr)+ ReR(Rp + Rp2)
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From Egs. (4-209) and (4-211), the approximate input and output resistances
are
R R (Rp + Rpy)

Ri= (4-221)
Rei Ry + Rpy (Rgy + Rpy + Ry)

and

RsR +R
R~ sRex (Rgy F1) (4-222)
RsRp; + Rei (Rs + Rey + Rp)

EXERCISE. Assuming that the current gain (87) of the transistors are much
larger than unity, show that the open-loop gain of the dual-loop feedback
amplifier in Fig. 4-36(a) is given by

a~ gm BrRc(Rp + Rep) [RI(Rpy + Riy)]
(Rs+Rp+ Rpy)[1 + 8m (RellIRp)I{Rc+ roa[1 + guo (RpplIRR)1}

Figure 4-37 shows the schematic diagram of a commercial wideband ampli-
fier employing the basic dual-loop feedback pair of Fig. 4-36(a). This amplifier
is designed to drive a 50-Q) load with a gain of about 20dB and exhibits a
— 3-dB bandwidth of 700 MHz using transistors with unity-gain frequencies

Vee (+6 V)

RLézoo Q

650 Q$RC a;
Vo %
Qg
Qo
Rpias 2140 Q
Vi o— Q4
Rszémn
= Re2 Qs
N/
200 Q =

Figure 4-37 NES5205 wideband amplifier employing series voltage and shunt cur-
rent feedback.
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(fr) of about 2 GHz [6]. In the circuit, the Darlington pair comprising transistors
Q; and Qg are used in place of the single second gain transistor Q, in Fig.
4-36(a); this provides additional buffering at the output. Transistor Q; buffers
the feedback loading of Ry, at the output, and the diodes formed by Q, and Qs
provide dc level shifting.

4.5 Stability of Feedback Amplifiers

A feedback amplifier is normally operated with negative feedback: The feed-
back signal presented to the input of the amplifier is 180° out of phase with
respect to the input signal, thereby reducing the net input to the amplifier. The
phase of the feedback signal derives from the phase of the signal propagating
forward through the amplifier and back through the feedback network. The
phase shift of the amplifier generally increases with frequency; if at some
frequency the phase of the feedback signal were to increase by 180° then at
that frequency the feedback signal would be in phase with the input to the
amplifier, resulting in the amplifier operating with positive feedback. If the
magnitude of the loop gain T (jw) at that frequency (see Fig. 4-38) is greater
than unity, then the output of the amplifier would continue to build, even in
the absence of an external input signal. The amplifier at this point would
become unstable and would likely oscillate at some frequency where the
magnitude and phase of the loop gain leads to positive feedback. The closed-
loop gain of the feedback amplifier depicted in Fig. 4-38 can be expressed as

Aoy =Le = aU®)

vi 1+ IT(w)l e (4-223)

It is clear that for IT(jw)l =1 and ¢ = — 180° the gain [from Eq. (4-223)]
would become infinite. The conditions for stability can be stated: If the
magnitude of the loop gain is equal to or greater than unity at some frequency
where the phase of the loop gain is — 180° then the amplifier is unstable.
Stated mathematically,

IT(jw)l =1 atw where £ T(jw)= — 180° (4-224)
Gain and Phase Relationship

Both the gain and phase are affected by feedback. Consider the feedback
system depicted in Fig. 4-38 in which the feedback network is independent of
frequency—such as would be for a feedback network fashioned from passive
resistive elements. As there is no phase shift associated with the feedback
network, the closed-loop phase derives solely from the amplifier. Denoting the
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a(jo)

Vo

2

Figure 4-38 Feedback amplifier configuration.

—O0

phase shift of the amplifier by 6, the closed-loop gain can be expressed in the
form

. Vo la(jw)l £ 0 a(jw)
A — Yo _ = ya 4-225
o)== rGa 26 | T+ TGey| < ® (4-225)
where ¢ is the phase with feedback and is determined by
_ tan (0)
b= —tan"' } (4-226)
1+ IT(jw)lJ 1 + tan® (8)

The denominator in Eq. (2-226) is larger than unity, giving ¢ <0. Thus, the
phase is reduced with negative feedback.

To illustrate the gain and phase relationship with feedback, consider first an
amplifier with a single pole at frequency p,. The open-loop gain of the ampli-
fier is then

a,

= (4-227)
1+ jo/lpl

a(jw)
which has a gain magnitude of

a,

la(jw)l = —————
e

(4-228)
and phase

La(jo)= —tan"' (pi) (4-229)
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With feedback

a,
. pl o
= = 4-230
AGo) aof 1+ jo/(1+ T,)ipil (4-230)
1+ jw/lpl
where T,=a,f and A,=a,/(1 +T,).
In terms of gain magnitude and phase,
A,
1A (jo)l = — = (4-231)
J1+le/(1+T,)pi]
and
LAG) = —tan” |—0 (4-232)
e M A+ T)p

The effect of feedback is to move the open-loop pole of the amplifier at p, to
higher frequency (1 + T,) times p,. This is illustrated in the gain and phase plots
(Bode plot) of Fig. 4-39. Because the maximum phase is — 90°, this feedback
amplifier is stable for all closed-loop gains.

gain (dB)

A
20 fog(a,)

T(iw)

Y

20 log(A,)

A(jo) f

[ J PSR U

- ® (log scale)

phase (deg) Ipql (14Tg) Ipyl

) (log scale)

Figure 4-39 Gain and phase characteristics of a single-pole feedback amplifier.
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Figure 4-40 Gain and phase plot of a multiple-pole amplifier.

Consider now an amplifier with multiple poles (more than two) such that

a,

1+ 01+ 2201+ 22 ...
|p1| |p2| Ip;l

— ZaGo)=tan [~ ]+ tan -2 ) +tan " — |+ - (4-234)
1pil 1, 1ps|

(4-233)

and

The gain and phase characteristics of this amplifier are illustrated in Fig. 4-40.
The phase shift for an amplifier with three or more poles can exceed 180°, so
the potential for instability exists with feedback applied. If the magnitude of
the loop gain 7'(jw) is greater than or equal to unity at the frequency at which
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its phase is — 180°, then the amplifier will be unstable; the frequency at the
180° phase point is denoted w g and marks the boundary between stable and
unstable operation: As illustrated in Fig. 4-40, a feedback amplifier with a
closed-loop gain equal to or smaller than that given for IT(jo)l =1 at @ = w5
is unstable—closed-loop gains larger than this value are stable and have a
phase less than — 180°. The difference between this phase and the 180° line
is the phase margin, denoted ¢,,. At @ = w g, the amplifier’s open-loop phase is

— La(jwg) =tan ' D180 ) 4 tan 210 4 pan [ 20 ) 4= 180°
Ipil pl Ipsl
(4-235)

The poles in most amplifiers are usually widely separated in frequency. Thus,
poles beyond the third contribute little to the total phase shift of the amplifier.
In addition, one pole is usually dominant, meaning it is at a frequency that is
perhaps 5 or 10 times lower than the frequency of the next pole. If this is the
case, then the first dominant pole, say p,, will contribute nearly 90° to the phase
shift of the amplifier. Thus,

tan ' [ | 4 tan "' 22 ) ~ 90° (4-236)
Ip2! Ipsl
so
/[ Ipsl
tan‘l(—mlso)z90°—tan_'(w'80)=tan '( Ps ) (4-237)
Ipa Ipsl g0

where a trigonometric identity has been used for the middle terms in Eq.
(4-237). Thus, the g frequency is approximated by

W13 =y P2P3 (4-238)
Effect of Phase Margin on Closed-Loop Response

From the standpoint of stability, it is desired to have a certain degree of phase
margin to allow for variations in the transfer characteristics of the amplifier
due to changes in circuit element values, temperature, power supply, etc. The
amount of phase margin also affects the closed-loop response of the amplifier.

Consider a feedback amplifier with a phase margin ¢, and denote the
frequency at which the magnitude of the loop gain is unity as w,. Then at this
frequency

T(jw,) = 1/ 71807 = — 1% (4-239)
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For a feedback network in which the feedback factor f is constant, independent
of frequency,

IT(jw,) = la(jw,)f1 =1 (4-240)
from which
1
la (jw,)l =— (4-241)
f
The magnitude of the closed-loop gain at w, is
1
A (jow,)l = | ———Fp— 4-242
(ool = | 7= (4-242)

If the low-frequency loop gain T, = a,f is much greater than unity, then 1/f=A,,
and the gain at w, relative to the gain at low frequency becomes

A(jw,) 1 _ 1

A, 1=e®|  [(I—cosd,) +sin’ b,
The relative gain at w, for various values of phase margin is listed in Table
4-1. A phase margin of 90° is achievable only for amplifiers containing a
single pole. At a 60° phase margin, the response is flat at w,. Smaller values

of phase margin give rise to gain peaking. In practice, amplifiers are designed
for phase margins in excess of 30° to minimize peaking of the response.

(4-243)

Table 4-1 Relative Gain for Various Values of Phase Margin

(joo)

0. he
90° 0.707 (—3dB) Single pole only
60° 1 (0 dB)
45° 1.31 (+2.3 dB) Gain peaking
30° 1.92 (+5.7dB) Gain peaking
15° 3.83 (+11.7 dB) Gain peaking

0° 00 Oscillating

Figure 4-41 shows the simulated gain and phase response of a feedback
amplifier containing three poles, at — 10kHz, — 100kHz, and — 1 MHz.
Without feedback, the open-loop gain is 60dB. Various amounts of feedback
are applied to give closed-loop gains of 40, 30, and 20dB. Both gain peaking
and the steepness of the phase shift increase with increased feedback, f. At
40dB gain, the phase margin is 58° with a gain peaking of 0.3dB. At 30dB,
the phase margin is 26° with a gain peaking of 6.8 dB, and at 20 dB, the phase
margin is 14° with a gain peaking of 12dB.
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Figure 4-41 Gain and phase response of a three-pole feedback amplifier.

4.6 Compensation of Feedback Amplifiers

Generally, compensation involves altering the open-loop transfer function
a(jw) of the amplifier such that, with feedback, the amplifier is stable for all
values of closed-loop gain. To illustrate various compensation schemes, we
will consider an amplifier with three poles, such that

a,

1+ 22+ 221+
Ipil 12l 1psl

The gain and phase characteristics of this amplifier are sketched in Fig. 4-42.

The maximum phase shift is 270°, which can lead to instability if the amplifier

is operated with sufficient feedback such that phase shift is 180° at a frequency
where the magnitude of the loop gain is unity. For unconditional stability, that

a(jw) =

(4-244)
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Figure 4-42 Gain and phase characteristics of an amplifier containing three poles.

is for all closed-loop gains, we compensate the amplifier so that it is stable
down to unity gain (f= 1) with some phase margin, ¢,,.

Compensation Methods
(1) Add an Additional Dominant Pole

A simple brute-force method of compensation is to add an additional pole to
the amplifier at a frequency low enough so that it dominates the response. This
illustrated in Fig. 4-43, which shows a Bode plot of the feedback amplifier
with and without the added compensation pole. The added pole (pa) shifts the
gain and phase response to a much lower frequency such that phase shift at
the compensated unity-gain frequency wrc is less than 180°. Implicit in this
illustration is that the added pole does not appreciably alter the location of the
original poles of the amplifier; this is not generally true, but is close for many
amplifiers. Additionally, if we make wzc = Ip;l, the compensated amplifier will
have a phase margin of about 45°. The chief drawback to this type of com-
pensation is that it requires a relatively large value of capacitance, as the
following example illustrates.
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+ VCC
1 50 I <|> 200 pA
! nA 2 * H Output Stage
* Q Q ' &
1 2 . vV
in ) out
_ o .
Qg
Qs ;}———Km Tog 10K
- Ve

Figure 4-44 Two-stage op-amp using added-pole compensation.

Added-Pole Compensation Example

A simplified schematic of a two-stage op-amp is shown in Fig. 4-44. Com-
pensation capacitance C. adds a dominant pole; prior to compensation, the
amplifier has three negative real poles at f,, = — 1 MHz, f,, = — 6 MHz, and
fr3= —40MHez. Setting the frequency of the added pole f,4 = f,:/a, gives a phase
margin of 45°. Neglecting the output resistance of the transistors, the open-loop
low-frequency gain a, is about 2 X 10°. Thus,

— 1MHz
——— = —5Hz
2X10

which indeed is at a frequency much lower than the original dominant pole
(1 MHz) of the amplifier. The resistance in parallel with C¢ sets the added-pole
frequency:

Joa=

1
(RallR) Ce
where R, is the output resistance of the differential input stage (neglected in
this example) and R;, is the input resistance of the second gain stage (Qs and

Q) and is equal to approximately 600k(). The value of the compensation
capacitance is then

[Pyl =2mlf sl = 31.4 rads/s =

1

= = 53nF
(314 rads/s)(600kQ)

Cec

which is rather large.

(2) Move Dominant Pole to a Lower Frequency

A more commonly used method of compensation is to shift the dominant pole of
the amplifier to a lower frequency such that the phase shift at the new unity-gain
frequency (wrc) is less than 180°; this is illustrated in the Bode plot of Fig. 4-45.
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compensation capacitor

—o0 v

— \ gain stage

[o)

(a)
Cc
|
is JJ:Ci Riftﬁ (PGmV1+CoRo T’o

(b)

Figure 4-46 (a) Pole-splitting compensation capacitance added to amplifier gain
stage. (b) Equivalent circuit of gain stage with compensation capacitance.

This approach yields a much larger bandwidth than with the added dominant
pole method because wyc is now near p,, which may be 5-10 times the frequency
of p,. Also, the required value of the compensation capacitance is much lower,
making it integratable on-chip.

Moving the dominant pole is achieved by Miller multiplication, in which
the compensation capacitor is connected as a feedback element across the
second-gain stage. This is illustrated in Fig. 4-46(a). In Fig. 4-46(b), the gain
stage is modeled in terms of the total resistance R; and capacitance C; at its
input, the total resistance R, and capacitance C, at its output, and the effective
transconductance G,, of the stage. Compensation capacitance Cc is connected
between the input and output of the stage.

Consider first the response of the stage without the compensation capacitor.
It is easy to show that

i: _ GmR,'Ra - a, (4_245)
i (1+sR,C)(1 +5R,C;) (1—=s/p)(1—s/py)
where a,= — G, R;R,. The stage has two poles at
ol nd po= ! (4-246)
Pr="%c *C P27 TR,
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Consider now the circuit with the compensation capacitor. Summing the cur-
rents at the input node in Fig. 4-46 gives

i,= % +5Civy + sCe(v, = vo) (4-247)

1

At the output node

SCe(vi = v) = Gy +5C, v, + 2 (4-248)

o

Combining Eqs. (4-247) and (4-248) gives, for the response of the stage,
Vo _ _RiRo(Gm_SCC)

i, 1+5[R(Ci+C)+R,(C, +CA+GuRR]+5 RR,[C:C, + Cc(Ci + C,)]
(4-249)

The response has two poles and a zero; the zero is at a frequency G,,/C¢. The
compensation capacitance C is generally small. Thus, if the transconductance
G,, of the stage is reasonably large, then the zero will be at a much higher
frequency than those of the poles. The zero will have a negligible effect on
the response and can be neglected. In addition, the term G,,R;R, is generally
much larger than the first two terms multiplying s in the denominator of Eq.
(4-249). Thus, Eq. (2-249) becomes approximately

Vo a,

— 5 (4-250)
s 1+5G,R,R,+ s R,R,[C;C,+ Cc(C;+ C,)]
which can be written as
Yo _ o _ = S ——% . 3}
is, (I=s/p)(A—=slpy) 1=s(l/p/+1/p;)+s (1/p{p;)

where p| and p, are the new pole frequencies of the gain stage. Normally, one
of the poles will be dominant, say p;. Hence,

Vo a,
i, 1—slpl+s (1ip!pd)
Equating the coefficients of s in the denominator of Egs. (4-250) and (4-252)
gives

(4-252)

1
S 4-253
P G.R.R,C. (4-253)

Equating the coefficients of s° in the denominator of Eqgs. (4-250) and (4-252)

and substituting for p; from Eq. (4-253) gives

_ G,Cc
C.C,+Cc(Ci+C)

p:= (4-254)
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If the value of the compensation capacitance is considerably larger than the
capacitance at the output of the stage, then p, simplifies to
Gn

r= — 4-255
p2 C.+C, ( )

for Cc> C,.

As a result of the Miller multiplication, the original poles of the stage have
been split further apart: p, is reduced to a lower frequency, and p, increases to
a higher frequency. This pole splitting actually enhances the compensation
process because the phase shift due to the second pole is moved to a higher
frequency.

Move Dominant-Pole Compensation Example

The same two-stage op-amp used in the previous added-pole compensation
example is repeated in Fig. 4-47; R; and C; denote respectively the resistance
and capacitance at the input to the gain stage, and R, and C, denote respectively
the resistance and capacitance at the output of the stage. The effective trans-
conductance of the stage is denoted G,,. Pole-splitting compensation capacitance
C¢ is connected between the input and output of the stage. R; is again 600k},
so for p, at —1MHz, C;= —1/R;,p, =0.265pF. R, is 50k{}, so for p, at
—6MHz, C,= — 1/R,p,=0.53pF. In addition,

= Em8m g 5mAIV
ng +gm6/BF6
+Vee
L4 50 pA Izd)zoouA

+ Qq Q, | .

Vin I 1
' 1 -t — Ro

1

1

Figure 4-47 Two-stage op-amp using pole-splitting compensation.
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Setting wrc = w,, gives a phase margin of 45°. Thus,

Wl = “;”2 = — 189 rads/s (—30Hz)

14

This frequency is six times larger than the 5Hz obtained in the previous
example. The required value for the compensation capacitance is from Eq.
(4-253):

_ 1 - 1 _
G.RR,p;  (1.5mA/V)(600kQ) (50 X 10° Q) (174 rads/s)
which is considerably smaller than the 58 nF required in the previous example.
The second pole (originally at — 6MHz) has been moved out [using Eq.

(4-255)] to
G, _ 15x107°
C+C,  (0.265+0.53)x10°"

Cc=

25pF

pi= —9.43 X 10° rads /s ( — 1.5GHz)
which is now truly nondominant. The third pole of this amplifier at —40MHz
now becomes the second most dominant pole.

Pole-Splitting Compensation with MOSFET Gain Stages

If MOSFETs are used in the second gain stage, the value of G, will be
considerably lower (perhaps a factor of 10) than for a bipolar stage. The
transfer function of the stage is still given by Eq. (4-249); however, due to the
lower value of G,, the frequency of the zero may not (in fact, probably not)
be much higher than that of the poles. Consequently, the effect of the zero
cannot be ignored; the zero tends to flatten the gain at high frequencies due
to its + 20dB/decade contribution to the amplitude response. In addition, this
positive real zero contributes — 90° to the phase shift, giving a negative phase
margin at the unity-gain frequency. As a result, the compensation will not be
effective in stabilizing the amplifier.

Two techniques, illustrated in Fig. 4-48, have been developed to eliminate
the effect of this low-frequency zero. At high frequencies, the feedforward
signal through the feedback network (Cc) is not negligible with respect to the
feedforward gain of the amplifier stage; in Fig. 4-48(a), a unity-gain buffer
inserted in the feedback path eliminates the feedforward signal through Cc [7].
Although this technique works well, it does require additional devices and adds
to the circuit complexity. A simpler method is to insert a nulling resistor, Rz,
in series with the compensation capacitance, as illustrated in Fig. 4-48(b) [8].
With this resistor, the frequency of the zero is given by

1

S — (4-256)
(1/Gn— Ry Cc

Z
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Cc unity-gain

buffer

—— \ gain stage

(b)

Figure 4-48 Compensation schemes for MOSFET gain stages: (a) using a buffer to
eliminate the feedforward signal through the compensation capacitor; (b) using a
resistor to alter the location of the zero.

As evidenced by Eq. (4-256), the zero can be eliminated by making R; equal
to 1/G,,. Increasing R, beyond this value moves the zero to a negative frequency
which can improve the phase margin.

(3) Add a Feedback Zero

A third method of compensation is to alter the transmission characteristics of
the feedback network; adding a zero in the feedback path can alter the pole
response of the basic amplifier. Generally, this technique is applied to fixed-
gain amplifiers. To illustrate the process, consider an amplifier with three poles
such that

a,
a(S)— (1 —S/pl)(l “S/pz)(l _S/Pz) (4'257)

where Ip;l > Ip,l > Ip,l.
This amplifier is connected to a feedback network which contains a single
zero such that

21

fs)=f, (1 - i) (4-258)
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For the special case in which the frequency of the zero is set equal to that of
the dominant pole p,, the loop gain becomes

aufo — To
(I =s/p)(X —slps) (1= s/p)(1 —s/p3)

The closed-loop gain is then

T(s)=a(s)f(s)= (4-259)

al}
As)= a(s) _ (I —s/p)d—s/p)(d —s/ps) (4-260)
1+ T(s) N T,

(1 =s/p) (1 —slp3)

which can be manipulated in the following fashion:

1
As) = —2
1+T, (1=s/p)(A—s/p)(1 —s/p3) + T,

1+T, 1+T7,

(I =s/p))
(4-261)

The term a,/(1 + T,) is recognized as the low-frequency, closed-loop gain A,
and the factor 7,/(1 + T,) in the last term in the denominator is approximately
equal to unity. Thus, Eq. (4-260) is approximately

A(s) =

— 5 (4-262)
( s ) 1 s ( 1 1 ) s }
1——|1+ - —_—t |t
pl 1 +T0 1+T0 Pz P3 (1 +T0)P2P3
In the denominator of Eq. (4-262), the term 1/(1 + T,) can be neglected with
respect to 1. In addition, if p; is much larger than p,, then the term 1/p; may

be neglected with respect to the 1/p, term in the denominator. Consequently,
Eq. (4-262) becomes approximately

A d
A(s)= . ‘ 2 (4-263)
(1 —_) - ; }
P 1+T,)p, +T7T)p.p;
which, for Ip;| = Ip,l, can be expressed in the form
A
A(s)= ° (4-264)

7 e o [y
D1 [1+T,]p, P3
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closed-loop

open-loop

Figure 4-49 Compensation by adding a feedback zero.

As seen by Eq. (4-264), the effect of a feedback zero at p, is to move the
secondmost dominant pole p, out to a higher frequency, by a factor of approxi-
mately 1 + 7,. In practice, both p, and p; will be moved by the feedback;
however, for Ip;l => Ip,|, the shift will be primarily in p,. The phase is shifted
to a higher frequency, resulting in a positive phase margin for the amplifier,
as illustrated in Fig. 4-49.

Feedback Zero Compensation Example

Figure 4-50(a) shows the ac schematic of a fixed-gain series voltage amplifier
employing a zero in the feedback network. With the emitter of Q, open-
circuited, the feedback voltage is

R: _ Rg 1+ sR:Cr
LR YT R+ Ry 1+ s(RAIRy)
1 +sRsCr
The feedback function has a zero at

Vb =

Vo, =f(8) Vv,

R

1
Ry Cp

in= —
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pole at

1

PR T RAR) Cr

Because Ry => Ry, the feedback zero is dominant and pg, can be neglected, giving

where

f&)=f, (1 - i)

ZF1

R

= RA R

At a bias current of 1 mA, g,, =40mA/V for Q,, and g,, = 80mA /V for Q,

biased

at 2mA; for B = 100, r,, = 2.5k for Q,, and r,, = 1.3k} for Q,. For the

transistors, C;z and Cjc are taken as 0.3 pF and 0.1 pF, respectively, and 7 is given
as 30ps. This gives C,; = 1.5pF and C,,~= 3 pF. The small-signal equivalent
circuit for the feedback amplifier is shown in Fig. 4-50(b).

Figure 4-51 shows the simulated gain and phase response for the feedback
amplifier of Fig. 4-50(b). Two sets of characteristics are shown: one without

the fe

edback zero (Cr=0), and one with 0.15pF of feedback capacitance.

Without the feedback zero, the amplifier is unstable; with the zero, the ampli-
fier has a phase margin of about 75°.
A gain (dB)
30 +
20 +0 [ ] —— O = .
\\FD: O
101 . Cp=0.15pF '\
0 : t \ —H
1 MHz 10 MHz 100 MHz 1 GHz 10 GHz
A phase (deg) frequency
0 10— | cre— ua%.\ >
\\.
-100 + .
o
-200 _—_—-—_.___—_____________.._____._X\ —=— -180
300 + \"\

Figure 4-51 Gain and phase response of a feedback zero amplifier.
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Problems

For all problems assume room temperature, kT/qg =26 mV.
Note: Where required, use the following device parameters unless otherwise
specified:

NPN: Br=100 [;=2X10""A V,=75V
PNP: Br=50 I,=5%x10""A V,=15V
NMOS: W/IL=10 w,Cei=30pA/V’ V=1V A=002V~'
PMOS: W/L=30 w,Ca=10pA/V’ Vy=—-1V  A=0.02V"'

4.1 An amplifier has a measured gain of 2000. After adding negative feed-
back, the gain is reduced to 50.
(a) Find the loop gain, 7, and the feedback factor, f.
(b) The gain of the basic amplifier has a sensitivity to temperature of 10%.
What is the sensitivity of the closed-loop gain (with feedback) to tempera-
ture?

4.2 A feedback amplifier is to have a closed-loop gain of 30dB and a sensitivity
of 2% with respect to gain variations in the basic amplifier. What open-loop
gain, a, of the basic amplifier is required? Determine the loop gain, 7.

4.3 A feedback amplifier has a low-frequency open-loop gain, a,, of 10* and
an open-loop unity-gain frequency, fr, of 100 MHz. The basic amplifier can
be characterized by a single-pole response. With feedback, the amplifier
is to have a — 3-dB bandwidth of 2 MHz. Determine the required feedback
factor, f, and the resulting low-frequency, closed-loop gain, A,, of the
amplifier.

4.4 In the feedback amplifier of Fig. 4-52, the transistor bias currents are
Iy =500 wA and I, = 1.2 mA. Determine the closed-loop gain, v, /v,, and the

OV g

— bias currents
Ic1= 500 pA
[co=12mA

Figure 4-52 Feedback amplifier for Problem 4.4.
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+ 10V
1 mA
Q2
M 4
+
Vi —0 Vg
- 1 kQ
+

Figure 4-53 BiCMOS buffer for Problem 4.5.

closed-loop input, R;, and output, R, resistances. Neglect the Early effect
for both transistors.

4.5 The BiCMOS buffer of Fig. 4-53 has a low output resistance due to the
feedback provided by the 1-k() resistance.
(a) Determine the quiescent bias drain current of M,, the collector current
of Q,, and the output voltage, V,. For M,;, W/L = 50. The 1-mA bias current
source may be assumed to be ideal and the Early effect for both transistors
can be neglected.
(b) Determine the closed-loop, small-signal, low-frequency voltage gain,
v,/v;, and the output resistance of the buffer.

4.6 In the buffered feedback amplifier of Fig. 4-54, Q; removes feedback
loading at the output. Show that

V(,_ _RF 1

v, Ry 1+R;/GyR*R,

RE Qg

Figure 4-54 Buffered feedback amplifier for Problem 4.6.
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Vo
Rp1 Rp2 <— R,
- Vo
]
+ M2
VS

M1 'V\,-

Figure 4-55 NMOS feedback amplifier for Problem 4.7.

where

Em2

Gy =—2°m
Y 2+ gmRe

and
R* = Rg”RF”[B| (2".,,2 + BZRE)]

4.7 In the feedback amplifier of Fig. 4-55, determine expressions for the
open-loop gain, a, the closed-loop gain, v,/v,, and the output resistance, R,.
Assume the MOSFETs are operating in saturation and neglect r,.

4.8 For the feedback amplifier shown in Fig. 4-56, calculate the closed-loop
gain, v, /v,, the loop gain, 7, and the input and output resistance. For the

+6 V

16 kQ »
N

6V
Figure 4-56 Feedback amplifier for Problem 4.8.
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RF <+—Ro

Figure 4-57 Amplifier circuit for Problem 4.10.

transistors, take |Vgg o = 0.8 V and V, = . Assume the quiescent output
voltage is zero.

4.9 Show that the open-loop gain of the amplifier in Fig. 4-26 is given by
Eq. (4-134).

4.10 In the analysis of the feedback amplifier of Fig. 4-57, r, of the transistor
may be neglected.
(a) Show that the open-loop gain is given by

_ gn(RAlIr) (RAIRY)
R+ (Rfllr,)

Vo
aq=—=
VS

(b) Excluding the source and load resistances, show that the closed-loop
input and output resistances are given by

Rio
R, =
1 + a(l + Ria/RS)f
and
ROO
R, =
1+a(l+R,/R)f
where
R;
R, = (R¢llry), R,, = Rp, and f=-—
Rp

4.11 A transimpedance amplifier employing shunt-current feedback is shown
in Fig. 4-58.
(a) Determine the quiescent (I, = 0) collector currents for the transistors
and the output voltage, V,. For the transistors, take Vggon = 0.75V and
neglect the Early effect.
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7.5 kQ 200 Q

Figure 4-58 Transimpedance amplifier for Problem 4.11.

(b) Determine the open-loop gain a = i, /i,, the closed-loop gain v,/i;, and
the closed-loop input resistance, R,.
(c) Check your results in (b) using SPICE (or similar) circuit simulation.

4.12 For the CMOS feedback amplifier shown in Fig. 4-59, determine the
open-loop gain, a =v,/v,, the closed-loop voltage gain, and the closed-
loop output resistance. Use the transistor parameters given at the begin-
ning of the problem section except for M,, which has a channel width/
length ratio W/L = 60.

+5

200 uAC‘D M3 |——|r_JM4
”: :AV/7L = 60

+ _l M M2 —° Vo

I
1L

i
j:l’

s

5V

Figure 4-59 CMOS amplifier for Problem 4.12.
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Figure 4-60 Voltage regulator circuit for Problem 4.13.

4.13 Figure 4-60 shows a voltage regulator circuit; its purpose is to deliver a
constant (regulated) voltage from a power supply which may vary in
value. Additionally, the output voltage, V,, should remain constant with
changes in the load, R;. The circuit functions as a feedback amplifier
which forces the voltage at the base of Q, (the inverting input of the
differential amplifier) to be equal to the reference voltage connected at
the noninverting input of the amplifier. The voltage divider provided by
the feedback sampling resistors then gives V, = (1 + Rp/Rg) V.

(a) The loading of the feedback network may be neglected in comparison
with R;. Show that the open-loop gain, depicting the gain between the
base of Q, and the output, is given approximately by

a= qll 3 Via Vas BF5 BFS V.,
2kT \I, V4 + Vyy I,

(b) To maintain good regulation with respect to changes in the load, the
regulator should have a very low output resistance. Again neglecting the
loading effect of the feedback network, and assuming that the loop gain
T is much larger than unity, show that the closed-loop output resistance
of the regulator, including R, is given by

_ Foa Vo
aVref(l + roan/Vo)

o

where r,, is the open-loop output resistance of the amplifier, given by

__ WeVa T
BrsBreli (Vaz + Vas) i,

Foa
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2 kQ
% !
Q <R
100 Q| 2 o
+ ' 01 I N
- ﬁf 100 QS Vo

Vg Ri-:—’ _-

= 1 (bias) = 10 mA

Figure 4-61 Cascode feedback amplifier for Problem 4.14.

(c) The change in output voltage resulting from a change in load current
is determined by AV, = AI,R,. The load regulation is defined as

. _R,
vV, 'V,
Determine the load regulation for the circuit of Fig. 4-60 for a change
in output current of 100 mA in which V,=10V and I,= 10mA.

Load regulation = Al,

Determine the closed-loop voltage gain, input resistance, and output
resistance of the cascode feedback amplifier shown in Fig. 4-61. The
transistors are each biased at 10mA and their output resistances, r,, may
be neglected.

Figure 4-62 shows the NE5205 used as a high-frequency amplifier. The
dc blocking capacitors, Cs and C;, may be assumed large such that they
have zero impedance at the frequencies used by the amplifier.

(a) Calculate the quiescent bias collector currents of all transistors in the
amplifier as well as the quiescent voltage at the collectors of Q, and Q.
You may neglect the Early voltage for the transistors and take
Viewm =0.75 V.

(b) Determine the closed-loop voltage gain, v, /v, as well as the input (R;)
and output (R,) resistances, as indicated in the figure.

(c) Check your results in (a) and (b) using SPICE circuit simulation.

Verify Eq. (4-226) for the closed-loop phase of a feedback amplifier.

An amplifier has a low-frequency gain of 60dB (1000) and a frequency
response with three negative real poles at — 100kHz, — 1MHz, and
— 10MHz.

(a) This amplifier is to be connected in a feedback loop with f= constant
and a low-frequency closed-loop gain of 40dB (100). Determine the
bandwidth f,, the phase margin ¢,,, and the amount of gain peaking at f,,.
(b) Repeat (a) for a closed-loop gain of 20dB (10).
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RL; 200 Q

650 Q $RC a; N .
A’l <R,

o
Qg CL +
Q2 500 Vo
Rbias S140 Q )

RS 120

Qg

Figure 4-62 NES5205 amplifier circuit for Problem 4.15.

The amplifier of Problem 4.17 is to be unity-gain compensated with a
phase margin of 45°.

(a) If compensation is to be achieved by adding a dominant-pole, calcu-
late the required dominant-pole frequency p, and the resulting bandwidth
frc, assuming that the original poles of the amplifier remain fixed.

(b) If compensation is to be achieved by moving the dominant pole of
the amplifier to a lower frequency, calculate the new dominant pole
frequency p and the bandwidth f;- assuming that the other two amplifier
poles remain fixed.

The operational amplifier shown in Fig. 4-63 is to be compensated using
a pole-splitting capacitor C.. Before compensation, the gain response has
three negative real poles at — 1 MHz, —4MHz, and — 12MHz. As a
result of pole splitting, the second pole (at —4MHz) is moved out well
beyond —200MHz so as to make it negligible. Assume that the third
pole (at — 12MHz) is unaffected by the compensation.

Determine the value of compensation capacitance required to achieve a
phase margin of 55° in a unity-gain feedback connection. Calculate also
the unity-gain bandwidth fr.. The low-frequency, open-loop gain of the
amplifier is 80dB (10,000). The resistance measured at the input to the
second gain stage (Qs, Q) is 100k{), and the resistance measured at its
output is 50k{}.
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Figure 4-63 Operational amplifier circuit for Problem 4.19.

+5V

R T pp—__p

—W—jH

Rz 2pF

M J:l| L= ll:; Mg
6 ' 'I—>JM5 I WL =5

5V
Figure 4-64 Circuit for Problem 4.20.

4.20 In the CMOS operational amplifier shown in Fig. 4-64, resistor R is used
in conjunction with the 2-pF compensation capacitor to move the zero to
infinity. The amplifier itself can be characterized as having a capacitance
of 0.5 pF at the output of the input stage (from the drain of M, to ground)
and a capacitance of 0.5 pF at the output (from the drain of M; to ground).
(a) Determine the value of the resistance R; needed to move the zero to

infinity. Use the transistor parameters given at the b

eginning of the

problem section except for Mg which has a channel width/length ratio

W/L=5.
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Mg I——Il‘_J|M4 |- Il::IM7

Mg

5

Figure 4-65 MOSFET resistor for Problem 4.22.

(b) Calculate the open-loop voltage gain a, the — 3-dB bandwidth f,, and
the unity-gain frequency frc.

(c) Compare your results in (b) with a SPICE circuit simulation. Also,
simulate the circuit with R; set to zero to show the effect of the zero on
the phase margin of the amplifier.

In the CMOS amplifier of Fig. 4-64, a load capacitance C; is connected
at the output.

(a) Determine the largest value for C; for which the amplifier maintains a
phase margin of 45°. Assume that the conditions stated in Problem 4.20
apply.

(b) Using the value for C; determined in (a), simulate the circuit using
SPICE to verify the phase margin.

In Fig. 4-65 (which shows a portion of the CMOS amplifier of Fig. 4-64),
transistor My is used in place of the zero compensation resistor Rz. Deter-
mine the required channel width /length ratio (W/L), of My such that its
resistance is equal to that required to move the zero to infinity.

The ac schematic of a fixed-gain feedback amplifier is given in Fig. 4-66.

Cr I—I
20 kQ o

Q14 *
5 kQ Vo
ig -

Figure 4-66 Fixed-gain amplifier circuit for Problem 4.23.
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Determine the value of the feedback capacitance Cr needed to cancel the
dominant pole of the amplifier. The transistors are biased at collector
currents of 1 mA, which gives a value for C, of 2pF for each transistor.
The value of C, is small such that it can be neglected. Additionally, r,
may be neglected. Determine the closed-loop gain, v,/i,, of the amplifier
as well as the — 3 dB bandwidth with the value of C; determined above.
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Chapter 5

Translinear Circuits

Translinear circuits form a class of circuits which exploit the linear relation-
ship between the transconductance of a transistor and its voltage or current.
These circuits were originally developed with integrated bipolar transistors [1],
but more recently, have included integrated MOSFET devices as well [2].
Applications of translinear circuits include (1) wideband current amplifiers, (2)
analog multiplier /divider circuits, (3) root-mean-square (rms) conversion cir-
cuits, (4) sine/cosine generation circuits, and (5) other signal processing cir-
cuits, to name a few.

In this chapter, we present the translinear circuit principle as it applies to
bipolar and MOS circuits. Several types of translinear circuits are also dis-
cussed.

5.1 Translinear Circuit Classes

There are two classes of translinear circuits which relate the transconductance
of a transistor to either its current or voltage:

Transconductance Linear with Current

A transistor whose transconductance varies linearly with its current has

dl
=—_=qal 5-1
8m 4V a (5-1

where a is a constant (with respect to I or V). Integrating gives
1= be"" (5-2)

where b is another constant.
Equation (5-2) describes the I—Vyg characteristic for a bipolar transistor. It is
observed that the transconductance of a bipolar transistor varies linearly with

E. W. Greeneich, Analog Integrated Circuits 295
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I, ‘12

Q4 Qp

A1 A2

Figure 5-1 Simple translinear circuit.

its collector current and that this relationship is maintained over a wide range
(many orders of magnitude) in current. This property, as we shall see, when
applied to circuits containing loops of base-emitter junctions and which have
inputs and outputs consisting of currents allows precise linear and nonlinear
signal processing functions to be implemented.

An example of a simple translinear circuit is shown in Fig. 5-1; the reader
will recognize this circuit as a basic current mirror. Here, however, we will
view the circuit in a slightly different context. The base-emitter voltages of
the two transistors are

kT I, kT I, )
Vi =— In|——|=—In (5-3)
! q (JSIAI) q (JSIAI
and
kT I,
Vor=—1 5-4
be2 g n(JszAz) (5-4)

where Jg, , and A, , are the saturation current densities and emitter areas of tran-
sistors Q, and Q,, respectively. In the right-hand term of Eq. (5-3), we have
neglected base currents and approximated /., by the current source /,. Assuming
identical transistors (except for emitter areas), Jg, = Js,, and noting that Vi, = V..,
Eqgs. (5-3) and (5-4) give

IL,=—1I, (5-5)

The remarkable thing is that this relationship is independent of temperature,
and the specific values of Jg, I, and I, over the range in which the transconduc-
tance (g,,) remains linear with current; for a bipolar transistor, this covers about
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Figure 5-2 Two-input translinear circuit.

six decades in current and several hundred degrees Celsius. In the circuit of
Fig. 5-1, current source I, may be viewed as an input signal and I, as an output;
this circuit functions then as a current amplifier, with a gain equal to A,/A,.
Figure 5-2 shows another translinear circuit; here I, and I, are input currents
and the output is taken as the collector current of Q,, I,. We will neglect base
currents and assume that the four transistors are identical. Summing the base-
emitter voltages around the closed-loop containing Q,, Q,, Qs, and Q, gives

Voer T Vier = Vies T Vies (5-6)

Substituting for the base-emitter voltages yields

kT I, kT (1, kT [1,
2—1In (—) =—1In (——) +—1In (——) (5-7)
q I q Ig q Ig
from which
L
I,=— (5-8)

which again, over a wide range, is independent of temperature, the value of I,
or the magnitudes of signals I, and I,.

Translinear Circuit Principle
Consider a closed-loop containing an even number of forward-biased base-

emitter junctions, half arranged with clockwise polarities and half arranged
with counterclockwise polarities, such as illustrated in Fig. 5-3. Arbitrary
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input current
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e e
— /X 4

i PP

Figure 5-3 Translinear loop containing bipolar transistors.

current sources are shown connected as inputs and outputs are taken as col-
lector currents. Summing the base-emitter voltages around the loop gives

N
D V=0 or > Vig= > Vi (5-9)
Jj=1 CW CCW
where
kT I
q \AjJs

Substituting Eq. (5-10) into Eq. (5-9) and assuming identical transistors, except
for emitter areas, yields

kT Iq' kT ch
> —ln(A )= > —ln(T) (5-11)

cow 4 j ccw 49 j

which can be written as

L\ 1 )
IRy 12

J
Noting that /,;/A; equals the collector-current density, Eq. (5-12) expresses the
translinear circuit principle for bipolar transistors: The product of the current
densities in a clockwise direction equals the product of current densities in a
counterclockwise direction [1].
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Vee

Figure 5-4 Translinear circuit illustrating clockwise and counterclockwise polar-
ities.

The translinear circuit of Fig. 5-2 is repeated in Fig. 5-4 to illustrate analysis
using the translinear circuit principle. Transistors Q; and Q, have clockwise
base-emitter polarities and transistors Q, and Q, have counterclockwise polar-
ities. With identical emitter areas, we have

5]

I
LI,=11 = 1":T (5-13)

<=

Figure 5-5 shows another example of a translinear circuit having two inputs;
the bidirectional arrow on the I, input current indicates that it may flow in

IO‘ + Ly

Q1\L — I/O4
MNP e 4
x [ T
B s
'2"“‘: ~“‘ - 11X :"
AN
o oo L.~ Q
—.er 5
+ 1X +
Q, . 2X
—— -

Figure 5-5 Another example of a translinear circuit.



300 Chapter 5 - Translinear Circuits

either direction. Input /, may flow only in the direction indicated. The 1X and
2X notations indicate relative emitter areas for the transistors. Applying the
translinear principle to loop 1 containing transistors Q;, Q,, Q,, and Qs yields

I, 1 I, 1
el _ vy (5-14)
1 1 22
and for loop 2 comprising Q, and Q;,
I, .
cl — 3 (5_15)

1 1

Taking I, to be a positive quantity when flowing into the circuit, summing the
currents at the x input (neglecting base currents) gives

Ian=1,+1, (5-16)
At the output,
I,=1,+1, (5-17)
Substituting Eq. (5-15) into Eq. (5-17) and combining with Eq. (5-16) yields
. =£J2’—I and I,= 1";1‘ (5-18)
which, using Eq. (5-14), gives
L,=[C+T (5-19)

This circuit forms a vector magnitude.

Gilbert [1] classifies translinear loops according to the arrangement of base-
emitter junctions. In Fig. 5-6(a), the translinear loop contains junctions ar-
ranged with alternating polarities, and in Fig. 5-6(b), the arrangement is bal-
anced. Both circuits have the same translinear response, namely

L (5-20)

There is a difference, however, with respect to B sensitivity as it relates to
base current. Consider currents I, and I, to be inputs and the collector currents
of Q3 and Q, to be outputs. Then for equal emitter areas,

1, 1

2L (5-21)

Iy I,
In the balanced arrangement, the base currents of Q; and Q, are dependent on
the emitter currents of Q, and Q,, and hence on the input currents /, and /,. The
relationship in Eq. (5-21) is thereby sensitive to B,. In the alternate arrange-
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A

(a)

(b)

Figure 5-6 (a) Translinear loop with alternating polarities. (b) Loop in which the
polarities are balanced.

ment, the base currents of Q; and Q, are not dependent on /; and I, and thus the
relationship is, to first order, independent of Br.

Translinear Loops with Voltage Sources

Consider a translinear circuit with a voltage source V; inserted into the loop.
Taking V, to be positive for a clockwise sense, summation of the voltages
around the loop gives

S Vet Vo= > Vig (5-22)
CcwW CcCw
Substituting for V. gives

1, qV. I;
In g )+ =In (—L) (5-23)
L] (AjJS a2

CcCcw
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ST

01 02

* I bias

Figure 5-7 Differential pair as a translinear loop.

from which

i
Ccw Aj —  —qVskT

oA, (5-24)
Clc_vlv (Ai)

The differential pair shown in Fig. 5-7 may be analyzed as a translinear loop
containing a voltage source. From Eq. (5-24), we have directly

I v (5-25)
I,

Transconductance Linear with Voltage

A transistor whose transconductance varies linearly with its voltage has

dl
=—=aV 5-26
gn =" =4 (5-26)
where a is a constant (with respect to  or V).
Integrating gives

1
I= Eav2 +b (5-27)

where b is another constant.

Equation (5-27) describes the I, — Vs characteristic for a MOSFET operating
in saturation. Like the bipolar counterpart, circuits containing loops of gate-
source junctions of MOSFETs operate in a translinear fashion. The range in
current over which the transconductance remains linear with voltage is con-
siderably less than with bipolar transistors. None the less, useful MOSFET
translinear circuits have been produced.
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N+ ¥
_1v- v

wmv

Figure 5-8 Translinear loop containing MOS transistors.

Translinear Circuit Principle

Figure 5-8 illustrates a loop of MOSFET junctions comprising an equal numb-
er of clockwise and counterclockwise polarities. Summing the gate-source
voltages around the loop gives

Z Ve = Z Ve (5-28)
CcwW CCW
with
1y
Vi = Vi + (5-29)
& T K (WL,
where
pCox
K=t
Thus,
Idj Idj )
Vo + | ——— | = Vo + (5_30)
CZW( " K,-(W/L») Zw( ™K, (WIL),

For matched devices, the threshold voltage terms cancel, and thereby the K;
terms. The translinear principle for MOSFETS then becomes

I(Ij
Z /L)J =2 (WIL); (>-31)

ccw
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I
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(4X)
N
(4X) M

Figure 5-9 Translinear MOSFET circuit.

which states: The sum of the square-root currents per unit aspect ratio in a
clockwise direction equals the sum of the square-root currents per unit aspect
ratio in a counterclockwise direction [2].

A MOSFET translinear circuit is shown in Fig. 5-9; the (4X) notation on
transistors M, and M, indicate that their channel/length ratios (W/L) are four
times that of the other transistors. Application of Eq. (5-31) to the loop
containing transistors M, M,, M3, and M, yields

Mo | e 1a /ﬁ (5-32)
4 4 1 1

Here, Iy =1, =1,. Also, I,4,=1,5+1,=1;, and I, = I;; + I ;5. Combining these
relations into Eq. (5-32) results in

I _ [L+1 J I,-1,
= + 5-33
2 4\ 2 2 (5-33)
which solved for I, yields
s
I,= L+ 1, (5-34)

21,
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Figure 5-10 Vector magnitude circuit.
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In this section, several translinear circuits used to implement analog functions
are presented. These circuits have application in a variety of signal processing

systems.

Vector Magnitude

Figure 5-10 shows a bipolar translinear circuit which implements a vector
magnitude function. This version is preferred over the circuit illustrated in
Fig. 5-5 in that the circuit symmetry tends to cancel degradations caused
by parasitic base and emitter resistances of the transistors [3]. The trans-
linear principle applied to the loop containing transistors Q;, Q,, Qs, and Q4

gives
Ialy=1,1,=1

where I s =1,
For the loop containing Q;, Qs, Qg, and Q,
Isls=16l,=1
For Q4 and Qs,
I,+1s=1,

Combining Egs. (5-35) and (5-36) into Eq. (5-37) then gives

I,=|C+TI,

(5-35)

(5-36)

(5-37)

(5-38)
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Q3 Q4 '

1
v+ i Vx
X R1 Rt

Figure 5-11 Voltage-to-current converter circuit.

The vector magnitude circuit of Fig. 5-10 operates in a current mode; input
signals, as well as the output, are currents. For the circuit to operate with
voltage signals, voltage-to-current converter circuits can be placed at the inputs
and a current-to-voltage converter circuit can be placed at the output.

Figure 5-11 illustrates a circuit that functions well as a voltage-to-current
converter. In the circuit, Q, and Q, form a current mirror which, due to their
equal base-emitter voltages, have the same collector currents. These current
are reflected in the collector currents of Q; and Q,, causing them to have the
same base-emitter voltages; the voltage at the emitter of Q, is thereby equal to
the input voltage V, at the emitter of Q;. The emitter current of Q, is thus equal
to V./R,, which is then (neglecting base currents) equal to the collector current
of Q.. This current is mirrored by Qs giving an output current that is propor-
tional to the input voltage. This circuit derives from a general form of this
configuration called a current conveyor [4].

The circuit of Fig. 5-10, combined with voltage/current converter circuits,
results in the voltage-mode vector magnitude circuit shown in Fig. 5-12. In the
circuit, the current mirror provided by Q, and Q, converts the output current to
an output voltage V, =R, [,. Thus,

R
V=R VRV S VAV e R=R 539)

1
Two-Quadrant Squarer

Circuits that provide an output proportional to the square of the input find
application in power measurement and high-frequency, radio-frequency (RF)
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Figure 5-12  Practical embodiment of a voltage-mode vector magnitude circuit.

detection. Figure 5-13 shows a translinear circuit that functions as a two-
quadrant squarer. From the loop containing transistors Q;, Q,, Q4, and Qs,

Ll _Lals 540

Neglecting base currents and taking I, positive entering the input node,

In=L+1,=1; and I,=1lys— I3 (5-41)
which combine to give
Iias+lx Iias_lx
I,= "—2— and I,= —"2— (5-42)

Figure 5-13 Two-quadrant squarer circuit.
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gl }I‘J ' }I‘J

I pias

Figure 5-14 CMOS version of the two-quadrant squarer.

Now, I.4 = Iy, and I.s = I;,, — I,. These relations, combined with Eq. (5-42) into
Eq. (5-40), yields
12

I bias

1,= (5-43)

A CMOS version of the two-quadrant squarer is shown in Fig. 5-14; tran-
sistors Ms, Mg, M5, and M, implement the I, sources. It is left as an exercise for
the reader to show that this circuit gives

L
l,=—— (5-44)
81 bias

Absolute Value

Circuits which provide an output that is proportional to the absolute value of
an input signal find application as RF detectors. The vector magnitude circuit
of Fig. 5-5 would function as an absolute-value circuit if signal /, is made zero;
transistors Q, and Qs would thereby not be needed. Such a circuit, although
functional, would suffer from errors caused by base current.

An improved absolute-value circuit is shown in Fig. 5-15. In this circuit, the
current source comprising transistors Q, and Q; forward biases the two series
diodes, formed by Qg and Q,; the voltage at the base of Q, is then equal to 2V..
As a consequence of this bias arrangement, the Darlington pair, transistors Q,,
Q4. and transistor Q, will not conduct at the same time. For I, positive (entering
the circuit), the Darlington pair is off and current I, flows through transistor
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Figure 5-15 Absolute-value circuit.

Q, which is part of a Wilson current source comprising transistors Q,, Qs, and
Qs. The output current is then given from Eq. (2-24) as

2

2
T ) z"‘(l —E> G4

IO=IX[1

For I, negative, the Wilson current source is off and the output current flows
through transistors Q, and Q,. It is easily shown that

1

L=L|1—-
BE+ 2B +2

1
=~ I,(l - ?) (5-46)

F

To a high degree of accuracy, the circuit gives
1,= 1Ll (5-47)

The only real problem with this circuit is the switching on and off of the
transistors as I, changes polarity; thus, 1, is not continuous as I, crosses zero.
This can induce switching noise in the circuit. Nonetheless, the circuit func-
tions well, as illustrated by the simulation shown in Fig. 5-16.

Analog Multipliers

Analog muitiplier circuits produce an output that is proportional to the product
of two input signals; they find wide application in communications circuits,
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Figure 5-16 Simulation of the absolute-value circuit.

such as mixers, balanced modulators, and phase detectors. The Gilbert multi-
plier cell, illustrated in Fig. 5-17, forms the basis of many multiplier circuits
[5].

The Gilbert cell consists of two cross-coupled differential pairs (Q,, Q, and
Q;, Qu), fed serially by a third differential pair (Qs, Qs); the x-input signal is

IC1+[03¢ *I c2+lcq

N “—K‘l " 93 Q4
Vx

(@ bias

Figure 5-17 Gilbert multiplier cell.
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applied to the upper differential pairs and the y-input signal is applied to the
lower differential pair. The output is taken differentially at the collectors of
the cross-coupled pairs, expressed as

L=Ua+1s)—Uat 1) =Ua—1o) = Ua—1s) (5-48)

As expressed by the right-hand term in Eq. (5-48), the output is equal to the
difference in the differential collector currents of the two upper differential
pairs. The differential output current of a single pair is given by Eq. (2-233)

%
I, — I, = Iy tanh (gk;f) (5-49)

where base currents have been neglected; V,, is the differential input voltage.
Applying Eq. (5-49) to Eq. (5-48) gives

qVs
I,=(s— 5-50
o ( c5 Ic6) tanh (ZkT) ( )

Substituting for the differential current of the lower differential pair, Eq. (5-50)
becomes

qu qu
I, = I, tanh |12 AL 551
o~ Mo fAN (ZkT)tanh(ZkT) (5-5D

The product is nonlinear in V, and V,. If, however, the amplitudes of the signais
are much smaller than the thermal voltage, kT /g, then the fanh functions are
approximately linear, giving
q 2
I, =|—=| L, V.V 5-52
To remove this restriction on the signal amplitudes, the input signals can be

preprocessed to compensate for the fanh nonlinearity. In this regard, consider
the circuit shown in Fig. 5-18. Here, the modulation parameter x in the current

Av

(1-x)I (1+x)1

Figure 5-18 Inverse hyperbolic tangent conversion.
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Figure 5-19 Linearized multiplier.

sources represents an input signal; its value can vary between —1 and + 1.
The voltage difference between the emitters of the two transistors is given by

kT (14
AV= Vi — Vi, = —ln( x) (5-53)
q 1—x
Applying the trigonometric identity
1 1+
tanh ™ 'x = = In [—— (5-54)
2 I—x

shows that the circuit in Fig. 5-18 can be used to compensate for the tanh
nonlinearity of the differential pairs in the multiplier circuit. This compensa-
tion needs to be applied only to the x input; because (Fig. 5-17) I.s — I ¢ varies
as tanh (V,), the lower differential pair (Qs, Q) can be eliminated if the y inputs
are supplied as currents. Such a linearized multiplier circuit is shown in Fig.
5-19. In the circuit, the x and y signals are proportional to the input voltage
signals: x = K, V, and y = K, V,. The output current (I, + I.3) — (I, + I4) is given by

IL=[1+y1,—1 —y)lv]tanh(%) (5-55)

which, using Egs. (5-53) and (5-54), results in
1,=2L,xy=Q2K.K,I)V,V, (5-56)

For the multiplier to function with voltage signals, a differential voltage-to-
current converter is needed at the inputs. Two methods are commonly em-
ployed: diode linearization and emitter degeneration.
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Figure 5-20 Diode linearization.

Diode Linearization

Connecting forward-biased diodes at the inputs of a differential pair results in
currents that are linearly proportional to input voltages, similar to that em-
ployed in the transconductance amplifier (see Fig. 3-35). Consider the circuit
shown in Fig. 5-20. The translinear loop comprising transistors Q,—Q, provides

Ionly=1,1; (5-57)
Neglecting base currents, we have
I+ 1,=2I, Iy=lyti, and [4=1Iy,—i (5-58)
Combining Egs. (5-57) and (5-58) gives

161=(1+ ! )IE

Ibias
and
I,= (1 -t )IE (5-59)
Ibias
Summing the voltages at the input,
V=iR + Vbe] - VbeZ + iR (5'60)

Now, if Iy, R>> kT/q, then the differences in the base-emitter voltages of
transistors Q, and Q, will be small in comparison to iR, giving i =v/2R. Thus,

I, = (1 +ﬁ)h= A+
and

1%
IR
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Figure 5-21 Two forms of linearization by emitter degeneration.

where x = V /21, R. The two collector currents are now linearly proportional to
the input voltage V.

Emitter Degeneration

Placing resistors in the emitter circuit of a differential pair can linearize the
response; the resistors provide emitter degeneration and two alternate forms
are shown in Fig. 5-21. For the circuit in Fig. 5-21(a), summing the voltages
around the base-emitter loop yields

V= Vbel + 1(.| R— IczR - VbeZ (5'62)

where base currents have been neglected. If Iz R>>> kT/q, then the two base-
emitter voltages in Eq. (5-62) can be assumed to be approximately equal; they
thereby cancel, giving I, — 1, = V/R. Also, I, + I, = 2I;. Combining these
relations with Eq. (5-62) gives
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Figure 5-22 Four-quadrant analog multiplier (MC-1495 type).

and

1%
I,= (1 ZIER)IE_ L X (5-63)
where x = V/2I:R.

The version shown in Fig. 5-21(b) gives the same result [Eq. (5-63)];
however, it has a voltage range that is about 2V}, less than that using the version
in Fig. 5-21(a).

A simplified schematic of a commercial four-quadrant analog multiplier
circuit is shown in Fig. 5-22; it utilizes the second version of emitter degen-
eration [Fig. 5-21(b)] for linearization. The output voltage V;=1,R; = 2IyR;xy,
which, using Eqs. (5-52) and (5-63), results in

2R,
IxRxRy

V.V, (5-64)

z

Resistors Ry, Ry, and R, are connected externally, usually chosen such that
2R;/IxRyRy=0.1, giving V;=0.1V,V,. With = 15-V power supplies, this allows
inputs in excess of = 10 V to be used. Simulation of the circuit in Fig. 5-22
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Figure 5-23 Simulation of the multiplier circuit of Fig. 5-22.

is shown in Fig. 5-23. In the circuit, Iy=1Iy=1mA, Rx=Ry=15k(), and
R;=11.25kQ.

MOS Four-Quadrant Multiplier

The MOS version of the Gilbert multiplier cell is shown in Fig. 5-24 [6]. As
with the bipolar transistor version, the output is taken differentially as

L=Un+1p)—Up+1u)=Un— 1) — Tu—1s) (5-65)

The differential output current of a single differential pair is given by Eq.

(2-243),
w [ 21
Iy—Ip= K(T) Vi K(TSjL) -V (5-66)

where K = n,C,, /2 and V), is the differential input voltage, with a range given by

_ ISS ISS ~
V K(W/L) <Ve< K(W/L) -67)
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Figure 5-24 MOS Gilbert multiplier cell.

The output current is thus

W 21(15 2 W 21(16 2
L=K|—|V,|—=% v —kg|=|v,|—=%_—Vv? (568
( L ) kWi " ( L ) K(WIL) (5-68)

Substituting for 1,5 and 14 gives

w ias 21y
Io =K|— VX \/ Iblas + Vy bias _ Vf _ Vf
L KWIL)  VKWIL)
Ihias 21bias 2 2 }
- -V, -V, =V 5-69
\/ KWI/L) "V K(W/L) Y ( )

which, after some manipulation, can be rewritten in the following form:
. 2 2
=[Py, J A
KW/IL)y 2 \/E

L
. 2 2
- \/ ( L ) ) -V (5-70)

KWIL) 2
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Here, the output current is nonlinear in V, and V,, in which both inputs interact.
Thus, the inputs cannot be predistorted to compensate for the nonlinearity as
was done with the bipolar multiplier circuit. However, if the magnitudes of

the inputs are kept small with respect to | I, K (W/L), Eq. (5-70) simplifies to
w Toias 2 . Vi,

L=k L)y, |t Ve Vo (] T V0 =
L K(W/L) 2 ﬁ KWI/L) 2 J2

= ﬁK(%) V.V, (5-71)

which is linear in V, and V,; typically, the inputs are limited to about *0.5 V
before significant nonlinearity appears.

Linearization
Consider the differential pair shown in Fig. 5-25 wherein a component pro-

portional to the square of the differential input voltage is added to the com-
mon-source bias current. Here,

L K(WIL 2y
[, = Toes  KWIL) | 2,
2 2 K(WIL)

and
Ibias K ( W/L) 21bia5
Ip=-"2%_ V| 5-72
) 2 K(WIL) (5-72)
Thus,
w 2y \/ 4
Iy —Ip=K|—|V == = 2K\l V 5-73
aiae (L) \/K(W/L) (L) b (5-73)

Id1¢ *I d2
o—]

+
v M 4 M,

- o—
CP I bias + K(V;I/ D v2

Figure 5-25 MOSFET linearization.
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Figure 5-26 Linearized MOS Gilbert multiplier cell.

The differential output current is thus linearly proportional to V. This lineariz-
ation applied to the MOS Gilbert cell in Fig. 5-26 gives

IozK(*‘“i)Vx|: L_ﬁ_*_ VV _ Ibias _‘L)Zv_ Vy)‘|
L KW/IL) 2 2 K(W/L) 2 2
B 5K(lLV’) ViV, (5-74)

The linear range has now been increased to

_ bias < Vx , < bias (5_75)
\ K(W/L) Y SV K(WIL)

which implies that a small channel width—channel length ratio (W/L) is desired
for a large input range; V), is equal to this range, however. Thus, V, needs to
have a large common-mode component relative to the differential-mode com-
ponent to keep transistors M;~M, and Ms—M, operating in the saturation region.
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Figure 5-27 Folded CMOS Gilbert cell.

Using a folded CMOS Gilbert cell structure, shown in Fig. 5-27, allows a
smaller common-mode voltage to be used. For this circuit,

1(,=KN(—“—/) V{\/M_Vf_\/M_Vijl (5-76)
N

L Ky(W/L)y Ky(W/L)y
where
I ias I ias
Id5 — bias KP(W/L)P Vy 2 b _ V%
2 2 V Kp(W/L)p
and

Lyos . Kp(W/L)p 2l ias 2
I = + Vy - VV 5'77
D) 2 “WK,(W/L), (5-77)

Substituting for I,;5 and I into Eq. (5-76) results in

4 . : )\
Lok { \/ 7
Ly Ky(W/L)y \N Kp(W/L)p 2 ‘/5

2 2
B \/ K7 (WIL), ( \/ b Vi _ V) B 4 5.78)
KvWILy \VK,(WIL), 2 2
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V. can now have a smaller common-mode component relative to its differential-
mode component. The V- nonlinearity can be removed by adding a component
Ky(W/L)y Vf /2 to the x-input differential-pair bias currents, as was done in Fig.
5-26, giving

1,=2Kx(WIL)yK»(WIL)» V.V, (5-79)
Linearization Implementation

The two circuits shown in Fig. 5-28 can be used to implement the MOS
linearization scheme. Consider first the circuit of Fig. 5-28(a), in which input
V. contains a common-mode component V.. The output current is

w V. 2 w V, 2
IL,=14+1,=Ky (T)N(ch + -5~ Vm) + KN(T)N (ch 5 VTN)

w

Ky(W/L
=2Ky (*) Vo= Vi + 0Dy
N

3 : (5-80)

L

Vbop

ﬁr——ﬁvo
o jflj

Vbbp

[

:“‘_TAE Pj

(b)
Figure 5-28 Linearization circuits for the MOS multiplier.

*1 bias
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The first term on the right-hand side of Eq. (5-80) represents the bias current
due to the common-mode voltage, V.., and the second term represents the
linearization component. The common-mode component can be implemented
by the circuit of Fig. 5-28(b) in which

Lo =1y + 1, =2Ky(WL)y(V,, — VTN)2 (5-81)

A complete analog CMOS multiplier circuit using the linearization circuits
of Fig. 5-28 is shown in Fig. 5-29. Transistors M,—M, comprise the folded
multiplier cell in which the bias current of the y-input differential pair (M5, Mg)
is biased by the common-mode voltage. This current, mirrored in M,; and M,
is also used to bias the two source follower transistors, M,; and M, used to level
shift the x input. The output voltage is developed across the load resistors,
resulting in

Vo=V2Ky(WIL)vKp(WL)p Rp V.V, (5-82)

5.3 Trigonometric Functions with Translinear Circuits

Circuits which implement trigonometric functions, that is circuits which pro-
duce an output proportional to a trigonometric function of an input, find
application in signal processing, servo-control systems, and signal generation.
Among the most useful are circuits which generate sine and cosine functions.

Consider the translinear circuit shown in Fig. 5-30. The translinear principle
applied to the base-emitter loop gives

Iolgls =111 (5-83)
Then ignoring base currents,
[(1 = %) Ty T = [(1 + ) Tyias)* L (5-84)
Combining Eq. (5-84) with I, + I, = 21, gives

(1—x)? (1 + x)?
1c|=l_+xz—1baas and ICZZWIbim (5-85)

Taking the output as I, = (I, + I.¢) — (I, + I.s) = (I, — I,) + (I¢ — L) then yields
1-x

1, = 2x{— | lias (5-86)
+x

Equation (5-86) is an approximation to a sine function for — 1 <x<1,



323

5.3 Trigonometric Functions with Translinear Circuits

AP PHdynw QWD pazIIedur] ¢z-S dnsig

adp-

]

m—z BS_ \.:2

A

-0 +

aap +



324 Chapter 5 - Translinear Circuits

IC1+IC5¢
QSM | ')Q

*I c2+1c6

6

(1+X)Ibias (1'X)Ibias

Figure 5-30 Translinear sine function circuit.

Translinear sine generation

1.0
} | —=—] TLsine
05 H———1 sin(x) D i
c
o
©
© 00
=}
L
-0.5 N
qolo— o Lo
-1.0 -0.5 0.0 0.5 1.0

x (radians)

Figure 5-31 Plots of Eq. (5-86) and sin (x).

which corresponds to an angle — w <0 <1 radians, and is plotted in Fig. 5-31
along with the trigonometric sine function. The maximum error in the two
curves is about 3%.

A more accurate synthesis of the sine function can be obtained with the
circuit shown in Fig. 5-32 [7]. In this circuit, the inner transistor bases (Q, and
Q5) are biased at a potential Izz R more positive than the outer transistor bases
(Q, and Q,); here, the voltage drop Iz R controls the angle scaling factor. The
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Ic1+103¢ ¢102+[c4
Tgs Igg
- N
LR rctry
) v
. e =
VEE

Figure 5-32 A more accurate version of a trigonometric sine function circuit.

input signal V, controls the equivalent angle of the sine function, and for one
cycle of the function (—1<x<1)

wV,

- 5-87
YT 3R (5-87)

When V, =0, the circuit is balanced with I, = I 4 and I, = I ;. Taking the output
differentially as

I,=Uo+ 1) — o+ 1) (5-88)

then has I, = 0. When V, is made positive, the circuit symmetry is unbalanced
with I, > 14 and I, > I 5, resulting in a positive output; for V, negative, 14> 1
and /;>1,, giving a negative output. As V, is varied from — 3l R/m to
+ 31 R/, the output traces one cycle of the function.

Denoting the voltages at the base nodes of transistors Q, and Qs as V, and V3,
respectively, and summing the currents at these nodes (neglecting base cur-
rents) yields

Node base Q,:

Node base Qj: RN Igp=— (5-89)
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Solving for the node voltages,
2 1
V2:§VX+IBBR and V3=§VX+IBBR (5'90)

The transistor collector currents are

[ ] V V., V.
1,=1I; exp %(Vx— Vel =1 exp(— qkTE) exp(%f)=lc4 exp(qkT)

ICZZIS €Xp %(VZ_ VE) c4 exp[ ( V +IBBR)}

K
I, =15 exp _ﬁ(vz_ VE) =14 eXp[iT =V +IBBR):|
with
qVe
I4=1 - 5-91
4 = Ig exp( kT ) ( )
Summing the currents at the common-emitter node gives
IS P E ) P (5-92)
Combining Egs. (5-91) and (5-92) and substituting into Eq. (5-88) yields
1, 1 — @@VAT . palosRIKT  2qV./3KT _ ,qVe/3KT:
S € (5-93)
IEE 1+ qux/kT_‘I_ eqlmzR/kT(eZqu/kT+ eq /- )

It is profitable to let a = gl g R /kT; then from Eq. (5-87), ¢V, /3kT = o /x. This
allows Eq. (5-93) to be cast in the following form:

3a/ 2a/ /
10 l _ e( o /) x + eu (e( a/m)x e(u 'rr)x)
- 1+ e(3tx/1r)x T ° (e(Za/-n)x I e(u/‘rr)x)

I (5-94)
In this form, x represents the angle of the function, ranging from —w to +
radians. A plot of Eq. (5-94) presents a very close approximation of a sine
function, with a maximum error of about 0.2% for « set to a value of 3.

A simulation of the circuit in Fig. 5-32 is shown in Fig. 5-33, where
R=1k and Ip;=75pnA were used. A simulation at three temperatures is
shown. The input range is from —200mV to +200mV for the angle ranging
from — 180° to + 180° and is virtually independent of temperature. Only the
amplitude of the sine function is appreciably sensitive to temperature. As
described in Ref. 7, the angular range can be increased by m radians by adding
an additional transistor to the circuit; a six-transistor circuit would have a range
of =+ 360°.
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600uA
=-25 deg C
27 C
75 C
Io 0A-
-600uA T T T T ~T
-300mv -200mvV -100mv o.mv 100mv 200mV 300mv

Vx

Figure 5-33 Simulation of the circuit in Fig. 5-32 at various temperatures.

5.4 Gilbert Gain Cell

An interesting translinear circuit is shown in Fig. 5-34; if x is taken as an input
signal, then it is reused by combining it at the output, taken at the collectors
of Q, and Q,. This configuration is referred to as a Gilbert gain cell and can
be used as a controlled-gain current-mode amplifier [3]. This circuit can be
viewed as a differential cascode amplifier with a current gain larger than unity.
Applying the translinear principle to the base-emitter loop gives

I Io=1514 (5-95)

Ic1+Ic3i ll c2+lca

Q2

(1-X)Ix (¥ V) (1+X)x

Figure 5-34 Gilbert gain cell.
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where, neglecting base currents, I, = (1 —x) I, and I, = (1 + x) L 4. Additionally,
I, + 15 = 2I, (neglecting base currents), which, combined with Eq. (5-95), gives
Io,=(0+x)I, and I;=(1—-x)I, (5-96)
Taking the output differentially at the collectors of Q,, Q; and Q,, Q,, we obtain
l,=Uo+ 1) = U0 —13)=2x( + 1) (5-97)

Likewise, taking the input differentially at the emitters of Q, and Q,,

L=+l —(1—-x)1=2I, (5-98)
The gain of this amplifier is then expressed as
1, I,
Gain=—=1+ I_ (5-99)

where the ratio of the bias currents I, and I, sets the gain. The minimum gain
is unity and the maximum gain is limited to about 10 or so due to errors due
to finite base currents; the base currents of transistors Q, and Qs add to the
output via transistors Q; and Q,, which are out of phase. It is left as an exercise
for the reader to show that if base currents are taken into account, the gain is
given approximately by

(5-100)

In — BF 1+ BF L
I, PBr+1 Brt+1 I,

Several cells can be cascaded together to form an amplifier with larger gain,
as illustrated in Fig. 5-35. The total gain is now

. I, I I,
Gain=1+—"L+-2+...+-2 5-101
am I; I; I; ( )

The gain of each stage is limited to a maximum of about 10 and can be
independently controlled by its bias current, I,. Used as a current-mode ampli-
fier, this circuit achieves a large bandwidth.

Problems

For all problems assume room temperature, kT/q =26 mV.
Note: Where required, use the following device parameters unless otherwise
specified:

NPN: Br=100 I;=2X10""°A V=75V
PNP: B =50 I;=5x10""A V.=75V
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Figure 5-35 Current-mode amplifier using cascaded gain cells.
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Figure 5-36 Diode ring for Problem 5.1.

NMOS: W/L=10 w,Ch=30pA/V? V=1V A=002V""

PMOS: W/L=30 w,CL=10pA/V’? Vy=—-1V  A=002V"'

51

52

53

54

Using the translinear circuit principle, determine the currents I,—1, in the
diode ring in Fig. 5-36.

Using four bipolar transistors and a bias current source, design a trans-

linear circuit that gives
1= |4,
o A|A2 bias

where A , 3 4 are the emitter areas of the transistors. Base currents may be
neglected.

Using three MOS transistors and a bias current source, design a translinear
circuit that gives

__ Wy,
° T (WIL), + (WIL), ™

where (W/L), , ; are the channel width/length dimensions of the transistors.

Treating the MOSFET differential pair in Fig. 5-37 as a translinear loop
containing a voltage source, show that

W 2Ibias 2
L=Iy—I,=K|-|V, | =05 _ 2
a~la (L) K(WIL)
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‘Im Id2¢

+ M4 My

Ibias ({D

Figure 5-37 MOSFET differential pair for Problem 5.4.

+Vce

Ibiasd) ‘I a
Qq j—‘ Q2
Qsj— Q4

+
Vin(. )

Figure 5-38 Class AB output stage for Problem 5.5.

out

- Vece

5.5 The Class AB output stage shown in Fig. 5-38 may be viewed as a
translinear circuit. Neglecting base currents, show that for V., =0, the
quiescent bias current of the output transistors is given by

A2A4
Ip= |72 s
27y a4, "

where A, are the emitter areas of transistors Q,, respectively.

5.6 Simulate, using SPICE, the two-quadrant squarer circuit of Fig. 5-13. Take
Vee =5V, Ly,s = 1 mA, and neglect V, in the transistor model. Connect the Iy,
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I pias dj ll 0

Q3

¥I\_

] #~

Q»

o,}_.
IXCP
T

Q4

Figure 5-39 Circuit for Problem 5.8.

sources for transistors Q, and Qs to V¢ and connect a second 5-V source to
the collector of Qs to measure the output current /,. In the simulation, vary
I, from — 1mA to + 1 mA, and plot the square root of I, versus Iy to show
the squarer relationship. Simulate the circuit first with B set to 10,000 and
then with Br set to 100 to show the effects of base current on the circuit
performance. Comment on it.

5.7 Verify that the output current of the two-quadrant CMOS squarer circuit
in Fig. 5-14 is given by Eq. (5-44).

5.8 In the translinear circuit shown in Fig. 5-39, all transistors are identical.
Determine the output current /,, neglecting base currents.

5.9 In the translinear circuit shown in Fig. 5-40, all transistors are identical,

v
. -
Ix ‘
@
Iy

(2X)

(2X)

Figure 5-40 Circuit for Problem 5.9.
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N
Q4 Q
’ 2
) b A B o
input \ output
I bias

Figure 5-41 Translinear loop circuit for Problem 5.10.

except for emitter areas as noted. Determine the output current /,, neglect-
ing base currents.

5.10 Show that the offset voltage Vp, in the translinear loop circuit shown in
Fig. 5-41 is given approximately by

Base currents may be neglected and you may assume that the output
current /, is much smaller than 2/;,.

5.11 The Gilbert cell shown in Fig. 5-42 may be used as a four-quadrant
Ic1+102l lIC3+IC4

N . v
o | ha, O

Q, Qg

(1-x)——Ib2ias v v (1+x)1-—"2ias

(1+Y) pias
Figure 5-42 Gilbert cell used as a four-quadrant multiplier for Problem 5.11.
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5.13

5.14
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Vbp
M1Ij} ”;JMZ
0
—>
1= | Y To
L The !
Vbias M3

MSEH Mo M Ht'lm

Figure 5-43 CMOS four-quadrant multiplier for Problem 5.12.

multiplier. Assuming identical devices and neglecting base currents, de-
rive an expression for the output current 7, taking it as (I.; + 1) — (I3 + 1)

Figure 5-43 shows another version of a CMOS four-quadrant multiplier.
The NMOS transistors are identical, as are the PMOS transistors. Show
that the output current is given by

/= 211,
* Kn(WIL)y (Vs — 2V)’

Figure 5-44 shows an analog function circuit in which input signal x
varies from —1 to + 1. Determine the output function, taken as
I,=(,+1g)— (I, + I,), expressing it as a function of x; base currents may
be neglected. Plot your result, normalized to Iy, for x varying from — 1
to + 1.

Show that the gain of the Gilbert gain cell shown in Fig. 5.34 is given
by Eq. (5-100).
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¢102+Ic8

Qg

Qg

-

sl
L\ ¥\

Qa4

Q4 Qp

(1+x)  Ipjag 2 I pias (1-x)  Ipias

Figure 5-44 Analog function circuit for Problem 5.13.
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