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A 1.8-V 22-mW 10-bit 30-MS/s Pipelined CMOS
ADC for Low-Power Subsampling Applications
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Abstract—This paper describes a 10-bit 30-MS/s subsampling
pipelined analog-to-digital converter (ADC) that is implemented
in a 0.18 pm CMOS process. The ADC adopts a power efficient
amplifier sharing architecture in which additional switches are in-
troduced to reduce the crosstalk between the two opamp-sharing
successive stages. A new configuration is used in the first stage
of the ADC to avoid using a dedicated sample-and-hold amplifier
(SHA) circuit at the input and to avoid the matching requirement
between the first multiplying digital-to-analog converter (MDAC)
and flash input signal paths. A symmetrical gate-bootstrapping
switch is used as the bottom-sampling switch in the first stage to
enhance the sampling linearity. The measured differential and in-
tegral nonlinearities of the prototype are less than (.57 least signifi-
cant bit (LSB) and 0.8 LSB, respectively, at full sampling rate. The
ADC exhibits higher than 9.1 effective number of bits (ENOB) for
input frequencies up to 30 MHz, which is the twofold Nyquist rate
(fs/2), at 30 MS/s. The ADC consumes 21.6 mW from a 1.8-V power
supply and occupies 0.7 mm?, which also includes the bandgap
and buffer amplifiers. The figure-of-merit (FOM) of this ADC is
0.26 pJ/step.

Index Terms—Analog-to-digital converter, opamp sharing,
sample-and-hold, SHA-less, subsampling.

I. INTRODUCTION

NALOG-TO-DIGITAL converters (ADCs) used for sub-
sampling applications are becoming popular because they
allow a system designer to reduce the number of down-con-
version stages in the receiver signal chain and thereby reduce
system costs. Many of the applications such as battery-powered
portable devices also require low power consumption. For ex-
ample, in the digital video broadcasting over terrestrial (DVB-T)
and handheld (DVB-H) systems, a low-power 10-bit ADC that
runs at tens of mega hertz clock frequency and can deliver the re-
quired performance in a direct IF (intermediate frequency) sam-
pling architecture is required [1]. Thus, optimized implementa-
tions of low-power ADCs play an important role when high-per-
formances are targeted.
In this paper, a 1.8-V 10-bit 30-MS/s CMOS ADC with
high dynamic performance for input signals much above the
Nyquist rate and low power dissipation, is demonstrated. The
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ADC adopts a power efficient amplifier sharing architecture
in which additional switches are introduced to reduce the
crosstalk between the two opamp-sharing successive stages.
A new configuration is used in the first stage of the ADC
to avoid using a dedicated sample-and-hold amplifier (SHA)
at the input and to avoid the matching requirement between
the first multiplying digital-to-analog converter (MDAC) and
flash input signal paths. In order to enhance the sampling
linearity, a symmetrical gate-bootstrapping switch is used as
the bottom-sampling switch in the first stage. The ADC also
includes the on-chip current—voltage (I-V) references.

This paper is organized as follows. Section II presents the ar-
chitectural considerations for the ADC. Section III describes the
design of the ADC. Section IV shows the experimental results.
This paper concludes with Section V.

II. ADC ARCHITECTURE

The design target is a low-power high-performance CMOS
ADC with a resolution of 10 bits and a conversion speed of
30 MS/s. Among various ADC architectures, pipelined ADCs
have proven to be very efficient architectures for meeting the low
power dissipation, medium resolution and high input bandwidth
requirements [1]-[8], [10]-[16], [18], [25]-[29].

There are many schemes used in the pipeline architecture
to reduce the power consumption. However, the performance
of the pseudo-differential architecture [2] is more sensitive to
the common mode voltage and substrate or power supply noise
compared with that of the fully differential one. Also, the per-
formance of the time-interleaving architecture [3], [4] is sensi-
tive to offset and gain mismatches as well as aperture errors be-
tween the interleaved channels. Complex calibration schemes
[5] and/or circuit techniques [6] are usually needed to correct
the mismatches. The opamp sharing architecture [7], [8] shares
an opamp between two consecutive stages, so it only needs half
the number of opamps and thereby significantly reduces power
consumption.

In pipelined architectures, the number of bits converted per
stage significantly affects the converter’s overall performance.
For fewer bits per stage, the subflash ADC requirements are
more relaxed, and the speed of the stage is faster due to the
larger feedback factor. However, more pipeline stages are re-
quired, and the noise and gain errors of the later stages con-
tribute more to the overall converter inaccuracy. This means that
as the number of bits per stage gets too small, the total power
consumption may increase. Conversely, for more bits per stage,
fewer pipeline stages are required, and the noise and gain errors
of the later stages contribute less to the overall converter inaccu-
racy. Also, multiple bits in the first stage can reduce the ADC’s

0018-9200/$25.00 © 2008 IEEE



322

IEEE JOURNAL OF SOLID-STATE CIRCUITS, VOL. 43, NO. 2, FEBRUARY 2008

- _v_i\ _E _E J:
2-B MDAC 2-B MDAC 2-B MDAC 2-B MDAC FL":%H
Vinn 182 334 586 788 he
2b} | 2b 2b} l2b 2b ) l2b 2b} 2b
vy Yy VY Y Y Yy \/ \
2-B 7B 2-B 28 2-B 2B 2-B 2-B
FLASH FLASH | |FLASH FLASH| [FLASH FLASH | |FLASH FLASH
ADC ADC ADC ADC ADC ADC ADC ADC
A2b iZb iZb A2b iZb iZb izn 2b¢ 2]
Y \/ \
CLOCK DIGITAL CORRECTION LOGIC C%'é'gg,'ﬁ,
VOLTAGE
GENERATOR 10b % REFERENCE

Fig. 1. Block diagram of the proposed ADC.

dependency on the capacitor matching [9]-[11]. However, more
bits per stage also means that the subflash ADC needs to be more
accurate and a higher number of comparators, and the opamp in
the stage needs a larger gain bandwidth. Hence, as the number
of bits per stage gets too large, the total power consumption also
increases.

A detailed analysis about this topic has been done in [12].
It is shown that for high-speed conversions, a 2-3 bits per
stage architecture is optimum when the design constraint is the
signal-to-noise ratio (SNR). However, the problem is complex
in practice and may not be easily modeled. So the actual choice
depends on the overall ADC specifications, the particular
process technology, and the layout. In this work, a resolution
of 1.5 bits/stage [13], [14] is chosen because this architecture
can maximize the bandwidth of the MDAC circuit and has the
benefits of simplicity [14].

Consequently, the block diagram of the proposed 10b ADC
is illustrated in Fig. 1. The ADC does not use a dedicated SHA
at its input and is based on a 1.5 bits/stage [13], [14] pipeline
with amplifier sharing architecture [7]. It consists of eight 2-bit
multiplying digital-to-analog converters (2-B MDAC) with
sharing amplifier between two consecutive ones, nine 2-bit
subflash ADCs (2-B FLASH ADC), digital correction logic,
clock generators and on-chip I-V references. The operation of
the MDAC and the flash in the first stage is different from that
of the other stages, which will be explained in Section III.

III. CirculT DESIGN OF THE ADC

In this section, architectural as well as circuit design tech-
niques are described to further reduce the power consumption
and improve the performance of the ADC for inputs with fre-
quencies much above the Nyquist rate.

A. First Stage With Sample-and-Hold Function

1) Motivation: A front-end SHA is widely used in high-
speed ADCs because it minimizes the aperture error caused by

the sampled signal mismatch between the MDAC and the com-
parators in the subflash ADC in the first stage. However, the
SHA usually has very large power dissipation and contributes
substantially to the distortion and noise of the whole ADC. Re-
moving the SHA at the front end can save power dissipation
and area. However, the aperture error may become unaccept-
ably large without the SHA. Carefully matching the time con-
stant between the two signal paths can reduce the aperture error
[15], [16]. However, there are two potential problems with the
matching technique.

1) The matching technique requires very careful layout and

routing. This is because the aperture error is mainly caused
by the sampling clock skew and the signal-path bandwidth
mismatch between the MDAC and the comparators in the
subflash ADC. So the clock buffers and routing as well as
the sampling switches for the two signal paths should be
well matched to minimize the sampling clock skew. Also,
the input signal propagation for the two signal paths should
be well matched.
More importantly, the technique may not be available for
high-speed and high-resolution applications in modern
deep-submicron CMOS fabrication process due to the
limited attainable level of matching, especially when
parasitics and variations in temperature, supply voltage
and process are considered.

2) The matching technique requires the flash to have a similar
sampling network as the MDAC in the first stage. This
limits the topology selection for the comparator used in
the flash. For example, a high-speed dynamic comparator
in [17] is not suitable to be used in the flash when the
matching is required. However it is used in the proposed
SHA-Iess architecture which will be explained next.

2) The Proposed Configuration: In order to avoid the
matching requirement and thus eliminate the above potential
problems in the traditional SHA-less ADC, a new configuration
of the first stage (shown in Fig. 2) is developed [18]. The
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Fig. 2. Proposed first stage of the ADC.
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development of the configuration is based on the observation
that there actually exists a sample-and-hold operation in the
traditional pipeline stages.

The operation of the stage can be described as follows. The
input voltage Vi, is sampled on capacitors Cs and Cf at the end
of the phase ®1. During phase ®2, the capacitor Cf is placed
around the amplifier A1. Since the amplifier’s high gain requires
that node X still be a virtual ground and because the charge
on the capacitor Cf must be conserved, the output voltage Vot
will reach to a value approximately equal to that of the input
voltage Vi,. The comparator clock ®2p is enabled after the am-
plifier goes into the settling operation. So the output voltage
Vout, Which is approximately equal to the input voltage Vi, is
quantized through the subflash ADC. The comparison error due
to insufficient settling can be reduced to the required range by
enlarging the At, which is the delay time between the rising
edges of ®2 and ®2p and can be recovered by the digital error
correction. Depending on the resolved bits D, of the subflash
ADC, the left plate of Cs is switched to +Vg, —Vg or ground
to perform the digital-to-analog conversion, subtraction and am-
plification for the residue signal.

So the operation of the proposed first stage is the same as
that of the traditional pipeline stage except for holding the
input signal during At. Although Fig. 2 shows the single-ended
1.5-bits/stage architecture, the proposed first stage could be
used in any bits per stage architecture, and the actual imple-
mentation is fully differential.

3) The Required Additional Time: From the operation of the
proposed first stage, it can be inferred that the opamp used in the
proposed first stage needs to be faster due to the delayed flash
decisions (At in Fig. 2). This means that more power should be
consumed by the first stage. However, the following calculation

will show that the amount of the saved power due to removing
the SHA is much larger than the additional power consumed by
the first stage opamp.

For simplicity, assume that A1 is a single-pole opamp and the
total settling time of the circuit is equal to the linear settling (i.e.,
exponential settling) time. The effect of the nonlinear settling
(i.e., the slewing) time will be considered later. Consider the
operation of the circuit in Fig. 2. Between phase ®2 and ®2p
(during At), the feedback factor of the circuit is approximately
1, so the closed-loop bandwidth BW; is

Gm

BWI:C—L

ey
where G'm is the transconductance of the opamp, and CY, is the
output load capacitance. Assume that Vg is the full-scale signal
range. The largest error €1 caused by the incomplete linear set-
tling of the opamp during At is given by

1 = Vpge BWiAt, 2)

For correct operation, the incomplete settling error must not
exceed the digital error correction range (assume 1 bit for re-
dundancy, which is a typical case). That is

Vrs
e1 < 9BI+1 (3)

where B1 is the number of the resolved bits in the first stage
(For 1.5-bits/stage architecture, B1 is 2). From (1), (2), and (3)

BILDCL o

m

At > “
After ®2p is enabled, the feedback factor is approximately
1/2B1=1 50 the closed-loop bandwidth BW is

1 Gm

)
In order to fulfill the resolution requirement, the largest in-

complete settling error 5 within the required time ¢ must not

exceed LSB/2 referred to the remaining resolution [9]. For an

N bit ADC, that is

—BWot, S

1
€9 = VFSB §m (6)

Substituting (5) into (6) gives

L s (N — B1+2)281-1Cp

> o In2. (7

The above calculation for ¢4 neglects the comparator’s com-
parison time, because the time is usually very small compared
with the period of the sampling clock. However the comparison
time should be added into (7) when the time is comparable to
the period of the clock.

At in (4) is the additional required time. ¢4 in (7) is the re-
quired time (necessary time for the traditional pipeline stage) for
the circuit to generate the residue signal. Dividing the minimum
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required At in (4) by the minimum required ¢, in (7) gives the
normalized additional time ¢,,:

Atmin (B1+1)

- (N — B1 +2)2B1-1"

t, = (®)

As shown in (8), %,, is decreased with increased ADC resolu-
tion V. This is because the required At in (4) is only dependent
on the resolution of the first stage B1, and the required settling
time ¢, is proportional to V. Equation (8) also indicates that #,,
is decreased with increased B1. This is because the required At
in (4) is proportional to B1, whereas the required ¢ in (7) is pro-
portional to 221~1_ So for higher ADC resolution and/or higher
resolution of the first stage, the normalized additional time ¢,, is
smaller. In this work, where N is 10, and B1 is 2, the £,, is 0.15
(15%).

In the above analysis, the settling time is assumed to be equal
to the linear settling time. In practice the settling time of the cir-
cuit is firstly determined by the nonlinear slew time and finally
by the linear settling time. So the slew time should be added
to the required linear settling time in the above analysis. But in
this design, the slew time is small compared with the linear set-
tling time. And it is pointed out in [19] that because the slew rate
scales with the bandwidth, typically for high-bandwidth opamps
the slew time is small compared with the linear settling time.

The front-end SHA consumes a significant amount of power,
and contributes substantially to the distortion and noise of the
whole ADC. So, generally, for pipelined ADCs more than half
of the original ADC power can be saved by not using the SHA
[20]. And according to the reported data from previous publi-
cations such as [2] and [29], the first-stage opamp (the opamp
used in the MDAC of the first pipeline stage) generally con-
sumes less than half of the total pipeline stages power (i.e.,
stages 1 and beyond). So the assumption can be made that if
there is no power consumption due to the delayed At in the pro-
posed SHA-less ADC, the first-stage opamp consumes half of
the SHA-less ADC power, and the SHA-less ADC consumes
half of the power consumed by the one with a SHA. Then when
the additional power consumed by the first-stage opamp due to
the delayed At is equal to the saved power by removing the
SHA, the power consumed by the first-stage opamp is three
times that of the original one. This means that the first-stage
opamp in the proposed architecture could be approximately the
square root of three times faster for the same size transistor (i.e.,
At could be approximately equal to 73% of ¢ ). So, based on the
above estimations, the proposed architecture is advantageous (in
terms of power) as compared to the traditional front-end SHA
approach as long as At is less than 42% of the totally allowed
settling time (the sum of At and ;).

The traditional SHA-less architecture [15], [16], which
employs the matching technique, also needs the opamp and
comparator in the first stage to be faster than that in the tradi-
tional front-end SHA approach due to the absence of a held
signal. This means more power consumed in the first stage.
The comparison between the additional power consumption
in the proposed first stage and that in the traditional SHA-less
first stage depends on the architectures and designs of the
opamp and comparator. Even if the power consumption of the
amplifier in the proposed first stage is beyond what is needed
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with a traditional SHA-less structure, the excess power is not
significant since the additional power in the proposed archi-
tecture is already relatively small as indicated by (8) for most
applications. But the proposed architecture has the advantage of
eliminating the matching requirement along with the potential
problems.

Another point worth mentioning is that the feedback factor of
the circuit is approximately 1 during At and becomes approx-
imately 1/ 2B1-1 after ®2p is enabled. This, however, is not a
problem in practice if the circuit is unity-gain stable. Actually,
little ringing at the output due to the reduced phase margin be-
cause of the increased feedback factor during At¢ can provide
a fast settling as long as the overshoot of the ringing is within
the digital error correction range of the stage. There is no other
particular consideration of the opamp for being used for the sub-
flash (during At) and the MDAC (after ®2p is enabled), since
there is no other difference between the two situations. Because
the opamp used in the proposed first stage needs to be faster
than the one in the traditional first stage, the proposed structure
may not be suitable for the ADCs that are expected to run at the
maximum achievable sampling rate for a given resolution and
technology. That can be considered as a drawback of the struc-
ture.

4) Another Possible Configuration: In fact during At, the
loading capacitors, which are the sampling capacitors of the
next stage, are not necessarily connected to the output of the
amplifier. This is because during this time the output of the
amplifier is taken for quantization by the subflash ADC of the
first stage instead of being sampled by the next stage. So the
value of the opamp output loading capacitor during At could
be much smaller than the one after ®2p is enabled. This means
that much more power could be saved. However, this configu-
ration is not used in this work because the amplifiers used in
the ADC employ a one-stage gain-boosting telescopic architec-
ture [21], whose dominant pole is located at the output, which is
sensitive to the value of the output loading capacitor. However,
the configuration could be employed to save more power when
other amplifier topologies, whose output pole is a non-dominant
pole, are used. For example, if a two-stage miller-compensated
opamp is employed, one can use a small compensation capacitor
according to the small loading capacitor during A¢ and switch
to a large compensation capacitor according to the large loading
capacitor after ®2p is enabled. Then the opamp could have a
faster settling behavior during At since the biasing current is
constant, and not only the loading capacitor but also the com-
pensation capacitor is small during the time. This means that
At could be smaller than the value predicted above, and thus
the additional power consumption due to At can be reduced.
This possible configuration may be useful when At predicted
in Section ITI-A3 is relatively large.

B. The Symmetrical Gate-Bootstrapping Switch

The performance of the ADC with a relatively high frequency
input signal is largely dependent on the performance of its front-
end. In order to deal with high-frequency inputs, gate-bootstrap-
ping switches shown in Fig. 3 [22] are used as the input-sam-
pling switches (the switches controlled by ®1p in Fig. 2) to re-
duce signal distortion by keeping the gate-source voltage of the



Ll et al.: 1.8-V 22-mW 10-bit 30-MS/s PIPELINED CMOS ADC FOR LOW-POWER SUBSAMPLING APPLICATIONS 325

* VDD

I

l xclk
n

L
I

VDD

xclk IN

v 1

VSS

Fig. 3. Conventional gate-bootstrapping circuits used for input-sampling
switches.

sampling switches constant. The switch controlled by ®1 shown
in Fig. 2 is called a bottom-sampling switch. It is used for the
purpose of providing a virtual ground during the sampling oper-
ation. But the virtual ground is not so perfect in practice because
of the on-resistance of the bottom-sampling switch. As a result,
the released charge is not totally signal-independent when the
switch is turned off. So it is also preferred to use a gate-boot-
strapping switch as the bottom-sampling switch to reduce the
on-resistance as well as make the escaped charge less signal-de-
pendent [23].

The implementation of the circuit shown in Fig. 2 is fully
differential. And the two sets of the input sampling capacitors,
which are used to sample the differential input signal, are con-
nected by the bottom-sampling switch when they are sampling
the input signal. So the traditional gate-bootstrapping switch
such as the one in Fig. 3 is not suitable to be used as the bottom-
sampling switch, because the switch is not symmetrical around
the main switch MS. When the switch is turned off, the charge
escaped from the circuit can not be equally distributed to IN and
OUT in Fig. 3, and thus can distort the sampled signal charges.
A symmetrical gate-bootstrapping switch [24] with modified
timing is used as the bottom-sampling switch to mitigate the
problem. The symmetrical gate-bootstrapping switch (shown in
Fig. 4 [25]) has a symmetrical architecture. Thus, the charge es-
caped from the circuit can be evenly distributed to IN and OUT
in Fig. 4. The amount of the released charge could be reduced if
the transistors MR and MRC are turned off slightly before the
switch transistor MS, which is realized by connecting the gates
of MR and MRC to CLK.

Table I shows the simulated total harmonic distortions (THD)
(first five harmonics are calculated) of a sample-and-hold cir-
cuit, whose bottom-sampling switch is realized by symmetrical
gate-bootstrapping switch, nMOS switch, and traditional boot-
strapping switch, respectively. The input signal frequency fin is
59 MHz and the sampling frequency fs of the sample-and-hold
circuit is 30 MHz in the simulation. As shown in the table, the
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Fig. 4. Symmetrical bootstrapped switch with modified timing used for

bottom-sampling switch.

TABLE I
THD SIMULATION RESULTS OF A SAMPLE-AND-HOLD CIRCUIT

Type of the Symmetrical NMOS switch Traditional
bottom-sampling bootstrap bootstrap
switch switch switch
THD (dBc) 84 79 69

symmetrical gate-bootstrapping switch provides 5 and 15 dB
improvement of linearity as compared to the nMOS switch and
the traditional bootstrapping switch, respectively.

C. Opamp Sharing

Fig. 5 shows the opamp-sharing architecture [7], opamp
Al is shared between the two successive stages (e.g., S-A
and S-B), thereby significantly reducing power consumption.
However, there is a potential crosstalk path between the two
opamp-sharing successive stages due to the parasitic capacitors
(e.g., Cpl and Cp2) introduced by the switches which are used
to implement amplifier sharing [12]. In Fig. 5, the switch is
on when its corresponding control signal (i.e., 1, ®1p, P2,
or ®2p) is high. The switch is off when its corresponding
control signal is low. At first, ignore the switches in the dashed
boxes. When ®1p is high (when the S-B stage is generating
the residue signal), any signals (may be the settling signal from
the previous stage or kickback noise generated by the subflash
ADC etc.) appearing at node Vi of S-A will influence the signal
fidelity in S-B through the crosstalk path (through C1, C2, and
Cpl to the input of Al). Similarly, when ®2p is high (when
the S-A stage is generating the residue signal), any signals
appearing at node Vo will influence the signal fidelity in S-A
through the crosstalk path (through C3, C4, and Cp2 to the
input of Al).

To mitigate the problem, additional switches (shown in the
dashed boxes of Fig. 5) are introduced [18]. When ®1p is
high, the right side of the parasitic capacitor Cpl is tied to
ground by the corresponding added switches to isolate the two
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Fig. 5. Opamp-sharing architecture with the proposed additional switches.

opamp-sharing successive stages. Similarly, when ®2p is high,
the right side of the parasitic capacitor Cp2 is tied to ground
by the corresponding added switches. The added switches are
controlled by ®2p and ®1p, which are already employed in the
circuit even before adding the additional switches, so no addi-
tional clock phases are needed. The added switches introduce
series resistances, which can be reduced by using large switches
at the expense of a potential increase in offsets due to charge
feedthrough [7]. In the simulated ADC performance, there
is about 1-2 dB signal-to-noise-and-distortion ratio (SNDR)
improvement based on the introduced switches.

IV. IMPLEMENTATION AND MEASURED RESULTS

Gain-boosting telescopic opamps [21] are used in all opamp-
sharing blocks to get a high open-loop gain and excellent band-
width with low power consumption. By careful biasing [25],
the gain-boosting telescopic opamp achieves 1.2-Vpp differen-
tial signal swing from 1.8-V power supply considering process,
temperature and power supply variations. The comparators in
all subflash ADCs (including the first stage) employ a high-
speed mismatch-insensitive dynamic latch-type schematic [17]
without any preamplifier.

The value of the sample and hold capacitor is scaled down in
several of the pipeline stages to reduce power dissipation. The
value of the sampling capacitance in the first stage is 1.2 pF,
which is selected according to matching constraints based on
technology data. For the next five stages in the pipelined ADC,
the capacitanceis 0.7, 0.5, 0.35, 0.25, and 0.175 pF, respectively.
The rest of the stages in the pipeline use a sampling and holding
capacitance of 0.175 pF.
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Fig. 6. Die photograph.

The prototype ADC was fabricated in a 0.18-pm single-poly
six-metal CMOS process with MiM capacitor. The die photo-
graph is shown in Fig. 6, from which the detailed circuits can
not be seen clearly due to the added dummy metals by the fabri-
cation factory to pass the DRC (design rule check). So the layout
of the ADC is provided in Fig. 7 to show more detail. The total
active area is about 0.7 mm?. The measured power consumption
is 21.6 mW at 1.8-V power supply and 30 MS/s. The measured
differential and integral nonlinearities (DNL and INL) with a
300-kHz 0-dB full-scale sine wave input are illustrated in Fig. 8.
The DNL is within +0.57 LSB, the INL is within 0.8 LSB at
30 MSi/s.

The measured output fast Fourier transform (FFT) spectrum
with a 29.5-MHz sinusoidal input at 1.8-V power supply and
30 MS/s is plotted in Fig. 9. The measured SNR is 57.57 dB,
the spurious free dynamic range (SFDR) is 65.96 dB, the THD
is 65.41 dB, the SNDR is 56.91 dB, and the effective number
of bits (ENOB) is 9.16. The measured dynamic performance
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Fig. 7. Layout of the ADC.
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versus input frequency at 1.8-V power supply and 30 MS/s is
shown in Figs. 10 and 11. It exhibits higher than 9.1 ENOB for
input frequencies up to twice the Nyquist rate (30 MHz) and
8.75 ENOB for a 70-MHz input. The measured ENOB versus
the power supply voltage VDD with a 10.7-MHz sinusoidal
input at 30 MS/s is shown in Fig. 12. The large power supply
voltage range, over which the ADC works well, is due to the

ENOB
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dB
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stable biasing circuit and the overdesign. The measured perfor-

mance

of the prototype ADC is summarized in Table II.
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TABLE III
FOM COMPARISONS
Process Sampling Rate Resolution Area Power FOM
(MS/s) (bit) (mm?) Consumption (pl/step)
(mW)
Mehr [15] 0.35-um CMOS 40 10 2.6 55 0.38
Wang [27] 90-nm CMOS 12 10 0.3 3.3 0.8
Gupta [28] 0.13-um CMOS 1000 11 3.5 250 0.5
Honda [29] 90-nm CMOS 100 10 4.0 33 0.34
This work 0.18-um CMOS 30 10 0.7 21.6 0.26
TABLE II

SUMMARY OF EXPERIMENTAL RESULTS

0.26 pJ/step, which makes the ADC among the most efficient
ADCs.

Resolution 10 bit
Conversion rate 30 MHz
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